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Preface

ot many technical books continue to be in high demand well

beyond the natural life of their author. It speaks well to the

excellent work done by Abraham Pressman that his book on
switching power supply design, first published in 1977, still enjoys
brisk sales some eight years after his demise at the age of 86. He leaves
us a valuable legacy, well proven by the test of time.

Abraham had been active in the electronics industry for nearly six
decades. For 15 years, up to the age of 83, Abraham had presented
a training course on switching design. I was privileged to know
Abraham and collaborate with him on various projects in his later
years. Abe would tell his students that my book was the second best
book on switching power supplies (not true, but rare and valuable
praise indeed from the old master).

When I started designing switching power supplies in the 1960s,
very little information on the subject was available. It was a new tech-
nology, and the few companies and engineers specializing in this area
were not about to tell the rest of world what they were doing. When
I found Abraham’s book, a veil of secrecy was drawn away, shed-
ding light on this new technology. With the insight provided by Abe,
I moved forward with great strides.

When, in 2000, Abe found he was no longer able to continue with
his training course, I was proud that he asked me to take over his
course notes with a view to continuing his presentation. I found the
volume of information to be daunting, however, and too much for
me to present in four days, although he had done so for many years.
Furthermore, I felt that the notes and overhead slides had deteriorated
too much to be easily readable.

I simplified the presentation and converted it to PowerPoint on my
laptop, and I first presented the modified, three-day course in Boston
in November 2001. There were only two students (most companies
had cut back their training budget), but this poor turnout was more
than compensated for by the attendance of Abraham and his wife
Anne. Abe was very frail by then, and I was so pleased that he lived
to see his legacy living on, albeit in a very different form. I think he was
a bit bemused by the dynamic multimedia presentation, as I leisurely
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controlled it from my laptop. I never found out what he really thought
about it, but Anne waved a finger and said, “Abe would stand at the
blackboard with a pointer to do that!”

When McGraw-Hill asked me to co-author the third edition of Abe’s
book, I was pleased to agree, as I believe he would have wanted me to
do that. In the eight years since the publication of the second edition,
there have been many advances in the technology and vast improve-
ments in the performance of essential components. This has altered
many of the limitations that Abe mentions, so this was a good time to
make adjustments and add some new work.

As I reviewed the second edition, a comment made by an English
gardener standing outside his cottage in a country village unchanged
for hundreds of years, came to mind. In response to a new arrival,
a young yuppie who wanted to modernize things, he said, “Look
around youlad, there’s not much wrong wi’it, is there?” This comment
could well be applied to Abe’s previous edition.

For this reason, I decided not to change Abe’s well-proven trea-
tise, except where technology has overtaken his previous work. His
pragmatic approach, dealing with each topology as an independent
entity, may not be in the modern idiom as taught by today’s experts,
but for the ab initio engineer trying to understand the bewildering
array of possible topologies, as well as for the more experienced
engineer, it is a well-proven and effective method. The state-space
averaging models, canonical models, the bilateral inversion tech-
niques, or duality principles so valuable to modern experts in this
field were not for Abraham. His book provides a solid underpinning
of the fundamentals, explaining not only how but also why we do
things. There is time enough later to learn the more modern concepts
from some of the excellent specialist books now available (see the
bibliography).

Abe’s original manuscript was handwritten and painstakingly
typed out by his wife Anne over several years. For this third edi-
tion, McGraw-Hill converted the manuscript to digital files for ease
of editing. This made it easier for Taylor Morey and me to make mi-
nor and mainly cosmetic changes to the text and many corrections to
equations, calculations, and diagrams, some corrupted by the conver-
sion process. We also made adjustments where we felt such changes
would help the flow, making it easier for the reader to follow the pre-
sentation. These changes are transparent to the reader, and they do
not change Abraham’s original intentions.

Where new technology and recent improvements in components
have changed some of the limitations mentioned in the second edition,
you will find my adjusting notes under the heading After Pressman.
Where I felt additional explanations were justified, I have inserted a
Tip or Note.
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I have also added new sections to Chapter 7 and Chapter 9, where
I felt that recent improvements in design methods would be helpful
to the reader and also where improvements in IGBT technology made
these devices a useful addition to the more limited range of devices
previously favored by Abraham. In this way, the original structure
of the second edition remains unchanged, and because the index and
cross references still apply, the reader will find favorite sections in the
same places. Unfortunately, the page numbers did change, as there
was no way to avoid this.

Evenif you already have a copy of the second edition of Pressman’s
book, I am sure that with the improvements and additional sections,
you will find the third edition a worthwhile addition to your reference
library. You will also find my book, Switchmode Power Supply Handbook,
Second Edition (McGraw-Hill, 1999), a good companion, providing
additional information with a somewhat different approach to the
subject.
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1.1

CHAPTER 1
Basic Topologies

Introduction to Linear Regulators
and Switching Regulators of the
Buck Boost and Inverting Types

In this book, we describe many well-known topologies (elemental
building blocks) that are commonly used to implement linear and
switching power supply designs. Each topology has both common
and unique properties, and the experienced designer will choose the
topology best suited for the intended application. However, for those
engineersjuststarting in this area, the choice may appear rather daunt-
ing. It is worth spending some time to develop a basic understanding
of the properties, because the correct initial choice will avoid wasting
time on a topology that may not be the best for the application.

We will see that some topologies are best used for AC/DC offline
converters at lower output powers (say, < 200 W), whereas others will
be better at higher output powers. Again some will be a better choice
for higher AC input voltages (say, > 220 VAC), whereas others will
be better at lower AC input voltages. In a similar way, some will have
advantages for higher DC output voltages (say, > 200 V), yet others are
preferred at lower DC voltages. For applications where several output
voltages are required, some topologies will have a lower parts count or
may offer a trade-off in parts counts versus reliability, while input or
output ripple and noise requirements will also be an important factor.
Further, some topologies have inherent limitations that require addi-
tional or more complex circuitry, whereas the performance of others
can become difficult to analyze in some situations.

So we should now see how helpful it can be in our initial design
choice to have at least a working knowledge of the merits and lim-
itations of all the basic topologies. A poor initial choice can result
in performance limitation and perhaps in extended design time and
cost. Hence it is well worth the time and effort to get to know the basic
performance parameters of the various topologies.
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1.2

Switching Power Supply Design

In this first chapter, we describe some of the earliest and most funda-
mental building blocks that form the basis of all linear and switching
power systems. These include the following regulators:

e Linear regulator
e Buck regulator
e Boost regulator

o Inverting regulator (also known as flyback or buck-boost)

We describe the basic operation of each type, show and explain the
various waveforms, and describe the merits and limitations of each
topology. The peak transistor currents and voltage stresses are shown
for various output power and input voltage conditions. We look at
the dependence of input current on output power and input voltage.
We examine efficiency, DC and AC switching losses, and some typical
applications.

Linear Regulator—the Dissipative
Regulator

1.2.1 Basic Operation

To demonstrate the main advantage of the more complex switching
regulators, the discussion starts with an examination of the basic prop-
erties of what preceded them—the linear or series-pass regulator.

Figure 1.1a shows the basic topology of the linear regulator. It con-
sists of a transistor Q1 (operating in the linear, or non-switching mode)
to form an electrically variable resistance between the DC source (Vy.)
developed by the 60-Hz isolation transformer, rectifiers, and storage
capacitor Cy, and the output terminal at V, that is connected to the
external load (not shown).

In Figure 1.1a, an error amplifier senses the DC output voltage
V, via a sampling resistor network R1, R2 and compares it with a
reference voltage V. The error amplifier output drives the base of
the series-pass power transistor Q1 via a drive circuit. The phasing is
such that if the DC output voltage V, tends to increase (say, as a result
of either an increase in input voltage or a decrease in output load
current), the drive to the base of the series-pass transistor is reduced.
This increases the resistance of the series-pass element Q1 and hence
controls the output voltage so that the sampled output continues to
track the reference voltage. This negative-feedback loop works in the
reverse direction for any decreases in output voltage, such that the
error amplifier increases the drive to Q1 decreasing the collector-to-
emitter resistance, thus maintaining the value of V, constant.
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FIGURE 1.1 (a) The linear regulator. The waveform shows the ripple
normally present on the unregulated DC input (V). Transistor Q1, between
the DC source at C¢ and the output load at V,, acts as an electrically variable
resistance. The negative-feedback loop via the error amplifier alters the
effective resistance of Q1 and will keep V, constant, providing the input
voltage sufficiently exceeds the output voltage. (b) Figure 1.1b shows the
minimum input-output voltage differential (or headroom) required in a linear
regulator. With a typical NPN series-pass transistor, a minimum input-output
voltage differential (headroom) of at least 2.5 V is required between V, and
the bottom of the C input ripple waveform at minimum V,. input.

In general, any change in input voltage—due to, for example, AC
input line voltage change, ripple, steady-state changes in the input or
output, and any dynamic changes resulting from rapid load changes
over its designed tolerance band—is absorbed across the series-pass
element. This maintains the output voltage constant to an extent de-
termined by the gain in the open-loop feedback amplifier.

Switching regulators have transformers and fast switching actions
that can cause considerable RFI noise. However, in the linear regulator
the feedback loop is entirely DC-coupled. There are no switching ac-
tions within the loop. As a result, all DC voltage levels are predictable
and calculable. This lower RFI noise can be a major advantage in some
applications, and for this reason, linear regulators still have a place in
modern power supply applications even though the efficiency is quite
low. Also since the power losses are mainly due to the DC current and
the voltage across Q1, the loss and the overall efficiency are easily
calculated.
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1.2.2 Some Limitations of the Linear Regulator

This simple, DC-coupled series-pass linear regulator was the basis
for a multi-billion-dollar power supply industry until the early 1960s.
However, in simple terms, it has the following limitations:

e The linear regulator is constrained to produce only a lower reg-
ulated voltage from a higher non-regulated input.

e The output always has one terminal that is common with the
input. This can be a problem, complicating the design when
DC isolation is required between input and output or between
multiple outputs.

e The raw DC input voltage (V4. in Figure 1.1a) is usually de-
rived from the rectified secondary of a 60-Hz transformer whose
weight and volume was often a serious system constraint.

e Asshown next, the regulation efficiency is very low, resulting in
a considerable power loss needing large heat sinks in relatively
large and heavy power units.

1.2.3 Power Dissipation in the Series-Pass Transistor

A major limitation of a linear regulator is the inevitable and large dis-
sipation in the series-pass element. It is clear that all the load current
must pass through the pass transistor Q1, and its dissipation will be
(Vae — V5)(I,). The minimum differential (Vg. — V;), the headroom,
is typically 2.5 V for NPN pass transistors. Assume for now that the
filter capacitor is large enough to yield insignificant ripple. Typically
the raw DC input comes from the rectified secondary of a 60-Hz trans-
former. In this case the secondary turns can always be chosen so that
the rectified secondary voltage is near V, + 2.5 V when the input AC
is at its low tolerance limit. At this point the dissipation in Q1 will be
quite low.

However, when the input AC voltage is at its high tolerance limit,
the voltage across Q1 will be much greater, and its dissipation will
be larger, reducing the power supply efficiency. Due to the minimum
2.5-volt headroom requirement, this effect is much more pronounced
at lower output voltages.

This effect is dramatically demonstrated in the following examples.
We will assume an AC input voltage range of £15%. Consider three
examples as follows:

e Outputof5Vat10A
e Outputof 15V at10 A
e Outputof30Vatl0A
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Assume for now thata large secondary filter capacitor is used such that
ripple voltage to the regulator is negligible. The rectified secondary
voltage range (Vy.) will be identical to the AC input voltage range of
+15%. The transformer secondary voltages will be chosen to yield
(Vo + 2.5 V) when the AC input is at its low tolerance limit of
—15%. Hence, the maximum DC input is 35% higher when the AC
input is at its maximum tolerance limit of +15%. This yields the
following:

Vdc(min)’ Vdc(max)’ Headroom, Pin(max)’ POUt(rnax)’ Dissipation Efﬁciency, %
Vo I, ALV \Y% max, V w W Qe Py/ Pin(max)
5.0, 10 7.5 10.1 5.1 101 50 51 50
15.0/ 10 17.5 23.7 8.7 237 150 87 63
B0.0| 10 325 44.0 14 440 300 140 68

It is clear from this example that at lower DC output voltages the
efficiency will be very low. In fact, as shown next, when realistic input
line ripple voltages are included, the efficiency for a 5-volt output with
a line voltage range of £15% will be only 32 to 35%.

1.2.4 Linear Regulator Efficiency vs. Output Voltage

We will consider in general the range of efficiency expected for arange
of output voltages from 5 V to 100 V with line inputs ranging from
+5 to £15% when a realistic ripple value is included.

Assume the minimum headroom is to be 2.5 V, and this must be
guaranteed at the bottom of the input ripple waveform at the lower
limit of the input AC voltages range, as shown in Figure 1.1b. Regula-
tor efficiency can be calculated as follows for various assumed input
AC tolerances and output voltages.

Let the input voltage range be +T % about its nominal. The trans-
former secondary turns will be selected so that the voltage at the
bottom of the ripple waveform will be 2.5 V above the desired output
voltage when the AC input is at its lower limit.

Let the peak-to-peak ripple voltage be V; volts. When the input AC
is at its low tolerance limit, the average or DC voltage at the input to
the pass transistor will be

Vie = (V, + 2.5+ V,/2) volts

When the AC input is at its high tolerance limit, the DC voltage at the
input to the series-pass element is

1+0.01T

L (W, +254+ V. /2
1—0.01T( 0 +25+V:/2)

Vdc(max) =

1



8

Switching Power Supply Design

90

+5%
/—f
80 T £10%
/ Lesamneree==
70 7 t15%
[T
60
s

o\;50 i
1§40 7///
F ol

20

10

o

0 10 20 30 40 50 60 70 80 90 100
QOutput voltage, V

FIGURE 1.2 Linear regulator efficiency versus output voltage. Efficiency
shown for maximum V,. input, assuming a 2.5-V headroom is maintained

at the bottom of the ripple waveform at minimum V,. input. Eight volts
peak-to-peak ripple is assumed at the top of the filter capacitor. (From Eq. 1.2)

The maximum achievable worst-case efficiency (which occurs at max-
imum input voltage and hence maximum input power) is

R
b in(max) Vdc(max) Io Vdc(max)

_ 1-0.01T ( Vo ) 12)

Efficiency, ., = (1.1)

1+0.01T \V, +25+ V,/2

This is plotted in Figure 1.2 for an assumed peak-to-peak (p/p) ripple
voltage of 8 V. It will be shown that in a 60-Hz full-wave rectifier,
the p/p ripple voltage is 8 V if the filter capacitor is chosen to be of
the order of 1000 microfarads (uF) per ampere of DC load current, an
industry standard value.

It can be seen in Figure 1.2 that even for 10-V outputs, the efficiency
is less than 50% for a typical AC line range of +10%. In general it
is the poor efficiency, the weight, the size, and the cost of the 60-Hz
input transformer that was the driving force behind the development
of switching power supplies.
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However, the linear regulator with its lower electrical noise still has
applications and may not have excessive power loss. For example,
if a reasonably pre-regulated input is available (frequently the case
in some of the switching configurations to be shown later), a liner
regulator is a reasonable choice where lower noise is required. Com-
plete integrated-circuit linear regulators are available up to 3-A output
in single plastic packages and up to 5 A in metal-case integrated-
circuit packages. However, the dissipation across the internal series-
pass transistor can still become a problem at the higher currents. We
now show some methods of reducing the dissipation.

1.2.5 Linear Regulators with PNP Series-Pass
Transistors for Reduced Dissipation

Linear regulators using PNP transistors as the series-pass element can
operate with a minimum headroom down to less than 0.5 V. Hence
they can achieve better efficiency. Typical arrangements are shown in
Figure 1.3.

With an NPN series-pass element configured as shown in Figure
1.3a, the base current (I) must come from some point at a potential
higher than V, + V., typically V, + 1 volts. If the base drive comes
through a resistor as shown, the input end of that resistor must come
from a voltage even higher than V;, + 1. The typical choice is to supply
the base current from the raw DC input as shown.

A conflict now exists because the raw DC input at the bottom of
the ripple waveform at the low end of the input range cannot be per-
mitted to come too close to the required minimum base input voltage
(say, V, + 1). Further, the base resistor R, would need to have a very
low value to provide sufficient base current at the maximum output
current. Under these conditions, at the high end of the input range
(when Vg — V, is much greater), R, would deliver an excessive drive
current; a significant amount would have to be diverted away into
the current amplifier, adding to its dissipation. Hence a compromise
is required. This is why the minimum header voltage is selected to
be typically 2.5 V in this arrangement. It maintains a more constant
current through R;, over the range of input voltage.

However, with a PNP series-pass transistor (as in Figure 1.3b), this
problem does not exist. The drive current is derived from the common
negative line via the current amplifier. The minimum header voltage
is defined only by the knee of the I. versus V. characteristic of the
pass transistor. This may be less than 0.5 V, providing higher efficiency
particularly for low-voltage, high-current applications.

Although integrated-circuit linear regulators with PNP pass transis-
tors are now available, they are intrinsically more expensive because
the fabrication is more difficult.
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FIGURE 1.3 (a) A linear regulator with an NPN series-pass transistor. In
this example, the base drive is taken from Vj. via a resistor R,. A typical
minimum voltage of 1.5 V is required across R, to supply the base current,
which when added to the base-emitter drop makes a minimum header
voltage of 2.5 V. (b) Linear regulator with a PNP series-pass transistor. In
this case the base drive (I) is derived from the negative common line via
the drive circuit. The header voltage is no longer restricted to a minimum
of 2.5V, and much lower values are possible.

Similar results can be obtained with NPN transistors by fitting the
transistor in the negative return line. This requires the positive line to
be the common line. (Normally this would not be a problem in single
output supply.)

This completes our overview of linear regulators and serves to
demonstrate some of the reasons for moving to the more compli-
cated switching methods for modern, low-weight, small, and efficient
power systems.

1.3 Switching Regulator Topologies
1.3.1 The Buck Switching Regulator

The high dissipation across the series-pass transistor in a linear regu-
lator and the large 60-Hz transformer required for line operation made
linear regulators unattractive for modern electronic applications.
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Further, the high power loss in the series device requires a large heat
sink and large storage capacitors and makes the linear power supply
disproportionately large.

Aselectronics advanced, integrated circuits made the electronic sys-
tems smaller. Typically, linear regulators could achieve output power
densities of 0.2 to 0.3 W/in%, and this was not good enough for the
ever smaller modern electronic systems. Further, linear power sup-
plies could not provide the extended hold-up time required for the
controlled shutdown of digital storage systems.

Although the technology was previously well known, switching
regulators started being widely used as alternatives to linear reg-
ulators only in the early 1960s when suitable semiconductors with
reasonable performance and cost became available. Typically these
new switching supplies used a transistor switch to generate a square-
waveform from a non-regulated DC input voltage. This square wave,
with adjustable duty cycle, was applied to a low pass output power
filter so as to provide a regulated DC output.

Usually the filter would be an inductor (or more correctly a choke,
since it had to support some DC) and an output capacitor. By varying
the duty cycle, the average DC voltage developed across the output
capacitor could be controlled. The low pass filter ensured that the DC
output voltage would be the average value of the rectangular voltage
pulses (of adjustable duty cycle) as applied to the input of the low pass
filter. A typical topology and waveforms are shown later in Figure 1.4.

With appropriately chosen low pass inductor/capacitor (LC) fil-
ters, the square-wave modulation could be effectively minimized, and
near-ripple-free DC output voltages, equal to the average value of
the duty-cycle-modulated raw DC input, could be provided. By sens-
ing the DC output voltage and controlling the switch duty cycle in
a negative-feedback loop, the DC output could be regulated against
input line voltage changes and output load changes.

Modern very high frequency switching supplies are currently
achieving up to 20 W/in® compared with 0.3 W/in? for the older linear
power supplies. Further, they are capable of generating a multiplicity
of isolated output voltages from a single input. They do not require a
50/60-Hz isolation power transformer, and they have efficiencies from
70% up to 95%. Some DC/DC converter designers are claiming load
power densities of up to 50 W/in? for the actual switching elements.

1.3.1.1 Basic Elements and Waveforms of a Typical Buck Regulator

After Pressman In the interest of simplicity, Mr. Pressman describes
fixed-frequency operation for the following switching regulator examples. In
such requlators the on period of the power device (Top) is adjusted to maintain
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FIGURE 1.4 Buck switching regulator and typical waveforms.

regulation, while the total cycle period (T) is fixed, and the frequency is thus
fixed at 1/T.

The ratio Ton /T is normally referred to as the duty ratio or duty cycle (D)
in many modern treatises. In other books on the subject, you may find this
shown as Ton /(Ton+ Togr), where Tog is the off period of the power device so
that Ton + Toge =T. Operators D and M are also used in various combinations
but essentially refer to the same quantity.

Bear in mind that other modes of operation can be and are used. For exam-
ple, the on period can be fixed and the frequency changed, or a combination
of both may be employed.

The terms dl, di, dV, dv, dT and dt are used somewhat loosely in this book
and normally refer to the changes Al, AV, and At, where, for example, in the
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limit, A1/ At goes to the derivative di/dt, giving the rate of change of current
with time or the slope of the waveform. Since in most cases the waveform
slopes are linear the result is the same so this becomes a moot point. ~K.B.

1.3.1.2 Buck Regulator Basic Operation

The basic elements of the buck regulator are shown in Figure 1.4.
Transistor Q1 is switched hard “on” and hard “off” in series with the
DC input Vg to produce a rectangular voltage at point V1. For fixed-
frequency duty-cycle control, Q1 conducts for a time Ty, (a small part
of the total switching period T). When Q1 is “on,” the voltage at V1 is
Ve, assuming for the moment the “on” voltage drop across Q1 is zero.

A current builds up in the series inductor L, flowing toward the out-
put. When Q1 turns “off,” the voltage at V1 is driven rapidly toward
ground by the current flowing in inductor L, and will go negative un-
til it is caught and clamped at about —0.8 V by diode D1 (the so-called
free-wheeling diode).

Assume for the moment that the “on” drop of diode D1 is zero. The
square voltage shown in Figure 1.4b would be rectangular, ranging
between V3. and ground, (0 V) with a “high” period of Ton. The average
value of this rectangular waveform is Vy.Ton/T. The low pass L,C,
filter in seriesbetween V1 and the output V extracts the DC component
and yields a clean, near-ripple-free DC voltage at the output with a
magnitude V, of Vg Ton/T.

To control the voltage, V; is sensed by sampling resistors R1 and R2
and compared with a reference voltage V¢ in the error amplifier (EA).
The amplified DC error voltage V., is fed to a pulse-width-modulator
(PWM). In this example the PWM is essentially a voltage compara-
tor with a sawtooth waveform as the other input (see Figure 1.4a).
This sawtooth waveform has a period T and amplitude typically in
the order of 3 V. The high-gain PWM voltage comparator generates a
rectangular output waveform (Viym, see Figure 1.4c) that goes high at
the start of the sawtooth ramp, and goes low the instant the ramp volt-
age crosses the DC voltage level from the error-amplifier output. The
PWM output pulse width (Ton) is thus controlled by the EA amplifier
output voltage.

The PWM output pulse is fed to a driver circuit and used to control
the “on” time of transistor switch Q1 inside the negative-feedback
loop. The phasing is such that if V. goes slightly higher, the EA DC
level goes closer to the bottom of the ramp, the ramp crosses the EA
output level earlier, and the Q1 “on” time decreases, maintaining the
output voltage constant. Similarly, if Vg is reduced, the “on” time of
Q1 increases to maintain V, constant. In general, for all changes, the
“on” time of Q1 is controlled so as to make the sampled DC output
voltage V, Ry /(R1 + Ro) closely track the reference voltage Vies.

13
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1.3.2 Typical Waveforms in the Buck Regulator

In general, the major advantage of the switching regulator technique
over its linear counterpart is the elimination of the power loss intrinsic
in the linear regulator pass element.

In the switching regulator the pass element is either fully “on” (with
very little power loss) or fully “off” (with negligible power loss). The
buck regulator is a good example of this—it has low internal losses
and hence high power conversion efficiency.

However, to fully appreciate the subtleties of its operation, it is
necessary to understand the waveforms and the magnitude and tim-
ing of the currents and voltages throughout the circuit. To this end
we will look in more detail at a full cycle of events starting when
Q1 turns fully “on.” For convenience we will assume ideal compo-
nents and steady-state conditions, with the amplitude of the input
voltage V. constant, exceeding the output voltage V,, which is also
constant.

When Q1 turns fully “on,” the supply voltage V4. will appear across
the diode D1 at point V1. Since the output voltage V; is less than V.,
the inductor L, will have a voltage impressed across it of (V3. — V;).
With a constant voltage across the inductor, its current rises linearly
atarate given by di/dt = (Vac — V,)/ L,. (This is shown in Figure 1.4d
as a ramp that sits on top of the step current waveform.)

When Q1 turns “off,” the voltage at point V1 is driven toward
zero because it is not possible to change the previously established
inductor current instantaneously. Hence the voltage polarity across
L, immediately reverses, trying to maintain the previous current.
(This polarity reversal is often referred to as the flyback or inductive
kickback effect of the inductor.) Without diode D1, V1 would have
gone very far negative, but with D1 fitted as shown, as the V1 volt-
age passes through zero, D1 conducts and clamps the left side of
L, at one diode drop below ground. The voltage across the inductor
has now reversed, and the current in the inductor and D1 will ramp
down, returning to its original starting value, during the “off” period
of Q1.

More precisely, when Q1 turns “off,” the current I, (which had
been flowing in Q1, L, and the output capacitor C, and the load just
prior to turning “off”) is diverted and now flows through diode D1,
L, and the output capacitor and load, as shown in Figure 1.4e. The
voltage polarity across L, has reversed with a magnitude of (V,, + 1).
The current in L, now ramps down linearly at a rate defined by the
equation di/dt = (V, +1)/L,. This is the downward ramp that sits on a
step in Figure 1.4e. Under steady-state conditions, at the end of the Q1
“off” time, the current in L, will have fallen to I; and is still flowing
through D1, L, and the output capacitor and load.
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Note Notice the input current is discontinuous with a pulse-like
characteristic, whereas the output current remains nearly continuous with
some relatively small ripple component depending on the value of L, and
C,.~ K.B.

Now when Q1 turns “on” again, it initially supplies current into
the cathode of D1, displacing its previous forward current. While the
current in Q1 rises toward the previous value of I, the forward D1
current will be displaced, and V; rises to near Vg, back-biasing D1.
Because Q1 is switched “on” hard, this recovery process is very rapid,
typically less than 1 ys.

Notice that the current in L, is the sum of the Q1 current when it
is “on” (see Figure 1.4d) plus the D1 current when Q1 is “off.” This is
shown in Figure 1.4 f as IL ,. It has a DC component and a triangular
waveform ripple component (I, — I;) centered on the mean DC out-
put current I,. Thus the value of the current at the center of the ramp
in Figure 1.4d and 1.4e is simply the DC mean output current I,. As
the load resistance and hence load current is changed, the center of
the ramp (the mean value) in either Figure 1.4d or 1.4e moves, but the
slopes of the ramps remain constant, because during the Q1 “on” time,
the ramp rate in L, remains the same at (Vg. — V,) /L, and during the
Q1 “off” time, it remains the same at (V, + 1)/L as the load current
changes, because the input and output voltages remain constant.

Because the p-p ripple current remains constant regardless of the
mean output current, it will be seen shortly that when the DC current
I, is reduced to the point where the lower value of the ripple current
in Figure 1.4d and 1.4e just reaches zero (the critical load current),
there will be a drastic change in performance. (This will be discussed
in more detail later.)

1.3.3 Buck Regulator Efficiency

To get a general feel for the intrinsic power loss in the buck regulator
compared with alinear regulator, we will start by assuming ideal com-
ponents for transistor Q1 and diode D1 in both topologies. Using the
currents shown in Figure 1.4d and 1.4e, the typical conduction losses
in Q1 and free-wheeling diode D1 can be calculated and the efficiency
obtained. Notice that when Q1 is “off,” it operates at a maximum volt-
age of V. but at zero current. When Q1 is “on,” current flows, but the
voltage across Q1 is zero. At the same time, D1 is reverse-biased at a
voltage of Vy. but has zero current. (Clearly, if Q1 and D1 were ideal
components, the currents would flow through Q1 and D1 with zero
voltage drop, and the loss would be zero.)

Hence unlike the linear regulator, which has an intrinsic loss even
with ideal components, the intrinsic loss in a switching regulator with
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ideal components is zero, and the efficiency is 100%. Thus in the buck
regulator, the real efficiency depends on the actual performance of
the components. Since improvements are continually being made in
semiconductors, we will see ever higher efficiencies.

To consider more realistic components, the losses in the buck circuit
are the conduction losses in Q1 and D1 and the resistive winding loss
in the choke. The conduction losses, being related to the mean DC
currents, are relatively easy to calculate. To this we must add the AC
switching losses in Q1 and D1, and the AC induced core loss in the
inductor, so the switching loss is more difficult to establish.

The switching loss in Q1 during the turn “on” and turn “off” tran-
sitions is a result of the momentary overlap of current and voltage
during the switching transitions. Diode D1 also has switching loss
associated with the reverse recovery action of the diode, where again
there is a condition of voltage and current stress during the transitions.
The ripple waveform in the inductor L, results in hysteretic and eddy
current loss in the core material. We will now calculate some typical
losses.

1.3.3.1 Calculating Conduction Loss and
Conduction-Related Efficiency

By neglecting second-order effects and AC switching losses, the
conduction loss can be quite easily calculated. It can be seen from
Figure 1.4d and 1.4e that the average currents in Q1 and D1 during
their conduction times of T,, and Ty are the values at the center of
the ramps or I,, the mean DC output current. These currents flow at
a forward voltage of about 1 V over a wide range of currents. Thus
conduction losses will be approximately
Pac = L(QU) + L(D1) = 11y 411, 22 — 11,

Therefore, by neglecting AC switching losses, the conduction-related
efficiency would be

R
P, +1losses  V,I,+1I, V,+1

Conduction Efficiency = (1.3)

1.3.4 Buck Regulator Efficiency Including
AC Switching Losses

After Pressman  The switching loss is much more difficult to establish,
because it depends on many variables relating to the performance of the
semiconductors and to the methods of driving the switching devices. Other
variables, related to the actual power circuit designs, include the action of any
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snubbers, load line shaping, and energy recovery arrangements. It depends on
what the designer may choose to use in a particular design. (See Chapter 11.)

Unless all these things are considered, any calculations are at best only a
very rough approximation and can be far from the real values found in the
actual design, particularly at high frequencies with the very fast switching
devices now available.

After Pressman [ leave Mr. Pressman’s original calculations, shown
next, untouched except for some minor editing, because they serve to il-
lustrate the root cause of the switching loss. However, I would recommend
that the reader consider using more practical methods to establish the real
loss. Many semiconductor manufacturers now provide switching loss equa-
tions for their switching devices when recommended drive conditions are
used, particularly the modern fast 1IGBTs (Insulated Gate Bipolar Transis-
tors). Some fast digital oscilloscopes claim that they will actually measure
switching loss, providing the real-time device current and voltage is accu-
rately provided to the oscilloscope. (Doing this can also be problematical at
very high frequency.)

The method I prefer, which is unquestionably accurate, is to measure the
temperature rise of the device in question in a working model. The model
must include all the intended snubbers and load line shaping circuits, etc.
Replacing the AC current in the device with a DC current to obtain the same
temperature rise will provide a direct indication of power loss by simple DC
power measurements. This method also allows easy optimization of the drive
and load line shaping, which can be dynamically adjusted during operation
for minimum temperature rise and hence minimum switching loss. ~ K.B.

My. Pressman continues as follows:

Alternating-current switching loss (or voltage /current overlap loss)
calculation depends on the shape and timing of the rising and falling
voltage and current waveforms. An idealized linear example—uwhich
is unlikely to exist in practice—is shown in Figure 1.5a and serves to
illustrate the principle.

Figure 1.5a shows the best-case scenario. At the turn “on” of the
switching device, the voltage and current start changing simulta-
neously and reach their final values simultaneously. The current
waveform goes from 0 to I,, and voltage across Q1 goes from a max-
imum of V4. down to zero. The average power during this switching
transition is P(Ton) = fOT"“ IVdt = 1,V4/6, and the power averaged
over one complete period is (I, Vyc/6)(Ton/T).

Assuming the same scenario of simultaneous starting and ending
points for the current fall and voltage rise waveforms at the turn “off”
transition, the voltage/current overlap dissipation at this transition
is given by P(To¢) = fOT‘)“ IV dt = 1,Vy4./6 and this power averaged
over one complete cycle is (I, Vac/6)(Toe/T)-

17
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Turnoff Ve
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Turnon
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-
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I
Turnon Turnoff
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FIGURE 1.5 Idealized transistor switching waveforms. (2) Waveforms show
the voltage and current transitions starting and ending simultaneously.

(b) Waveforms show the worst-case scenario, where at turn “on” voltage
remains constant at Vicmax) until current reaches its maximum. At turn “off,”
the current remains constant at I, until Q1 voltage reaches its maximum

of Vdc~

Assuming Ton = Togr = T;, the total switching losses (the sum of
turn “off” and turn “on” losses) are P, = (Ve I, T5) /3T, and efficiency
is calculated as shown next in Eq. 1.4.

P,
P, + DC losses + AC losses
V,1
= 979 (1.4)
Volo + 11, + Vg I, T /3T
V,
Vo + 1+ Va T5/3T

Efficiency =

It would make an interesting comparison to calculate the efficiency
of the buck regulator and compare it with that of a linear regulator.
Assume the buck regulator provides 5 V from a 48-V DC input at
50-kHz switching frequency (T = 20 ps).
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If there were no AC switching losses and a switching transition
period T; of 0.3 us were assumed, Eq. 1.3 would give a conduction
loss efficiency of

5
Effici =——=2833%
iciency = o=
If switching losses for the best-case scenario as shown in Figure 1.5a
were assumed, for Ty = 0.3 us and T = 20 ps, Eq. 1.4 would give a
switching-related efficiency of

Efficiency = >
54+1+48x%x0.3/3x20
B 5 5
5414024 5+1.24

= 80.1%

If a worst-case scenario were assumed (which is closer to reality),
as shown in Figure 1.5b, efficiencies would lower. In Figure 1.5b it is
assumed that at turn “on” the voltage across the transistor remains
at its maximum value (Vgc) until the on-turning current reaches its
maximum value of I,. Then the voltage starts falling. To a close ap-
proximation, the current rise time T, will equal voltage fall time. Then
the turn “on” switching losses will be

Vaelo Ter | Lo Vac Tog
2 T 2 T

P(Ton) =

also for Tey = Tys = Ts, P(Ton) = Vaclo(T5/T).

At turn “off” (as seen in Figure 1.5b), we may assume that current
hangs on at this maximum value I, until the voltage has risen to its
maximum value of Vg in a time Ty,. Then current starts falling and
reaches zero in a time T¢. The total turn “off” dissipation will be

IoVac Tor | Vaclo Tt
2 T 2 T

With Ty, = Tee = Ts, P(Togr) = Viaclo(Ts/ T). The total AC losses (the
sum of the turn “on” plus the turn “off” losses) will be

P(Tog) =

T
Pac = 2Vdclo?s (15)

and the total losses (the sum of DC plus AC losses) will be

T
Py = Pyc + Pac = 11, +2Vdclo?s (16)
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and the efficiency will be

P _ Vol
po + pt B Volo +1Io +2VchoTs/T
Vo

= (1.7)
Vo +1+2VaeTs/T

Efficiency =

Hence in the worst-case scenario, for the same buck regulator with
T; = 0.3 s, the efficiency from Eq. 1.7 will be

Efficiency = 5 = 5
541+2x48x%x0.3/20 5+1+1.44
5
T 5+1+244
= 67.2%

Comparing this with a linear regulator doing the same job (bringing
48 V down to 5 V), its efficiency (from Eq. 1.1) would be V,/ Vic(max),
or 5/48; this is only 10.4% and is clearly unacceptable.

1.3.5 Selecting the Optimum

Switching Frequency
We have seen that the output voltage of the buck regulator is given
by the equation V, = Vy.Ton/T. We must now decide on a value for
this period and hence the operating frequency.

The initial reaction may be to minimize the size of the filter compo-
nents L,, C, by using as high a frequency as possible. However, using
higher frequencies does not necessarily minimize the overall size of
the regulator when all factors are considered.

We can see this better by examining the expression for the AC losses
shown in Eq. 1.5, Pac = 2Vic I, % We see that the AC losses are in-
versely proportional to the switching period T. Further, this equation
only shows the losses in the switching transistor; it neglects losses
in the free-wheeling diode D1 due to its finite reverse recovery time
(the time required for the diode to cease conducting reverse current,
measured from the instant it has been subjected to a reverse bias volt-
age). The free-wheeling diode can dissipate significant power and
should be of the ultrafast soft recovery type with minimum recovered
charge. The reverse recovery time will typically be 35 ns or less.

In simple terms, the more switching transitions there are in a partic-
ular period, the more switching loss there will be. As a result there is a
trade-off—decreasing the switching period T (increasing the switch-
ing frequency) may well decrease the size of the filter elements, but it
will also add to the total losses and may require a larger heat sink.



Chapter 1: Basic Topologies

In general, although the overall volume of the buck regulator will
be lower at a higher frequency, the increase in the switching loss and
the more stringent high-frequency layout and component-selection
requirements make the final choice a compromise among all the op-
posing elements.

Note The picture is constantly changing as better, lower cost, and faster
transistors and diodes are developed. My choice at the present stage of the
technology is to design below 100 kHz, as this is less demanding on component
selection, layout, and transformer/inductor designs. As a result it is probably
lower cost. Generally speaking, higher frequencies absorb more development
time and require more experience. However, efficient commercial designs are
on the market operating well into the MHz range. The final choice is up
to the designer, and I hesitate to recommend a limit because technology is
constantly changing toward higher frequency operation. ~ K.B.

1.3.6 Design Examples
1.3.6.1 Buck Regulator Output Filter Inductor (Choke) Design

Note The output inductor and capacitor may be considered a low pass
filter, and it is normally treated in this way for transfer function and loop
compensation calculations.

However, at this stage, the reader may prefer to look upon the inductor as
a device that tends to maintain the current reasonably constant during the
switching action. (That is, it stores energy when the power device is “on”
and transfers this energy to the output when the power device is “off.”)

I prefer the term choke for the power inductor, because in this application
it must support an element of DC current as well as the applied AC voltage
stress. It will be shown later (Chapter 7) that the design of pure inductors
(with zero DC current component) is quite different from the design of chokes,
with their relatively large DC current component.

In the following section Mr. Pressman outlines the parameters that control
the design and selection of this critical part. ~ K.B.

The current waveform of the output inductor (choke) is shown in
Figure 1.4f, and its characteristic “dual ramp” shape is defined in
Section 1.3.2. Notice that the current amplitude at the center of the
ramp is the mean value equal to the DC output current I,.

We have seen that as the DC outputload current decreases, the slope
of the ramp remains constant (because the voltage across L, remains
constant). But as the mean load current decreases, the ripple current
waveform moves down toward zero.

At a load current of half the peak-to-peak magnitude of the ramp,
I, = (I — I1)/2dl, the lower point of the ramp just touches zero.
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At this point, the current in the inductor is zero and its stored energy
is zero. (The inductor is said to have “run dry.”) If the load current
is further reduced, there will be a period when the inductor current
remains at zero for a longer period and the buck regulator enters into
the “discontinuous current” operating mode. This is an important
transition because a drastic change occurs in the current and voltage
waveforms and in the closed loop transfer function.

This transition to the discontinuous mode can be seen in the real-
time oscilloscope picture of Figure 1.6a. This shows the power switch
current waveforms for a buck regulator operating at 25 kHz with an
input voltage of 20 V and an output of 5 V as the load current is
reduced from a nominal current of 5 A down to about 0.2 A.

The top two waveforms have the characteristic ramp-on-a-step
waveshape with the step size reducing as the load current is reduced.
The current amplitude at the center of the ramp indicates the effective
DC output current.

In the third waveform, where I, = 0.95 A, the step has gone and
the front end of the ramp starts at zero current. This is the critical load
current indicating the start of the discontinuous current mode (or run-
dry mode) for the inductor. Notice that in the first three waveforms,
the Q1 “on” time is constant, but decreases drastically as the current
is further reduced, moving deeper into the discontinuous mode.

In this example, the control loop has been able to maintain the out-
put voltage constant at 5 V throughout the full range of load currents,
even after the inductor has gone discontinuous. Hence it would be
easy to assume that there is no problem in permitting the inductor
to go discontinuous. In fact there are changes in the transfer function
(discussed next) that the control loop must be able to accommodate.
Further, the transition can become a major problem in the boost-type
topologies discussed later.

For the buck regulator, however, the discontinuous mode is not
considered a major problem. For load currents above the onset of the
discontinuous made, the DC output voltageis givenby V, = V1 Ton/T.
Notice the load current is not a parameter in this equation, so the
voltage remains constant with load current changes without the need
to change the duty ratio. (The effective output resistance of the buck
regulator is very low in this region.) In practice the “on” time changes
slightly as the current changes, because the forward drop across Q1
and the inductor resistance change slightly with current, requiring a
small change in Tgp.

If the load is further reduced so as to enter discontinuous mode, the
transfer function changes drastically and the previous equation for
output voltage (V, = V1Ton/T) no longer applies. This can be seen in
the bottom two waveforms of Figure 1.6a. Notice the “on” time of Q1
has decreased and has become a function of the DC output current.
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lio= 418 A,

; lge = 231A,
:  mammmmmadl — |, = 0.95 A

 lge =048 A
lum00A
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Note step at start of ramp

Note smaller step at start of ramp
Note no step; Ly has run dry

Note much lower on time

Note still lower on time

{1) Emitter Q1 =+20 V, 10 usfcm

{2) HQ1)=2 A, 10 paiom; I =44 A

(3) HQ1) =2 A, 10 psiem; |, =230 A

{4) Q1) =2 A, 10 psfem; Iy =0.95 A

{1} Emitter Q1= 10V, 10 ps/cm

(2) Q1) =2 A, 10 psiom;

(3) lpy =2 A, 10 psiem

FIGURE 1.6 A 25-kHz buck regulator, showing the transition from the

continuous mode to the discontinuous mode at the critical load current, with
theinductor L, running dry. Note, in Figure 1.64, line three above, that the “on”
time remains constant only so long as the inductor is in the continuous mode.
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TIP  The ratio Ton/T is normally referred to as the duty ratio D. The voltage
formula for continuous operation is simply V, = V1.D. However, for dis-
continuous operation, the duty ratio becomes a function of the load current,
and the situation is much more complicated. In the discontinuous mode, the
output voltage V, is given by the formula

Vo = V4.2D
D + (D? + (8L/RT))1)»

Since the control loop will maintain the output voltage constant, the effec-
tive value of the load resistance R will be inversely proportional to the load
current. Hence by holding Vo, V1, L, and T constant, to maintain the voltage
constant, requires that the remaining variable (the duty ratio D) must change
with load current.

At the critical transition current, the transfer function will change from
continuous mode in which the duty ratio remained constant with load change
(zero output impedance) to the discontinuous mode in which the duty ratio
must change with reducing load current (a finite output impedance). Hence
in the discontinuous mode, the control loop must work much harder, and the
transient performance will be degraded. ~ K.B.

Dynamically, at load currents above the onset of the discontinu-
ous mode, the output L/C filter automatically accommodated out-
put current changers by changing the amplitude of the step part of
the ramp-on-step waveforms shown in the Q1 and D1 waveforms of
Figures 1.4d and 1.4¢. To the first order, it could do this without chang-
ing the Q1 “on” time.

The DC output current is the time average of the Q1 and D1 ramp
current. Notice thatin Figure 1.64, line three and line four, thatatlower
currents where the inductor has gone discontinuous and the step part
of the latter waveforms has gone to zero, the only way the current
can decrease further is to decrease the Q1 “on” time. The negative-
feedback loop automatically adjusts the duty ratio to achieve this.

The dramatic change in the waveforms can be seen very clearly
between Figure 1.7a (for the critical current condition) and Figure 1.7b
(for the discontinuous condition). Figure 1.7b(2) shows the D1 current
going to zero just before Q1 turns “on” (the inductor has dried out and
gone discontinuous). With zero current in L,, the output voltage will
seek to appear at the emitter of Q1. However, the sudden transition
results in a decaying voltage “ring,” at a frequency determined by L,
and the distributed capacitance looking into the D1 cathode and Q1
emitter junction at point V1. This is shown in Figure 1.7b(1).

TIP  Although the voltage ring is not damaging, in the interest of RFI
reduction, it should be suppressed by a small R/C snubber across D1. ~ K.B.
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(1) Emittar Q1 = 10 V, 10us/cm

{2) lpy = 1A, 10 ps/om
Note LO has just barely gone discontinuous
as evidenced by D1 current just falling to
zero at instant of next urn-on; Iy = 1.0 A

(1) Emitter Q1 = 10V, 10 psicm
Note ringing at instant inductor current has
fallen to zero; despite ringing, feedback loop
corrects main on time and supply still
regulates

(2

Iy = 1A, 10 ps/em
Inductor has gone discontinuous or fallen to
zero current before next tum-on; this occurs
bacause DC current is less than half the
peak-to-peak ramp amplitude in the photo;

lgo = 0.45 A
Q1 Lo Vi
+20V - Vo
77 uH +5Vv
Q2
o1 - 20004F

FIGURE 1.7 A 25-kHz buck regulator with typical waveforms. Q1 emitter
voltage waveforms and D1 current waveforms for continuous conduction at
the critical current (1) and in the discontinuous mode (b).

1.3.6.2 Designing the Inductor to Maintain
Continuous Mode Operation

Although we have shown that operating in the discontinuous mode
is not necessarily a major problem in the buck regulator, it can become
a problem in some applications, particularly in boost-type topologies.
The designer has the option to design the inductor so that it remains
in the continuous mode for the full range of expected (but limited)
load currents, as described next.
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In this example the inductor will be chosen so that the current re-
mains continuous if the DC output current stays above a specified
minimum value. (Typically this is chosen to be around 10% of the
rated load current, or 0.1 I, where “I,,” is defined as the nominal
output current.)

The inductor current ramp is dI = (I, — I1), as shown in Figure 1.44.
Since the onset of the discontinuous mode occurs at a DC current of
half this amplitude, then

Iy(min) =0.1lpn = (I — [1)/2 or (Io—1I1)= dl =02l
Also
dl = Vi Ton/L = (Vi = Vo) Ton/L
where V; is voltage at the input of Q1 and is very close to Vg, then

_ (Vdc - Vo)Ton _ (Vdc - Vo)Ton

L
dl 0.2Ion

where Ton = V, T/ V4. and Vi and Iy are nominal values, then

_ 5(Vdcn - VD)VOT

L
Vdcn Ton

(1.8)

Thus, if L is selected from Eq. 1.8, then
dl = (I, — ) =0.21yn

where I, is the center of the inductor current ramp at nominal DC
output current.

Since the inductor current will swing +10% around its center value
Ion, the inductor must be designed so that it does not significantly
saturate at a current of at least 1.1 Iy,.

Chapter 7, Section 7.6 provides information for the optimum design
of inductors and chokes.

1.3.6.3 Inductor (Choke) Design

In the preceding example, continuous mode operation is required, so
the current must not reach zero for the full range of load currents.
Thus the inductor must support a DC current component and should
be designed as a choke.

Well-designed chokes have a low, but relatively constant, in-
ductance under AC voltage stress and DC bias conditions. Typi-
cally chokes use either gapped ferrite cores or composite cores of
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various powdered ferromagnetic alloys, including powdered iron or
Permalloy, a magnetic alloy of nickel and iron. Powdered cores have
a distributed air-gap because they are made from a suspension of
powdered ferromagnetic particles, embedded in a nonmagnetic car-
rier to provide a uniformly distributed air-gap. The inductor value
calculated by Eq. 1.8 must be designed so that it does not saturate at
the specified peak current (110% of I,n). The design of such chokes is
described in more detail in Chapter 7, Section 7.6.

The maximum range of current in the buck regulator will be de-
termined by the choke design, the ratings of the power components,
and the DC and AC losses given by Eq. 1.6. To remain in continuous
conduction, the minimum current must not go below 10% of the rated
Ion. Below this the load regulation will degrade slightly.

This wide (90%) industry standard dynamic load range results in
a relatively large choke, which may not be acceptable. However, the
designer has considerable flexibility of choice with some trade-offs.
If a smaller choke is chosen (say, half the value given by Eq. 1.8), it
will go discontinuous at one-fifth rather than one-tenth of the nomi-
nal DC output current. This will degrade the load regulation slightly,
commencing at the higher minimum current. But since it has less in-
ductance, the buck regulator will respond more quickly to dynamic
load changes.

1.3.7 Output Capacitor

The output capacitor (C,) shown in Figure 1.4 is chosen to satisfy
several requirements. C, will not be an ideal capacitor, as shown in
Figure 1.8. It will have a parasitic resistance R, and inductance L, in
series with its ideal pure capacitance C, as shown. These are referred to
as the equivalent series resistance (ESR) and equivalent series inductance
(ESL). In general, if we consider the bulk ripple current amplitude
in the series choke Ly, we would expect the majority of this ripple
current to flow into the output capacitor C,. Hence the output voltage
ripple will be determined by the value of the output filter capacitor,
C,, its equivalent series resistance (ESR), R,, and its equivalent series
inductance (ESL), L,.

For low-frequency ripple currents, L, can be neglected and the out-
put ripple is mainly determined by R, and C,.

Note The actual transition frequency depends on the design of the capaci-
tor, and manufacturers are constantly improving. Typically it will be above
500 kHz. ~ K.B

So below about 500 kHz, L, can normally be neglected. Typically
C, is a relatively large electrolytic, so that at the switching frequency,
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FIGURE 1.8 Output capacitor C, showing parasitic components.

the ripple voltage component contributed by C, is small compared
with that contributed by R,. Thus at the mid-frequencies, to the first
order, the output ripple is closely given by the AC ripple current in
Ly times R,.

More precisely, there are two ripple components due to each of
R, and C,. They are not in phase because that generated by R, is
proportional to I» — I (the peak-to-peak inductor ramp current of
Figure 1.4 f) and that due to C, is proportional to the integral of that
current. However, for a worst-case comparison we can assume that
they are in phase.

To obtain these ripple voltage components and to permit capaci-
tor selection, it is necessary to know the values of the ESR R,, which
are seldom given by capacitor manufacturers. An examination of a
number of manufacturers’ catalogs shows that for the older types
(aluminum electrolytic) for a large range of voltage ratings and ca-
pacitance values, R,C, tends to be constant. It ranges from 50 to
80 x 107°QF.

After Pressman Modern low-ESR electrolytic capacitors are now de-
signed for this application, and the ESR values are provided by the manufac-
turers. If the low-ESR types are chosen, then clearly the lower ESR values
should be used in the following calculations. ~ K.B.

It is instructive to calculate the capacitive and resistive ripple com-
ponents for a typical buck regulator.

Design Example:

Assume a design for a 25-kHz buck regulator with a step down from
20 V to 5 V with a load current I,, = 5 A. Let’s require the ripple
voltage to be below 50 millivolts with continuous conduction down
to 10% load.
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Assuming the minimum load is to be 10%, then Iy(min) = 0.1Ion =
0.5 A. We will calculate L from Eq. 1.8:

~ 5(Vaen — Vo)VoT  5(20 —5)5 x 40 x 10~°

L =
VdcnIon 20 x5

= 150uH

Now dI (the peak-to-peak ramp amplitude) is (12—11) = 0.2I,, = 1 A.
If we assume the majority of the output ripple voltage will be pro-
duced by the capacitor ESR (R,), we can simply select a capacitor
value such that the ESR will satisfy the ripple voltage as follows:
With a resistive ripple component of Vi, = 0.05 V peak-to-peak,
then the required ESR R, = V;;/dl = 0.05/(12 — I1) and R, = 0.05 .
Using the preceding typical ESR/capacitance relationship (R,C, =
50 x 107°):

C, =50 x 107°/0.05 = 1000 uF

Note Clearly, for modern low ESR capacitors, we would use the published
ESR values. ~ K.B.

We will now calculate the ripple voltage contribution from the ca-
pacitance, (C, = 1000 uF).

Calculating the capacitive ripple voltage V. from Figure 1.4d, it is
seen that the ripple current is positive from the center of the “off”
time to the center of the “on” time or for one-half of a period, or
20 ps in this example. The average value of this triangle of current is
(I — I)/4 = 0.25 A. This current produces a ripple voltage across the
pure capacitance part C, of

It  025x20x10°°

— = =0.006 V
Co 1000 x 10—6

Vcr:

The ripple current below the I, line in Figure 1.4 f yields another
0.005-V ripple for a total peak-to-peak capacitive ripple voltage of
0.01 V (only 10 millivolts compared with the resistive component of
50 millivolts). Thus, in this particular case, the ripple due to the capac-
itance is relatively small compared with that due to the ESR resistor
R, and to the first order may be ignored.

In the preceding example, the filter capacitor was chosen to yield
the desired peak-to-peak ripple voltage by choosing a capacitor with
a suitable ESR R, from

(1.9)
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Using the typical relationship that the R,C, product will be near
65 x 107°:

_ 65x 1076

0.21
Co = = (65 x 1070) —=

R, Vor

The justification for this approach is demonstrated more generally
in the paper by K.V. Kantak.! He shows that if R,C, is larger than
half the transistor “on” time and half the transistor “off” time—which
is the more usual case—the output ripple is determined by the ESR
resistor as shown above.

(1.10)

1.3.8 Obtaining Isolated Semi-Regulated

Outputs from a Buck Regulator
Very often, low-power ancillary outputs are required for various con-
trol functions. This can be done with few additional components as
shown in Figure 1.9. The regulation in the additional outputs is typi-
cally of the order of 2 to 3%.

It can be seen in Figure 1.4 that the return end of the regulated
output voltage is common with the return end of the raw DC input. In
Figure 1.9, a second winding with N2 turns is added to the output filter
choke. Its output is peak-rectified with diode D2 and capacitor C2. The
start of the N1, N2 windings is shown by the dots. When Q1 turns
“off,” the finish of N1 goes negative and is caught at one diode drop
below ground by free-wheeling diode D1. Since the main output V,
is regulated against line and load changes, the reverse voltage across

—5} > Vo22{(N2/N1) Vo +0.41]-0.4
. N2 D2
b A ANy
o A~ Vo
b 11 Nt ®
Ve am Co_— ce2 :; R2

FIGURE 1.9 Showing how a second isolated output can be derived from a
buck regulator by using the output choke as a transformer. The second
output is DC-isolated from input ground and is regulated to within about 2
to 3%, as its primary is powered from the regulated V, output and the fixed
clamped voltage at the cathode of D1 when Q1 turns “off.”
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N1 is constant as long as the free-wheeling diode D1 continues to
conduct. Using alow-forward-drop Schottky diode for D1, its forward
drop remains constant at about. 0.4 V over a large range of DC output
current.

Thus when Q1 turns “off,” the voltage across N; is relatively con-
stant at N>/ N; (V, + 0.4) volts with its dot end positive. This is peak
rectified by D2 and C2 to yield V,2 = No/Ni(V, + 0.4) — 0.4 if D2
is also a Schottky diode. This output is independent of the supply
voltage Vg as D2 is reverse biased when Q1 turns “on.” Capacitor C;
should be selected to be large enough that the ancillary voltage does
not decay too much during the maximum Q1 “on” time. Since N2 and
N1 are isolated from each another, the ancillary output can be isolated
or referenced to any other part of the circuit.

TIP  This can be a useful technique, but use it with care; notice the ancillary
power is effectively stolen from the main output during the reverse recovery
of the choke. Hence the main output power needs to be much larger than the
total ancillary power to maintain D1 in conduction. A minimum load will
be required on the main output if the ancillary outputs are to be maintained.
Notice that using the ancillary outputs to power essential parts of the control
circuit can have problems, as the system may not start. ~ K.B.

The Boost Switching Regulator Topology

1.4.1 Basic Operation

The buck regulator topology shown in Figure 1.4 has the limitation
that it can only produce a lower voltage from a higher voltage. For
this reason it is often referred to as a step-down regulator.

The boost regulator (Figure 1.10) shows how a slightly different
topology can produce a higher regulated output voltage from a lower
unregulated input voltage. Called a boost regulator or a ringing choke,
it works as follows.

Aninductor L1is placed in series with V. and a switching transistor
Q1 to common. The bottom end of L1 feeds current to Q1 when Q1 is
“on” or the output capacitor C, and load resistor through rectifying
diode D1 when Q1 is “off.”

Assuming steady-state conditions, with the output voltage and cur-
rent established, when Q1 turns “on” (for a period Ton), D1 will be
reverse biased and does not conduct. Current ramps up linearly in L1
to a peak value I, = VycTon/L1.

During the Q1 “on” time, the output current is supplied entirely
from C,, which is chosen to be large enough to supply the load current
for the time T, with the specified minimum droop.
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L1
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FIGURE 1.10 Boost regulator and critical waveforms. Energy stored in L1
during the Q1 “on” time is delivered to the output via D1 at a higher output
voltage when Q1 turns “off” and the polarity across L1 reverses.

When Q1 turns “off,” since the current in an inductor cannot change
instantaneously, the voltage across L1 reverses in an attempt to main-
tain the current constant. Now the lower end of L1 goes positive with
respect to the input voltage. With the output voltage V, higher than
the input Vg, L1 delivers its stored energy to C, via D1. Hence C,
is boosted to a higher voltage than Vj.. This energy replenishes the
charge drained away from C, when D1 was not conducting. At the
same time current is also supplied to the load from V. via L1 and D1
during this action.

In simple terms, the output voltage is regulated by controlling the
Q1 “on” time in a negative-feedback loop. If the load current increases,
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or the input voltage decreases, the “on” time of Q1 is automatically
increased to deliver more energy to the load, or the converse. Hence,
in normal operation the “on” period of Q1 is adjusted to maintain the
output voltage constant.

1.4.2 The Discontinuous Mode Action
in the Boost Regulator

TIP  The boost regulator has two quite different modes of operation depend-
ing on the conduction state of the inductor. If the inductor current reaches
zero at the end of a cycle, it is said to operate in a discontinuous mode. If
there is some current remaining in the inductor at the end of a cycle, it is said
to be in a continuous mode of operation.

When speaking about switching regulators, the output filter capacitor is
not normally included in the analysis of the converter. The output current
of a switching regulator is, therefore, not the DC output current to the load,
but rather the combined current that flows in the output capacitor and the
load in parallel.

Notice that unlike the buck requlator, the boost requlator has a continuous
input current (with some ripple current) but a discontinuous output current
for all modes of operation. Hence the terms continuous and discontinuous
mode refer to what is going on in the inductor.

There is a dramatic difference in the transfer function between the two
modes of operation that significantly changes the transient performance and
intrinsic stability. This is explained more fully in Chapter 12. ~ K.B.

We will consider in more detail the action for discontinuous mode
operation, in which the energy in the inductor is completely trans-
ferred to the output during the “off” period of Q1, and we will estab-
lish some power and control equations.

We have seen that when Q1 turns “on,” the current ramps up lin-
early in L1 to a peak value I, = VycTon/L1. Thus energy is stored in
L1, and at the end of the “on” period, this stored energy will be

E=05L11; (1.11)

where E is in joules, L is in henries, and I, is in amperes.

If the current through D1 (and hence L1) has fallen to zero before
the next Q1 turn “on” action, all the energy stored in L1 (Eq. 1.11)
during the previous Q1 “on” period will have been delivered to the
output load, and the circuit is said to be operating in the discontinuous
mode.

The energy E in joules delivered to the load per cycle, divided by
the period T in seconds, is the output power in watts. Thus if all the
energy of Eq. 1.11 is delivered to the load once per period T, the power
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to the load from L1 alone (assuming for the moment 100% efficiency)
would be
1 L(I.)2
p, = L) (1.12)
T
However, during the “off” time of Q1 (T; in Figure 1.10d), the cur-
rent in L1 is ramping down toward zero, and the same current is also
flowing from the supply V4 via L1 and D1 and is contributing to
the load power Pg.. This is equal to the average current during T,
multiplied by its duty cycle and V. as follows:

I, T,

PdC—Vdc2 T

(1.13)
The total power delivered to the load is then the sum of the two
parts as follows:

M + Ve L Ir (1.14)

Py = Pp + Py = T <5 T

But I, = VycTon/ L1. Substituting for I, in 1.14 we get

P = (1/2L1)(VdcTon/L1)2 + VdcTonE
£ T oL, T
Vc%c on
= T T, 1.1
srp (T +T)) (1.15)

To ensure that the current in L1 has ramped down to zero before the
next Q1 turn “on” action, we set (Ton + T;) to kT, where k is a fraction
less than 1. (That is, the period T is made greater than the inductor
conduction period.) Then

Py = (V3. Ton/2 TL;) (kT)

But for an output voltage V;, and output load resistor R,,

V2T, V2
P = 22 (kT) = 2
=TI, (kT) R,
or
kR, Ton
11
1% Vdc L1 ( 6)

Thus the negative-feedback loop keeps the output constant against
input voltage changes and outputload R, changes in accordance with
Eq. 1.16. As V4. and R, (the load current) go down or up, the loop will
increase or decrease Ton SO as to keep V, constant.
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1.4.3 The Continuous Mode Action
in the Boost Regulator

As mentioned in the previous section, if the D1 current (the inductor
current) falls to zero before the next turn “on” action, the circuit is said
to operate in the discontinuous mode (see Figure 1.10d).

However, if the currentin D1 and L1 hasnot fallen to zero at the end
of the “on” period, the inductor current will not be zero at the next Q1
turn “on” action. Hence the current in Q1 will have a front-end step
as shown in Figure 1.11. The current in the inductor cannot change
instantaneously. Currents in Q1 and D1 will have the characteristic
ramp-on-a-step waveshape as shown in Figure 1.11.

The circuit is now said to be operating in the continuous mode
because the inductor current does not reach zero during a cycle of
operation.

Assuming the feedback loop maintains the output voltage constant,
as R, or V. decreases, the feedback loop increases the Q1 “on” pe-
riod Ton to maintain the output voltage constant. As the load current
increases, R, or Vg, continues to decrease, a point is reached such that
Ton is so large that the decaying current through L1 and D1 will not
have fallen to zero before the next turn “on” action, and the action
moves into the continuous mode as shown in Figures 1.10 and 1.11.

Now an error-amplifier circuit, which had successfully stabilized
the loop while it was operating in the discontinuous mode, may not

Qf on Qtof f Igs

- — Ty
Di D1 In
conducts conducts
/\/\/‘— _____ :
-— I4
I
O current

FIGURE 1.11 Typical current waveforms in Q1, D1, and L1 for a boost
regulator operating in continuous mode. Note that inductor L1 has not had
enough time to transfer all its energy to the load before the next Q1 turn
“on” action.
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be able to keep the loop stable in the continuous mode and may oscil-
late. In traditional feedback-loop analysis, the continuous-mode boost
regulator has a right-half-plane-zero in the transfer function.> The only
way to stabilize a loop with a right-half-plane-zero is to drastically
reduce the error-amplifier bandwidth.

TIP  In simple terms, in the discontinuous mode, there is a short period
when there is zero current in the inductor and zero current in D1. That is,
there is a small time-gap between the energy transfer period (when Q1 is
“off” and D1 is conducting) and the energy storage period (when Q1 is “on”
and D1 is not conducting). This time margin (dead time) is critical to the
way the power system behaves and does not exist in the continuous mode.

It is very important to fully understand the difference between the two
modes of operation, because in any switching topology that has a boost-type
behavior, the effect will be evident. To better understand this, we will consider
a transient load increase in a continuous mode boost topology and follow the
sequence of events as the circuit responds to the load change.

Consider a continuous-mode buck system, running in steady-state con-
ditions, with a stabilized output voltage and a load current that maintains
the inductor in continuous conduction. We now apply a sudden increase in
load current. The output voltage will tend to fall, and the control loop will
increase the “on” period of Q1 to initiate an increase in current in L1. How-
ever, it takes several cycles before the current in L1 will increase very much
(depending on the value of the inductor, the input voltage, and the actual
increase in the Q1 “on” time).

It is important to notice that the immediate effect of increasing the “on”
period is to decrease the “off” period (because the total period is fixed). Since
D1 only conducts during the “off” period of Q1 (and this period is immedi-
ately reduced), the mean output current will initially decrease, rather than
increase as was required. Hence we have a situation where we tried to increase
the output current, but the immediate effect was to reduce the output current.
This will correct itself slowly as the current in the inductor increases over a
few cycles.

From a control theory perspective, for a short time this effect introduces an
additional 180° of phase shift into the closed loop control system during the
transient period when the L1 current is increasing. In terms of control theory
this translates to a zero in the right half-plane of the transfer function; it is
the cause of the right-half-plane-zero in the small signal transfer function.

Notice that the effect is related to the dynamic behavior of the power compo-
nents and cannot be changed by the control circuit. In fact, a perfect high-gain
fast-response control circuit would result in the “on” period going to the full
pulse width on the first pulse, and there would be zero output current for
a short period. Hence, the right-half-plane-zero cannot be eliminated by the
loop compensation network. The only option is to slow down the rate of
change of pulse width to allow the output to keep up without too much droop.
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(In control theory parlance, the control loop must be rolled off at a frequency
well below the right-half-plane-zero crossover frequency.)

In the discontinuous mode the performance is quite different. The small
time-gap margin allows the “on” period to increase without the need to reduce
the “off” period (within the limits of the margin), so the problem is not present,
providing the margin is large enough to accommodate the change in pulse
width.

Be aware that in the continuous conduction mode, the right-half-plane-zero
effect will be found in any switching converter (or combination of converters
and transformers) that has a boost-type action in any part of the circuit. The
flyback converter is a typical example of this. The mathematics of this effect
will be found in Chapter 12 and reference 2. ~ K.B.

1.4.4 Designing to Ensure Discontinuous
Operation in the Boost Regulator

For the preceding reasons, the designer may prefer to ensure that the
boost regulator remains fully within the discontinuous mode for the
full range of operating conditions.

In Figure 1.10d we see that the decaying D1 currentjust comes down
to zero at the start of the next turn “on” action. This is the threshold
between discontinuous and continuous mode operation.

This threshold is seen from Eq. 1.16 to occur at certain combinations
of Ve, Ton, Ro, L1, and T thatresult in the L1, D1 current just falling to
zero prior to the next turn “on” action of Q1. It can be seen from Figure
1.10a that any further decrease in Vy. or R, (increase in load current)
will force the circuit into the continuous mode such that oscillation
can occur unless the error amplifier has been rolled off at a very low
frequency.

To avoid this problem, we will see from Eq. 1.16 that To, must be
selected so that when it is a maximum (which is when V3. and R, are
at their minimum specified values) and the current in D1 has fallen
back to zero, there is a usable working dead-time margin (Ty;) before
Q1 turns “on” again.

At the same time, we must ensure that by the time the current in
D1 returns to zero, the L1 core will have been restored to its pre-
vious starting place on its hysteresis loop, shown as B1 in Figure
1.12. If the core is not fully restored to B1, then after many such
cycles, the starting point will drift up the hysteresis loop and saturate
the core. Since the impedance of a saturated core drops to its wind-
ing resistance only (because it cannot sustain voltage), the voltage
at the transistor collector will suddenly move up to the supply volt-
age, and with negligible resistance in the path, the transistor will be
destroyed.
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FIGURE 1.12 The working B/H loop. A choke core must not be allowed
to walk up or down its hysteresis loop. If it is driven from, say, B1 to B2
by a given forward volt-second product, it must be subjected to an equal
volt-second product in the opposite direction to restore it to B1 before the
next “on” period.

In this example, to ensure that the circuit remains in the discontin-
uous mode, a dead-time Ty; of 20% of a full period will be provided.
Hence we must ensure that the sum of the maximum “on” time of Q1
plus the core reset time plus the dead time will equal a full period, as
shown in Figure 1.13. This will ensure that the stored current in L1
will have fallen to zero well before the next Q1 turn “on” action.

Hereafter, a line appearing below a term will indicate the minimum
permitted or specified or required value of that term, and a line ap-
pearing over a term will indicate the maximum value of that term.

ThenTon + T + Tyt =T, Ton + T, + 02T =T,
or

Ton + T, = 0.8T (1.17)

From Eq. 1.16, the maximum “on” time Ton Occurs at minimum Ve
and minimum R,. Then for the “on” or set volt-second product to
equal the “off” or reset volt-second product at minimum Ry:

VacTon = (Vo = Va) Ty (1.18)

Now Egs. 1.17 and 1.18 have only two unknowns, T, and T, and
thus both are determined. Ty, is then

T _ O8T(Vo — Vao

on = 7 (1.19)
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FIGURE 1.13 Boost regulator waveforms in the discontinuous mode with
20% dead-time margin. For discontinuous-mode operation, the current in D1
(see Figure 1.10) must have decayed to zero before the next turn “on” action.
To ensure this, the inductor L1 is chosen such that Tonmax) + T = 0.8T,
leaving a dead time Ty of 0.2T.

Now in Eq. 1.16, with V4. and R, (maximum load current) speci-
fied, Top is calculated from Eq. 1.19 and k[= (Ton + T,)/ T)] = 0.8 from
Eq. 1.17.

Inductor L1 is fixed so the circuit is guaranteed not to enter the
continuous mode. However, if the output load current is increased
beyond its specified maximum value (R, decreased below its speci-
fied minimum) or Vj, is decreased below its specified minimum, the
feedback loop will attempt to increase T, to keep V, constant. This
will eat into the dead time, Tyg;, and move the circuit closer to contin-
uous mode. To avoid this, we must limit the maximum “on” time or
a maximum peak current must be provided.

TIP A good method that accounts for all variables is to inhibit the turn “on”
of Q1 until the inductor current reaches zero. For fixed-frequency operation
this limits the load current. Alternatively it can be set up to provide variable-
frequency operation, which is often preferred. ~ K.B.
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With L1 determined earlier from Eq. 1.16, Vg, specified, and Ton
calculated from Eq. 1.19, the peak current in Q1 can be calculated
from Eq. 1.14, and a transistor selected to have adequate gain at I.

The boost regulator is frequently used at low power levels in non-
isolated applications due to the very low parts count. A typical appli-
cation would be on a printed-circuit board where it is desired to step
up a 5-V computer logic level supply to, say, 12 or 15V for operational
amplifiers.

Frequently at higher power levels in battery-supplied power sup-
plies, as the battery discharges, its output voltage drops significantly.
Many systems whose prime power is a nominal 12- or 28-V battery
will present problems when the battery voltage falls to about 9 or 22 V.
Boost regulators are frequently used in such applications to boost the
voltages back up to the 12- and 28-V level. Power requirements in such
applications can be in the range 50 to 200 watts.

1.4.5 The Link Between the Boost Regulator

and the Flyback Converter
The boost regulator has been treated in great detail because boost
action appears in many converter combinations. For example, by re-
placing the inductor L1 with a transformer (more correctly a choke
with an additional secondary winding), a very similar, valuable, and
widely used topology, the flyback converter, is realized.

Like the boost, the flyback stores energy in its magnetics during
the “on” period of the power device and transfers the energy to the
output load during the “off” period.

Because the secondary windings can be isolated from the input,
the outputs are not constrained to share a common return line. Also
by using multiple secondaries, a multiple output power supply is
possible. The outputs may be higher or lower voltage than the input,
and may be common or isolated as required.

The problems of discontinuous or continuous operation and the
design relationships and procedures for the flyback are similar to those
of theboost regulator and will be discussed in more detail in Chapter 4.

The Polarity Inverting Boost Regulator
1.5.1 Basic Operation

Figure 1.14 shows a different arrangement of the boost regulator that
provides polarity inversion. It uses the same basic principle as the
previous boost regulator in that energy is stored in the inductor during
the “on” period of Q1, which is then transferred to the output load
and C, in the “off” period of Q1.
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FIGURE 1.14 The polarity-inverting boost regulator and typical waveforms.

Comparing Figures 1.14 and 1.10, it will be seen that the transistor
and inductor have changed places. In the reverse polarity inverter, the
transistor is above the inductor rather than below it as it was in the
boost circuit. Also the rectifying diode has been reversed.

When Q1 turns “on,” diode D1 is reverse biased because its cath-
ode is at Vg (assuming to a close approximation that the voltage drop
across Q1 is zero). Also, assuming steady-state conditions, such that
C, has charged down to some negative voltage, then D1 remains re-
verse biased throughout the Q1 “on” period. A fixed-voltage V3. will
be impressed across the inductor L,, and the current in it ramps up
linearly at a rate di/dt = Vy./L,.

|
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After an “on” period Ty, the current in L, will have reached I p =
ViacTon/ Lo, and the energy stored in L, (injoules)is E =.5L,1 ;%- When
Q1 turns “off,” the voltage polarity across L, reverses in an attempt
to maintain its current constant. Thus at the instant of turn “off,” the
same inductor current I, (which was flowing through Q1 before it
turned “off”) now continues to flow down through L, to common,
pulling the current through D1 from C,. This current charges the top
end of C, to a negative voltage.

After a number of cycles, when the required output voltage is de-
veloped, the error amplifier adjusts the Q1 “on” period Ton so that
the sampled output voltage V, R2/(R1 + R2) is equal to the reference
voltage Viet. Further, if all the energy stored in L, is delivered to the
load before the next Q1 turn “on” action (that is, Ip; has fallen to zero),
then the circuit operates in the discontinuous mode, and the power
delivered to the load will be

YoLol;
T
It should be noted that unlike the case of the boost regulator, when
Q1 turns “off,” the inductor current does not flow from the supply

source (see Eq. 1.13). Hence the only power to the load is that given by
Eq. 1.20. Thus assuming 100% efficiency, the output power would be

V2 _hlol?

R, T
and for I, = VycTon/ Lo,
R,
%zmmﬁno (1.22)

1.5.2 Design Relations in the Polarity
Inverting Boost Regulator

As in the previous boost circuit, it is desirable to keep the circuit oper-
ating in the discontinuous mode by ensuring that the current stored
in L, during the Q1 maximum “on” period has decayed to zero at
the end of the “off” period T,. To ensure this action, we will provide
a dead time Ty margin of 0.2T before the next Q1 turn “on” action.
Thus if Ton + Ty + Tye = T, then for Ty = 0.2T we obtain

P = (1.20)

P, = (1.21)

Ton+ T, = 0.8T (1.23)

In addition, as in the boost regulator, the “on” volt-second product
must equal the reset volt-second product to prevent the core from sat-
urating. Since (as can be seen from Eq. 1.22) the maximum Ty, occurs
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for minimum V. and minimum R, (maximum current), it follows
that

&Ton =W (1-24)

Thus both Eqgs. 1.23 and 1.24 have two unknowns: To, and T;. This
fixes T, at
— 0.8V, T

= 1.25
N Vet Vi (1.25)

Now, with Ty, calculated from Eq. 1.25 and Vg, R,, V,, and T spec-
ified, Eq. 1.22 defines L, such that I, = VycTon/Lo, and transistor Q1
is selected to have adequate gain at I,,.
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2.1

2.2

CHAPTERZ

Push-Pull and Forward
Converter Topologies

Introduction

In the three switching regulator topologies discussed in the previous
chapter, the output returns were all common with the input returns,
and multiple outputs were not possible (except for the special case
discussed in Section 1.3.8).

In this chapter we look at some of the most widely used fully
isolated switching regulator topologies. These topologies—the push-
pull, single-ended forward converter, and the double-ended and inter-
leaved forward converters—are similar, so we consider them a single
family. All these topologies deliver their power to the loads via a high-
frequency transformer; hence outputs may be DC-isolated from the
input, and multiple outputs are possible.

The Push-Pull Topology

2.2.1 Basic Operation (With Master/
Slave Qutputs)

A push-pull topology is shown in Figure 2.1. It consists of a trans-
former T'1 with multiple secondaries. Each secondary delivers a pair
of 180° out-of-phase square-wave power pulses whose amplitude is
fixed by the input voltage and the number of primary and secondary
turns.

The pulse widths for all secondaries are identical, as determined by
the control circuit and the negative-feedback loop around the master
output. The control circuit is similar to the buck and boost regula-
tors shown previously in Figures 1.4 and 1.10, except that two equal
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FIGURE 2.1 Push-pull width-modulated converter. Transistors Q1 and Q2
receive 180 out-of-phase, pulse-width modulated drive signals. The master
output is Vim, and there are two slaves, Vi1 and V;,. The feedback loop is
closed around Vp,, and the pulse width Ty, is controlled to regulate the
master output against line and load changes. It will be seen that the slaves
are regulated against line changes, but only partially against load changes.

adjustable pulse-width, 180°-out-of-phase pulses drive the bases of
Q1, Q2. The additional secondaries N;1, Ns» are referred to as slaves.

Transistor base drives at turn “on” are sufficient to bring the
switched end of each half primary down to Vie(sap), typically about
1V, over the full specified current range. Hence as each transistor
turns “on,” it applies a square-voltage pulse to its half primary of
magnitude Vg, — 1.

On the secondary side of the transformer, there will be flat-topped
square waves of amplitude (Vg — 1)(Ns/N,) — Vi with a duration
T,, where Vj is an output rectifier forward drop, taken as 1 V for a
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conventional fast-recovery diode, and 0.5 V for a Schottky diode. The
output pulses at the rectifier cathodes have a duty cycle of 2T,/ T
because there are two pulses per period.

Thus the waveforms at the inputs to the LC filters shown in Figure
2.1 are very much like that at the input to the buck regulator LC filter
of Figure 1.4, which has a flat-topped amplitude and adjustable width.
The LC filters of Figure 2.1 serve the same purpose as that of Figure
1.4. They provide a DC output that is the average of the square wave
voltage at the input of the filter. The analysis of the inductor and
capacitor functions proceeds exactly as for the buck regulator, and the
method of calculating their magnitudes is exactly the same as follows.

The DC or average voltage at the V}, output in Figure 2.2 (assuming
D1, D2 are 0.5-V forward-drop Schottky diodes) will be

N, 2T,
Ve = |(Vge — 1) (’“) — 0.5] —t (2.1)
[ d N, T

The waveforms at the V}, output rectifiers are shown in Figure 2.2.
If the negative-feedback loop is closed around V}, as shown in Figure
2.1, Ton and Vj, will be regulated against DC input voltage and load

Switching
frequency

{Vde = 1H{Nm/Np)

Q1 on Q1on Q1 on
- -re *- Anode of D1
-05vV
(Vge = 1HNm/Np)
Q2 on, Q2 on
- -~ {- Anode of D2
] -05V
, : [(Vge = 1) (N/Np)] = 05
Q1 on Q2 on Q1 on Q2 on Q1 on
- - - Cathodes of D1, D2
~-05vV
b

FIGURE 2.2 Voltage waveforms (N,,) at the master secondary winding. The
output LC averaging filter yields a DC output voltage.

Vin = [(Vdc - l)(Nm/Np) - 05](2Tor\/T)

As Vy varies, the negative-feedback loop corrects Ty, in the direction to keep
V,, constant.

H
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current changes. Although load current does not appear in Eq. 2.1, a
current change will cause V;, to change, that change will be sensed by
the error amplifier, and T;,, will be altered to correct it. Providing the
current in L1 (see Figure 2.1) does not go discontinuous, changes in
Ton will be small, and the absolute value of T, will be given by Eq. 2.1
for any turns ratio Ny, /Ny, input voltageVy., and period T.

For the slave secondaries, the voltages at the cathodes of the rec-
tifying diodes are fixed by the number of secondary turns, and the
Ton duration of the square waves is the same as defined by the master
feedback loop. Thus the slave output voltages with normal diodes
will be

Z\]sl 2Ton
Vir= [(Vae—1 -1 2.2
s1 [( dc ) Np ] T ( )
NsZ 2Ton
Veo= [ (Ve —1 -1 2.
52 [( dc ) Np :| T ( 3)

2.2.2 Slave Line-Load Regulation

It can be seen from Egs. 2.1, 2.2, and 2.3 that the slaves are regulated
against Vg input changes by the negative-feedback loop that keeps
Viu constant, in accordance with Eq. 2.1. The same equation,

Vm = (Vdc - 1)Ton

also appearsin Eqs. 2.2 and 2.3, and thus V1, Vi, are also kept constant
as Vg changes.

Notice that if load current in the master (V,,) changes, the drops
acrossits rectifying diodes and winding resistance will change slightly.
Thus the negative-feedback loop will correct for Vj, load change effects
and alter Ty to keep Vj, constant.

For the slave outputs, T, will now change without corresponding
changes in Vqy, and from Egs. 2.2 and 2.3, it can be seen that changes
in V41, Vs2 will result. Such changes in the slave output voltages due to
changes in the master output current are referred to as cross regulation.

Slave output voltages will also change as a result of changes in
their own output currents. In a similar way slave current changes will
cause voltage drop changes in their rectifying diodes and winding
resistances, lowering the peak voltages slightly. These changes are
not corrected by the main feedback loop, which senses only V.

However, providing the currents in the slave output inductors L2,
L3, and especially in the master inductor L1 do not go discontinuous,
slave output voltages can be depended on to vary within only & 5 to
+ 8%.
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TIP  Much better cross regqulation can be obtained by using coupled output
inductors (where all outputs share a common inductor core).!~ K.B.

2.2.3 Slave Output Voltage Tolerance

Although changes in slave output voltages are relatively small, the
absolute values of output voltage are not accurately adjustable. As
seen in Egs. 2.2 and 2.3, they are fixed by T, and their corresponding
secondary turns N;i, Nsp. But Ty, is nearly constant, defined by the
feedback loop to keep the master voltage constant. Further, since the
turns can be changed only by integral numbers, the absolute value of
slave output voltage is not finely settable. The change in secondary
voltage for a single turn change in N; is given by V. Ton/Nj.

In most cases, the absolute values of slave output voltage are not too
important. Slaves usually drive operational amplifiers or motors, and
most often these can tolerate DC voltages within about 2 V of a desired
value. If the absolute magnitude is important, the output voltage is
usually designed to be higher than required and brought down to a
desired exact value with a linear or buck regulator. Because a slave
output is semi-regulated, a linear regulator is reasonably efficient.

2.2.4 Master Output Inductor Minimum
Current Limitations

The selection of the output inductor for a buck regulator was dis-
cussed in Section 1.3.6. It was mentioned that at the average current
in which the step at the front of the inductor current waveform has
fallen to zero (see Figures 1.6a and 1.6b), the inductor is said to run dry
or to go discontinuous. Below this average current, the feedback loop
maintains the buck regulator’s output voltage constant by reducing
the “on” period; this results in reduction of slave output voltages.

In Figure 1.6a, however, it can be seen that at currents above going
discontinuous, the “on” time is very nearly constant over large output
current changes. Below run-dry, the “on” time changes drastically.
In the buck regulator this does not pose a major problem because
only one output is involved and the feedback loop keeps this output
voltage constant. But in the push-pull width-modulated converter
with a master and some slaves, the slave output voltages are directly
proportional to the master “on” time, as shown by Egs. 2.2 and 2.3.

Hence, when slaves are involved it is important that the average
master output inductor current not be permitted to go discontinuous
above its specified minimum. If the master minimum output current
is specified at one-tenth its nominal value for example, a minimum
output inductor value must be selected from Eq. 1.8. The slave out-
put voltages will vary within about 5% above the master inductor

49



50

Switching Power Supply Design

discontinuous current. Below this critical current, the feedback loop
will keep the master output voltage constant by decreasing Ty, signif-
icantly, followed by the slave output voltages.

Further, the slave outputs must not be permitted to go discontin-
uous above their own specified minimum currents. Slave output in-
ductors should also be selected from Eq. 1.8. Clearly, larger minimum
currents imply smaller inductors.

TIP  This problem is also eliminated by using coupled output inductors.!
~ K.B.

The push-pull converter is one of the oldest topologies and is
still popular. It can provide multiple outputs whose returns are
DC-isolated from input ground and from one another. Output volt-
ages can be higher or lower than the input voltage. The master is
regulated against line and load variations. The slaves are equally
well regulated against line changes and can be within about 5% for
load changes as long as output inductors are not permitted to go
discontinuous.

2.2.5 Flux Imbalance in the Push-Pull
Topology (Staircase Saturation Effects)

The designer needs to be aware of a rather subtle failure mode in push-
pull converters, known as staircase saturation, caused by a possible flux
imbalance in the transformer core.

This effect can best be understood by examination of a typical hys-
teresis loop of a ferrite core material used in the power transformer as
shown in Figure 2.3.

In normal operation, core flux excursions are between levels such
as By and B, gauss in Figure 2.3. It is important to stay on the linear
part of the hysteresis loop below about + 2000 G. At frequencies up
to 25 kHz or so, core losses are low and these maximum excursions
are permissible. As discussed in Section 2.2.9.4, however, core losses
go up rapidly with frequency, and above 100 kHz conservative design
limits peak flux density to 1200 or even 800 G.

It can be seen in Figure 2.1 that when Q1 is “on,” the no-dot end of
Nj1 is positive with respect to the dot end, and the core moves up the
hysteresis loop—say, from B; toward B;. The actual amount it moves
up is proportional to the product of the voltage across N1 and Q1
“on” time (from Faraday’s law; see Eq. 1.18). When Q1 turns “off”
and Q2 turns “on,” the dot end of N, is positive with respect to the
no-dot end, and the core moves back down from B, toward Bj. The
actual amount it moves down is proportional to the voltage across
N2 and the Q2 “on” time.
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FIGURE 2.3 Hysteresis loop of a typical ferrite core material (Ferroxcube
3C8). Flux excursions are generally limited to = 2000 G up to about 30 kHz
by requirement to stay on the linear part of the loop. At higher frequencies of
100 to 300 kHz, peak flux excursions must be reduced to about & 1200 or

+ 800 G because of core losses. Material 3C8 is a ferrite from Ferroxcube
Corporation. Other materials from this or other manufacturers are very
similar, differing mainly in core losses and Curie temperature.

Further, if the volt-second product across N1 while Q1 is “on” is
equal to the volt-second product across N, while Q2 is “on”, after
one complete period the core will have moved up from B; to By and
returned exactly to B1. But if those volt-second products differ by only
a few percent and the core has not returned to its exact starting point
each cycle, after anumber of periods the core will “walk” or “staircase”
up or down the hysteresis loop into saturation. In saturation, of course,
the core cannot sustain voltage, and the next time a transistor turns
“on,” it will be destroyed by high current and high voltage.

A number of factors can cause the “on” volt-second product to be
different from the “off” or reset volt-second product. The Q1 and Q2
collector voltages and “on” times may not be exactly equal even if
their base drive “on” times are equal. If Q1, Q2 are bipolar transistors,
they have “storage” times that effectively keep the collector “on” after
base drive is removed. Storage times can range from 0.3 to 6 ps and
have large production spreads. They are also temperature-dependent,
increasing significantly as temperature increases. Even if Q1 and Q2
have equal storage times, they may become unequal if located on a
heat sink such that they operate at different temperatures.
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Henceif one transistor has a volt-second product only slightly larger
than the other, it will start the core progressively drifting off-center
toward saturation with each cycle. This will cause one transistor to
draw slightly more current than the other as the core moves onto the
curved part of the hysteresis loop (see Figure 2.3). As a result, the core
magnetizing current on that half-period starts to become a significant
part of the load current. The transistor that draws more current will
now run slightly warmer, increasing its storage time. With a longer
storage time in that transistor, the volt-second product it applies to the
core in its “on” half period increases, the current in that half period
increases, and storage time in that transistor increases still further.
Thus a runaway condition arises that quickly drives the core into
saturation and destroys the transistor.

The “on” volt-second products of Q1 and Q2 also can differ because
of their initially unequal “on” or Vee(sat) Voltages, which have a signifi-
cant production spread. As described earlier, with bipolar transistors,
any initial difference in “on” voltage is magnified because the “on”
voltage of bipolars decreases as temperature increases.

If Q1, Q2 are MOSFETs (Metal-Oxide-Semiconductor Field-Effect
Transistors), the flux-imbalance problem is much less serious. To start
with, MOSFETs have no storage time, and with equal input “on” (gate)
times, output (drain) times are equal and, importantly, the “on” volt-
age of a MOSFET transistor increases as temperature increases. Thus
the runaway condition described earlier is reversed, providing some
compensation. If there were any initial volt-second inequality, one FET
current would be greater as the core started moving up the curved
part of the hysteresis loop. The FET with the larger current would run
warmer, and its “on” voltage would increase and rob voltage from its
half primary. This would decrease the volt-second product in that half-
period and bring the transistor current back down, providing some
compensation.

2.2.6 Indications of Flux Imbalance

The earlier description might imply that any slight imbalance in volt-
second product between half cycles causes certain failure, but this
is not necessarily so. A push-pull converter can continue to operate
reliably with a small amount of flux imbalance without immediately
saturating its core and destroying its transistors. Many low power,
low voltage push-pull converter designs run quite reliably in spite of
the apparent problems.

Notice that with a small volt-second imbalance, if there were not
an inherent corrective mechanism, core saturation and transistor fail-
ure would always occur after a few switching cycles. Thus, if there
were an initial volt-second imbalance of say 0.01% (which would be
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practically impossible to achieve), it would take only 10,000 cycles
until the core would move from a low starting point of By (see Figure
2.3) to a saturating point of By, and the transistors would probably be
destroyed before that.

One corrective mechanism, that may permit the converter to sur-
vive, is the primary winding resistance. If there is an initial volt-second
imbalance, the transistor taking more current produces a larger volt-
age drop across its half primary winding resistance. That voltage drop
robs volt-seconds from the winding and tends to restore the volt-
second balance.

Thus the converter can remain in an unbalanced state without im-
mediately going into runaway and completely saturating the core. An
indication of where the core is working on the hysteresis loop can be
obtained by placing a current probe in the transformer center tap as
shown in Figure 2.44.

The waveform indicating volt-second balance is shown in Figure
2.4a, where alternate current peaks are equal. Primary load current
pulses have the characteristic shape of a ramp on a step just as for the
buck regulator in Figure 1.4d. They have this shape because all the
secondaries have output LC filters that generate such waveshapes as
described in Section 1.3.2.

The primary load current is the sum of all the secondary currents
reflected into the primary by their respective turn ratios. However,
the total primary current is the sum of these secondary currents plus
the primary magnetizing current. The magnetizing current is the cur-
rent drawn by the magnetizing inductance, which is the inductance
seen looking into the primary with all secondaries open-circuited.
This inductance is always present and effectively is in parallel with
the primary winding. This current is added to the secondary currents
reflected into the primary as in Figure 2.4e.

The waveshape of the total primary current is then the sum of the
ramp-on-a-step reflected load currents and the magnetizing current.
But providing the core is working in the linear area of the B/H loop, the
magnetizing current will be a linear ramp starting from zero current
each cycle.

When a transistor turns “on,” it applies a step of voltage of approx-
imately Vi — 1 across the magnetizing inductance L ;. Magnetizing
current then ramps up linearly at a rate

dl/dt = (Vac = 1)/L pm (2.4)
and for the transistor “on” time of Ty, it reaches a peak of

Lpm = M (2.5)

Lpm
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FIGURE 2.4 Current waveforms in the transformer center tap. (a) Waveform
shows equal volt-second product on the two halves of transformer primary.
(b) Unequal volt-second product on the two halves of transformer primary.
Core is not yet on curved part of hysteresis loop. (c) Unequal volt-second
product. Upward concavity indicates dangerous situation. Core is far up on
curved part of hysteresis loop. (d) Adding a diode in series with one side of
primary to test how serious a volt-second inequality exists. (¢) Total primary
current is the sum of the ramp-on-a-step reflected secondary load currents
plus the linear ramp of magnetizing current.
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The magnetizing current Iy, is kept small compared with the sum of
the load currents reflected into the primary by ensuring that L, in
Eq. 2.5is large. By design, the peak magnetizing current should be no
greater than 10% of the primary load current.

When added to the ramp-on-a-step load current, the ramp of mag-
netizing current is small, and it simply increases the slope of the latter
slightly. Also, if the volt-seconds are equal on alternate half cycles, the
peak currents will also be equal on each half cycle as in Figure 2.4a,
because operation is centered around the origin of the hysteresis loop
of Figure 2.3.

However, if the volt-second products on alternate half cycles are
unequal, core operation is not centered on the origin of the hysteresis
loop. Since the horizontal scale (H oersteds) is proportional to mag-
netizing current, this shows up as a DC current bias as in Figure 2.4b,
making alternate current pulses unequal in amplitude.

As long as the DC bias does not drive the core up the hysteresis
loop appreciably, the slope of the ramp still remains linear (Fig. 2.4b)
and operation is still reasonably safe. Primary wiring resistance may
keep the core from moving further up into saturation.

But if there is a large inequality in volt-seconds on alternate half
cycles, the core is biased closer toward saturation and enters the
curved part of the hysteresis loop. Now the magnetizing inductance,
which is proportional to the slope of the hysteresis loop, decreases
and magnetizing current increases significantly. This shows up as an
upward concavity in the current slope in Figure 2.4c.

This is a dangerous and imminent failure situation. Now even a
small temperature increase can bring on the runaway scenario de-
scribed earlier. The core will be driven hard into saturation and destroy
the power transistor. A push-pull converter design should certainly
not be considered safe if current pulses in the primary center tap show
any upward concavity in their ramps. Even linear ramps as in Figure
2.4b with anything greater than 20% inequality in peak currents are
unsafe and should not be accepted.

Note A more damaging effect can occur if there is a sudden transient
load change, because the extra current can take the core immediately into
saturation. ~ K.B.

2.2.7 Testing for Flux Imbalance

A simple test to determine how close to a dangerous flux-imbalance
situation a push-pull converter may be operating is shown in Figure
2.4d. Here a silicon diode with about 1 V forward drop is placed
in series with one half of the transformer primary. Now in the “on”
state, that half with the diode in series has 1 V less voltage across it

%
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than the other half, and there is an artificially produced volt-second
unbalance. The center tap waveform will then look like either Figure
2.4b or 2.4c. The current ramp corresponding to the side that does not
have the diode will have the larger volt-second product and the larger
peak current. By switching the diode to the other side, the larger peak
current will be seen to switch to the opposite transformer half primary.

Now the closeness of the circuit to the upward concave situation of
Figure 2.4c can be determined. If one series diode can make a current
ramp go concave, the circuit is too close to imminent failure. Placing
two series diodes on one side will give an indication of how much
margin there is.

It should be noted that primary magnetizing current contributes
no power to the secondaries. It will not appear in the secondaries. It
simply swings the magnetic core across the hysteresis loop.

In Figure 2.3, the magnetizing force H in oersteds (Oe) is related to
the current by the fundamental magnetic relation

iy 047Ny Ly

I

(2.6)

where N, is the number of primary turns
I, is the magnetizing current in amperes
I,y is the magnetic path length in cm

2.2.8 Coping with Flux Imbalance

Flux imbalance can become a major problem at high voltages and high
powers. There are a number of ways to circumvent the problem, but
most involve increased cost or component count. Some schemes to
combat flux imbalance are described in the following subsections.

2.2.8.1 Gapping the Core

Flux imbalance becomes serious when the core moves out onto the
curved part of the hysteresis loop (see Figure 2.3) and magnetizing
current starts increasing exponentially as in Figure 2.4c. This effect
can be reduced by moving the curved part of the hysteresis loop to a
higher current by tilting the hysteresis loop. The core can then tolerate
a larger DC current bias or volt-second product inequality.

An air gap introduced into the magnetic path of the core has the
effect shown in Figure 2.5. It tilts the slope of the hysteresis loop.
An air gap of 2 to 4 mils (thousandths of an inch) brings the curved
portion of the loop much further away from the origin so that the core
can accept a reasonably large offset in H (current imbalance). This
can help at higher power levels. It has the disadvantage of reducing
the inductance so that the critical current must be larger to prevent
discontinuous-mode operation.
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Ungapped
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FIGURE 2.5 How a gap in the core reduces the slope of the hysteresis loop.

The air gap for a prototype EE or cup core is easily effected with
plastic shims in the center and outer legs. Since the flux passes through
the center leg and returns through the outer legs, the total gap is twice
the shim thickness. In a production transformer, it is not very much
more expensive to have the center leg ground down to twice the shim
thickness. This will achieve pretty much the same effect as shims in
the center and outer legs, but is preferable as the gap will not change
with changes in the thickness of the plastic and results in less magnetic
radiation and hence reduced RFI interference.

2.2.8.2 Adding Primary Resistance

It was pointed out in Section 2.2.6 that primary wiring resistance keeps
the core from being driven rapidly into saturation if there is a volt-
second inequality. If there is such an inequality, the half primary with
the larger volt-second product draws a larger peak current. That larger
current causes a larger voltage drop across the wiring resistance and
robs volt-seconds from that half primary, restoring the currentbalance.

This effect can be augmented by adding additional resistance in
series with both primary halves. The added resistors can be located
in either the collectors or emitters of the power transistors. The value
is best determined empirically by observing the current pulses in the
transformer center tap. The required resistors are usually under 0.25 2.
They will, of course, increase power loss and reduce efficiency.

2.2.8.3 Matching Power Transistors

Since volt-second inequality arises mainly from an inequality in stor-
age time or voltage in the power transistors, if those parameters are
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matched, it adds confidence that together with the earlier two “fixes”
there will be no problem with flux imbalance.

This is not a good solution and would be an expensive fix as it is
quite expensive to match transistors in two parameters. To do such
matching requires a specialized test setup that would not be available
if field replacements become necessary.

It also must be ascertained that if the matching is done at certain
load currents and temperature, the matching still holds when these
vary. Further, a storage time match is difficult to make credible, as it
depends strongly on forward and reverse base input currents in the
bipolar transistors. Generally any matching is done by matching Ve
and Vj, (the “on” collector-to-emitter and base-to-emitter voltages)
at the maximum operating current. Hence matching is not a viable
solution for high-volume commercial supplies.

2.2.8.4 Using MOSFET Power Transistors

Since most of the volt-second inequality arises from storage time
inequality between the two bipolar power transistors, the problem
largely disappears if MOSFETs are used, because they have no stor-
age time.

There is an added advantage, as the “on” voltage of a MOSFET tran-
sistor increases with temperature. Thus if one half primary tends to
take a large current, its transistor runs somewhat warmer and its “on”
voltage increases and steals voltage from the winding. This reduces
the volt-second product on that side and tends to restore balance. This,
of course, is qualitatively in the right direction, which is helpful but
cannot be depended on to solve the flux-imbalance problem reliably
at all power levels and with a worst-case combination.

However, with power MOSFETs at power levels under 100 W and
low input voltages (as in most DC/DC converter applications), push-
pull converters can be and are built with a high degree of confidence.

2.2.8.5 Using Current-Mode Topology

By far the best solution to the flux-imbalance problem is to use current-
mode control. This completely and reliably solves the flux-imbalance
problem; also it has significant additional advantages of its own.

In conventional push-pull, there is always a residual concern that
despite all the fixes, a flux-imbalance problem will arise in some
worst-case situation and a transistor will be destroyed. Current-mode
topology solves this problem by monitoring the current in each of
the push-pull transistors on a pulse-by-pulse basis. The control cir-
cuit then forces alternate current pulses to have equal amplitude,
maintaining the working point very near the center of the B/H loop.
Details of current-mode topology will be discussed in Chapter 5.
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2.2.9 Power Transformer Design
Relationships

Note The design of wound components is a specialized subject and is cov-
ered in more detail in Chapter 7. The correct design of transformers, inductors,
and chokes is essential for optimum performance of the equipment. The engi-
neer who takes the time to become fully competent in this area will get much
better results, so the reader is urged to study Chapter 7 before proceeding
with any real designs.

After Pressman [n the following section Mr. Pressman shows an itera-
tive method for selecting the core size and winding parameters. It serves as
a good example of the rather lengthy process required if this method is used.
The reader will do well to study this process, which shows the interaction
between the various parameters. However, in practice, optimum designs nor-
mally start by defining the maximum permitted temperature rise (typically
30°C), and one of the nomogram-assisted methods or computer programs
would be used to provide a much faster solution with a defined result, avoid-
ing the tedious iterative procedure. ~ K.B.

2.2.9.1 Core Selection

The design of a transformer starts with the initial selection of a core
to satisfy the desired total output power. The available output power
from a particular core depends on the operating frequency, the oper-
ating flux density swing (B1 and B, in Figure 2.3), the core’s area A,,
the bobbin winding window area Aj;, and the current density in each
winding.

Decisions on each of these parameters are interrelated, and choices
are made to minimize the transformer size and its temperature rise.
In the magnetics section of Chapter 7 an equation is derived showing
a recommended output power for a given core as a function of the
parameters mentioned earlier.

The equation can be used in a set of iterative calculations, first mak-
ing a tentative selection of a specific core, peak flux density, and oper-
ating frequency, and calculating the available output power. Then if
the available power is insufficient, a larger-sized core is selected and
the calculations repeated until a core with the required output power
is found.

This is a long and cumbersome procedure; instead the equation is
turned into a set of charts that permit a core and operating frequency
tobe selected at a glance for any desired output power. Such equations
and charts will be found for most of the commonly used topologies
in Chapter 7.
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We will assume that these charts will be used to select a specific
core so that the area A, is known. The rest of the transformer design
involves calculation of the number of turns on the primary and sec-
ondaries, selection of wire sizes, calculation of core and copper losses,
and finally the calculation of transformer temperature rise.

The optimum arrangement of the various layers of wire on the core
bobbin is important in improving coupling between the windings
and in reducing copper losses due to “skin” and “proximity” effects.
Winding arrangements, skin, and proximity effects will be discussed
in Chapter 7.

For this example, the design will proceed using the core chosen
from the selection charts described earlier, providing a known value
of the core area A,.

2.2.9.2 Maximum Power Transistor On-Time Selection

Equation 2.1 has shown that the converter keeps the output voltage
Vi constant by increasing Ton as Vg decreases. Thus the maximum
“on” time Ty, occurs at the minimum specified DC input voltage Vjc .
But in this type of converter the maximum “on” time must not exceed
half the switching period T. If it were to do so, the reset volt-second
product would be less than the set volt-second product (see Section
2.2.5), and after a very few cycles, the core would drift into saturation
and destroy a power transistor.

Moreover, because of the inevitable storage time in bipolar transis-
tors, the base drive “on” time cannot be as large as a full half period, as
the storage time would cause an overlap with the opposite transistor.
This would result in immediate failure, because the two power transis-
tors would effectively short out the winding. Each transistor would
take large currents at the full supply voltage and would rapidly be
destroyed.

Thus, to ensure that the core will always be reset within one period
and eliminate any possibility of simultaneous conduction, whenever
the DC input voltage is at its minimum Vg and the feedback loop is
trying to increase T, to maintain V;,, constant, the maximum “on” time
will be constrained by some kind of a clamp so as to never be more
than 80% of a half period. Then in Eq. 2.1, for the specified V4., T and
for Ton = 0.8T/2, the ratio N;;/N, will be fixed to yield the desired
output V.

TIP  Modern drive and control ICs provide adjustable (so-called) “dead
time” to prevent power device overlap. In some designs, dynamic methods are
provided such that the state of conduction of the power devices is monitored
and the drive signal is delayed until the previous active power device has
turned fully “off,” before the next is allowed to turn “on.” This allows the full
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range of duty cycle to be utilized while completely eliminating any possibility
of overlap. ~ K.B.

2.2.9.3 Primary Turns Selection

The number of primary turns is determined by Faraday’s law (see Eq.
1.17). From it N}, is fixed by the minimum voltage across the primary
(Vge — 1) and the maximum “on” time, which, as earlier, is to be no
more than 0.8T/2. Then

Vie — 1)(0.8T/2) x 108
sz(i )i‘edB/)X 2.7)

Since A, in Eq. 2.7 is fixed by the selected core, V4. and T are specified
and the number of primary turns is fixed as soon as dB (the desired
flux change in 0.8T/2) is decided on. This decision is made as follows.

TIP  The reader may prefer to use a dimensionally modified version of
Faraday’s law that provides turns directly as follows:

VTon
A.AB

N =

Where N = turns
V = voltage across the winding (V4.)
Ton = maximum “on” period, microseconds
AB = flux density swing, teslas (1 tesla = 10,000 gauss)
A, = effective core area, mm?

For all magnetic calculations, I prefer to work in the preceding modified SI
units, as these yield immediate solutions, avoiding the unwieldy exponents,
thus reducing errors. ~ K.B.

2.2.9.4 Maximum Flux Change (Flux Density Swing) Selection

From Eq. 2.7, it is seen that the number of primary turns is inversely
proportional to dB, the flux swing. It would seem desirable to maxi-
mize dB so as to minimize N, since fewer turns would mean that a
larger wire size could be used, resulting in higher permissible currents
and more output from a given core. Also, fewer turns would result in
a less expensive transformer and lower stray parasitic capacities.

From the hysteresis loop of Figure 2.3, however, it is seen that in
ferrite cores, the loop enters the curved portion above £ 2000 G. It
is desirable to stay below this point, where the magnetizing current
starts increasing rapidly. So initially a good choice would appear to
be £ 2000 G (0.2 tesla). But we must also consider core losses.

Ferrite core losses increase at about the 2.7 power of the peak
flux density and at about the 1.6 power of the operating frequency.
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Hence, up to about 50 kHz, core losses do not prohibit operation to
+ 2000 G, and it may appear desirable to operate at that flux level.

However, to prevent core saturation under transient conditions, it
is better to provide a wider margin. We will see shortly that it is prefer-
able to restrict operation to + 1600 G even at frequencies where core
losses are not prohibitive. Faraday’s law solved for the flux change
dBis

_ (Vdc - 1)(Ton) X 108

dB
N, A,

2.8)

Equation 2.8 says that if Np is chosen for a given dB—say, from
—2000 to 42000 G, or a dB of 4000 G, then as long as the product
of (Vic — 1)(Ton) is constant, dB will be constant at 4000 G. Further,
if the feedback loop is working and keeping the output voltage V},
constant, Eq. 2.1 says that (V. — 1)(Ton) is constant and 4B will truly
remain constant. So providing the feedback loop always ensures that
whenever V. is a minimum, that T, is at a maximum, then T, and
Ve can never be simultaneously maximum.

However, in some transient or fault conditions, if Ty, has been at
maximum for a single, or possibly even a few cycles, and Vg had a
transient step to 50% above its normal value, the feedback loop may
fail to reduce the “on” time rapidly enough (as normally required by
Eq. 2.1), and there may exist a short period when V. and Ton would
be maximum at the same time. In this event, Equation 2.8 shows that
dB would be 1.5(4000) or 6000 G.

Then if the core had started from the —2000-G point, at the end
of that “on” time the core would have been driven 6000 G above
that, or to +4000 G. The hysteresis loop (see Figure 2.3) shows that at
temperatures somewhat above 25°C, it would be deep in saturation
and could not support the applied voltage. The transistor would be
subject to high current and high voltage and would rapidly fail.

It will be seen in the feedback analysis section of Chapter 12 that the
error amplifier has a delay in its response time, because its bandwidth
islimited to stabilize the feedback loop. Hence, it is always possible for
both the input voltage and “on” time to be maximum for a transient
period due to the inevitable delay in the response of the error amplifier,
although the error amplifier will eventually correct the “on” time so
as to keep the product (Vg. — 1)(Ton) constant in accordance with Eq.
2.1. If the core is subjected to maximum input voltage and maximum
“on” time as a result of error-amplifier delay, even for a single cycle,
it may saturate the core and destroy a transistor.

However if N, in Eq. 2.8 is chosen to yield dB of 3200 G at Vy. and
Ton, the design is safer and can tolerate a 50% transient step in input
voltage. With dB = 3200 G, if the error amplifier is too slow to correct
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the “on” time, the transformer dB will be 1.5(3200) or 4800 G; and if
the core started from its normal minimum flux of —1600 G, it will be
driven up to only —1600 + 4800 or +3200 G. The hysteresis loop of
Figure 2.3 shows that the core can tolerate that even at 100°C.

Thus the number of primary turns is selected from Eq. 2.7 for dB =
3200 G even at lower frequencies where a large flux may not cause
excessive core losses. Above 50 kHz, the core losses increase rapidly
and force a lower flux density selection. At 100 to 200 kHz, the peak
flux density may be limited to 1200 or even 800 G to achieve an ac-
ceptably low core temperature rise.

2.2.9.5 Secondary Turns Selection

The turns for the main and slave outputs are calculated from Egs. 2.1,
2.2, and 2.3 in accordance with the specified, or calculated, voltage
requirements. We see that the input voltage Vy. and T have been spec-
ified. The maximum “on” time Ty, has been arbitrarily set at 0.8T /2,
and N, has been calculated from Faraday’s law (see Eq. 2.7) for the
known A, for the selected core. Flux swing dB has been set at 3200 G for
frequencies under 50 kHz and to minimize core losses. Lower values
will be used at higher frequencies as discussed earlier.

2.2.10 Primary, Secondary Peak
and rms Currents
In this example, wire sizes will be selected on the basis of a conser-
vative operating current density. Current density is given in terms of
rms current in amps per circular mil* of wire cross-sectional area.
Hence, before we can start selecting wire sizes for any winding, we
require a knowledge of the rms currents in each winding.

2.2.10.1 Primary Peak Current Calculation

Current drawn from the DC input source V3. may be monitored in the
transformer center tap and has the waveform shown in Figures 2.1b
and 2.1d. The pulses have the characteristic ramp-on-a-step wave-
shape because the secondaries all have output LC filters as discussed
in Section 1.3.2. The primary current is simply the sum of all the sec-
ondary ramp-on-a-step currents reflected into the primary by their
turns ratios, plus the magnetizing current.

As discussed in Section 2.2.9.2, at minimum V. input voltage, the
transistor “on” times will be 80% of a half period. Further, since there is
one pulse for each half period, the duty cycle of the pulses in Figure 2.1

*A circular mil is the area of a circle 1 mil in diameter. Thus, area in square
. _ 76 . . .
inches = (7 /4)107° (area in circular mils).
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is 0.8 at Vg.. To simplify calculation, the pulses in the figure are
assumed to have an equivalent flat-topped waveshape whose am-
plitude I, is the value of the current at the center of the ramp.

Then the input power at Vq. is that voltage times the average cur-
rent, which is 0.8, and assuming 80% efficiency (which is usually
achievable up to 200 kHz), P, = 0.8 P, or

Pin = 1.25P; = Vi4c0.81pf

Then

I

ILg =1.56— 2.
pft 56& (2.9)

This is a useful relation, as it gives the equivalent flat-topped pri-
mary current pulse amplitude in terms of what is known—the output
power and the specified minimum DC input voltage. It allows selec-
tion of a primary wire size from the calculated primary rms current. It
also allows a transistor with an adequate current rating to be selected.

2.2.10.2 Primary rms Current Calculation
and Wire Size Selection

Each half primary carries only one of the I, pulses per period, and
hence its duty cycle is (0.8T/2)/T or 0.4. It is well known that the rms
value of a flat-topped pulse of amplitude I, at a duty cycle D is

Iims = pft\/B = IpftV 0.4
or
Tms = 0.632¢ (2.10)

and from Eq. 2.9

1.56P, _ 0.986P,

Irms = 0.632
" Vae Vae

(2.11)

This gives the rms current in each half primary in terms of the known
parameters: output power and the specified minimum DC input
voltage.

A conservative practice in transformer design is to operate the
windings at a current density of 500 circular mils per rms ampere.
There is nothing absolute about this; current densities of 300 circular
mils per rms ampere are frequently used for windings with only a few
turns. As a general rule, however, densities greater than 300 circular
mils per rms ampere should be avoided, as that will cause excessive
copper losses and temperature rise.
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Thus at 500 circular mils per rms ampere, the required number of
circular mils for the half primaries is

0.986 P,

Circular mils = 500
Vae

(2.12)

Py
=493 —
Vdc

Notice that this is also in terms of known values—output power and
specified minimum DC input voltage. Proper wire size can then be
chosen from wire tables at the circular mils given by Eq. 2.12.

2.2.10.3 Secondary Peak, rms Current, and Wire Size Calculation

Currents in each half secondary are shown in Figure 2.6. Note the
ledge at the end of the transistor “on” time. This ledge of current exists
because there is no free-wheeling diode D1 at the input to the filter
inductor as in the buck regulator of Figure 1.4. In the buck, the free-
wheeling diode was essential as a return path for inductor current
when the transistor turned off. When the transistor turned off, the
polarity across the output inductor reversed, and its input end would
have gone disastrously negative if it had not been caught by the free-
wheeling diode at about 1 V below ground. Inductor current then
continued to flow through the free-wheeling diode D1 of Figure 1.4e.
This problem does not exist in the rectifier circuit shown in Figure 2.6.

In the push-pull output rectifier stage, the function of the free-
wheeling diode is performed by the output rectifier diodes D1 and
D2. When either transistor turns “off,” the input end of the inductor
tries to go negative. As soon as it goes about one diode drop below
ground, both rectifiers conduct, each drawing roughly half the total
current the inductor had been drawing just prior to turn “off” (see
Figures 2.6d and 2.6¢). Since the impedance of each half secondary
is small, there is negligible drop across them, and the rectifier diode
cathodes are caught at about 1 V below ground.

Thus if half-secondary rms currents are to be calculated exactly, the
ledge currents during the 20% dead time should be taken into account.
However, in this example it can be seen that they are only about half
the peak inductor current and have a duty cycle of (0.47/2)/T or 0.2.
With such small amplitudes and duty cycle they can be ignored in
this example. Each half secondary can then be considered to have
the characteristic ramp-on-a-step waveform, which at minimum DC
input comes out to a duty cycle of (0.87/2)/T or 0.4. The magnitude
of the current at the center of the ramp is the DC output current Iy,
as can be seen from Figure 2.6 f.
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FIGURE 2.6 Output rectifiers D1 and D2 serve as free-wheeling diodes in a
push-pull rectifier circuit. Each secondary winding carries half the normal

free-wheeling “ledge” during the 20% dead time. This should be considered
in estimating secondary copper losses.

2.2.10.4 Primary rms Current, and Wire Size Calculation

To simplify the primary current rms calculations, the ramp-on-a-step
pulses will be approximated by “equivalent flat-topped” pulses I,
whose amplitude is that at the center of the ramp or the DC output
current Iy with a duty cycle of 0.4.
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Thus rms current in each half secondary is
Is(rms) = Iaev'D = [3:v/0.4 = 0.63214, (2.13)

At 500 circular mils per rms ampere, the required number of circular
mils for each half secondary is

Secondary circular mil requirement = 500(0.632)I4c

= 3.1614c (2.14)

2.2.11 Transistor Voltage Stress and

Leakage Inductance Spikes
It can be seen from the polarities of the transformer primary windings
in Figure 2.1 that when either transistor is “on,” the opposite transis-
tor’s collector is subject to at least twice the DC supply voltage, since
both half primaries have an equal number of turns and are in series,
with the center tap connected to the supply.

However, the maximum stress is somewhat more than twice the
input voltage. An additional contribution comes from the so-called
leakage inductance spikes shown in Figures 2.12 and 2.1c. These come
about because there is effectively a small inductance (leakage induc-
tance L;) in series with each half primary as shown in Figure 2.7a.

At the instant of turn “off,” current in the transistor falls rapidly
at a rate dl/dT, causing a positive-going spike of amplitude e = L;
dl/dT at the bottom end of the leakage inductance. Conservative de-
sign practice assumes the leakage inductance spike may increase the
stress voltage by as much as 30%, more than twice the maximum DC
input voltage. Hence the transistors should be chosen so that they can
tolerate with some safety margin a maximum voltage stress V,, of

Vp = 1.3(2V4e) (2.15)

The magnitude of the leakage inductance is not easily calculable. It
can be minimized by use of a transformer core with a long center leg
and by sandwiching the secondary windings (especially the higher
current ones) in between halves of the primary. A good transformer
should have leakage inductance of no more than 4% of its magnetizing
inductance.

TIP  The leakage inductance of any winding can be easily measured by short-
circuiting all other windings and measuring the residual inductance on the
required winding. ~ K.B.

Leakage inductance spikes can be minimized by addition of a
snubber circuit (a capacitor, resistor, and diode combination) con-
nected to the transistor collector as shown in Figure 2.7a. Such
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Ve ‘ '

Leakage inductances
Cs Cs
Snubber Ds Ds Snubber
Rs Rs
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Lm

FIGURE 2.7 (2) How leakage inductances cause spikes on the collectors of
the power devices. (b) How leakage inductance stems from the fact that
some of the magnetic flux lines return through a local air path rather than
linking the secondary through the core. (c) The low-frequency equivalent
circuit of a transformer showing magnetizing inductance L,, and primary
and secondary leakage inductances L1,, L1s.

configurations also serve the important function of reducing AC
switching losses by load line shaping (phase shifting the overlap of
falling transistor current and rising voltage at the collector). Detailed
design of snubbers and some associated penalties they incur are dis-
cussed in Chapter 11.

Leakage inductance arises from the fact that some of the primary’s
magnetic flux lines do not return through the core and couple with the
secondary windings. Instead, they return around the primary winding
through a local air path as seen in Figure 2.7b.

The equivalent circuit of a core with its magnetizing L, (see Section
2.2.6) and primary L1, leakage inductances is shown in Figure 2.7c.
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Secondary leakage inductance arises from the fact that some of the
secondary current’s magnetic flux lines also do not couple with the
primary but instead link the secondary windings via a local air path.
But in most cases, there are fewer turns on the secondary than on the
primary, and L1s can be neglected.

The transformer equivalent circuit shown in Figure 2.7c is a valuable
tool in the understanding of many unexpected circuit effects and can
be used up to about 300 to 500 kHz, where shunt parasitic capacitors
across and between windings must also be taken into account.

2.2.12 Power Transistor Losses
2.2.12.1 AC Switching or Current-Voltage “Overlap” Losses

Leakage inductance in the power transformer allows a very rapid
collector voltage fall time because for a short time when a transistor
turns on, the leakage inductance has a very high impedance. Since
the current cannot change instantaneously through an inductor, the
collector current rises slowly during the turn “on” edge. Thus there
is very little overlap of falling voltage and rising current at turn “on”
and negligible switching loss.

At turn “off,” however, the inductance tends to maintain the previ-
ous current constant. Hence there is significant overlap and a worst-
case scenario may be assumed, such as that shown for the buck
regulator of Figure 1.5b. The exact situation is shown in Figure 2.8,

2 Vge

Ipft

Falling current

Rising voltage

<+
Tef

Turn -on Turn-of f

transition transition

FIGURE 2.8 Switching loss due to current/voltage overlap.
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where it is assumed that the current hangs on at its equivalent flat-
topped peak value I (see Section 2.2.10.1) for the time it takes the
voltage to rise from near zero to its maximum value of 2V{.. The volt-
age then remains at 2Vj. during the time, Ty, it takes the current to
fall from Ipst to zero. Assuming Tyy = T = T and a switching period
T, the total switching dissipation per transistor per period Pj(ac) is

2V Ts it T
Pt(ac = lpft zdc T 2V I;t T
= 21y (Vad) -
and from Eq. 2.9, Ipt = 1.56( P, / Vye):
P, —T.
Pi(ac) = 3. 12ﬁ Vic TS (2.16)

Notice there are negligible switching losses at turn “on” because
transformer leakage inductance causes a very fast voltage fall and a
slow current rise. This results in very little turn “on” loss. However,
worst-case scenario is shown at turn “off.” The current remains con-
stant at its peak ¢ until voltages rises to 2V.. The voltage remains
at 2V, for the duration of the current fall time T, producing a large
turn “off” loss.

2.2.12.2 Transistor Conduction Losses

The conduction losses are simply the transistor “on” voltage multi-
plied by the “on” current for each device averaged over a cycle, or

0.8T/2
Py = IpftvonT/ = O-4Ipftvon

It will be seen in Chapter 8 that a technique called Baker clamping can
be used to reduce transistor storage times for bipolar base drives. This
forces the collector “on” potential V. tobe about1V over alarge range
of current. Then for Ips from Eq. 2.9 we obtain

1.56P, 0.624P,
Py =04 = 2.17
dc & & ( )

and total losses per transistor are

Ptotal = Pt(ac) + Pdc

P, — T, 0.624P0 (2.18)
=312—V,
Vae “T T Vac
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2.2.12.3 Typical Losses: 150-W, 50-kHz Push-Pull Converter

It will be instructive to calculate the dissipation per transistor in a
150-W push-pull converter at 50 kHz operating from a 48-volt power
source.

The standard telephone industry power sources provide a nominal
voltage of 48 V, with a minimum (Vg.) of 38 V and maximum (Vg.) of
60 V. It will be assumed that at 50 kHz, bipolar transistors will be used,
and a reasonable value of the switching time (T; as defined earlier) of
0.3 us.

The DC conduction losses from Eq. 2.17 are

0.624 x 150
Pye = 37; —246 W

but the AC switching losses from Eq. 2.16 are much larger at

150 0.3
Piag =312 x —0 x 60 x = =118 W

Thus the AC overlap or switching losses are about 4.5 times greater
than the DC conduction losses. If MOSFET transistors are considered
with switching times T; of about 0.05 s, it can be seen that switching
losses would be negligible in this example.

2.2.13 Output Power and Input Voltage

Limitations in the Push-Pull Topology
Aside from the flux-imbalance problem in the push-pull topology,
which does not exist in the current-mode controlled version, limita-
tions include the useful power working area as defined in Eq. 2.9, and
input voltage in Eq. 2.15.

Equation 2.9 gives the peak current required of the transistor for
a desired output power, and Eq. 2.15 gives the maximum voltage
stress on the transistor in terms of the maximum DC input voltage.
These requirements limit the power rating of the push-pull topology
to around 500 W when using bipolar transistors. Above that, it is
difficult to find transistors that can meet the peak current and voltage
stress while being fast enough with adequate gain.

The technology is constantly improving, and without doubt a faster
MOSEFET with adequately high voltage and current ratings and suffi-
ciently low “on” voltages would extend this power range.

As an example, we will consider a 400-W push-pull converter op-
erating from telephone industry prime voltage source that is 48 V
(nominal), 38 V (minimum), and 60 V (maximum).

n
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Equation 29 gives the peak current requirement as Ipx =
1.56P,/Vq. = 1.56(400)/38 = 16.4 A, and Eq. 2.15 gives the maxi-
mum “off” voltage stress as V, = 2.6V3. = 2.6 x 60 = 156 V. To
provide a margin of safety, a transistor with at least a 200-V rating
would be selected.

A possible candidate would be the MJ13330 bipolar transistor. It
has a 20-A peak current rating, a Ve, rating of 200 V, and V¢, rating
of 400 V (the voltage it can sustain when it has a negative bias of —1
to —5 V at turn “off”). It can thus meet the peak voltage and current
stresses.

At 16 amps, it has a maximum “on” saturation voltage of about 3 V,
a minimum gain of about 5, and a storage time of 1.3 to 4 us. How-
ever, with these limitations, it would have high DC and AC switching
losses, have difficulty with flux imbalance (unless the current-mode
version of push-pull were used), and would have difficulty operating
above 40 kHz because of the long storage times.

A potential MOSFET for such an application is the MTH30N20.
This is a 30-A, 200-V device that at 16 A would have only 1.3 V “on”
state voltage drop and hence half the DC conduction losses of the
preceding bipolar transistor. With its fast switching times it would
have quite low switching losses, but this and similar devices can be
quite expensive.

For offline converters, the push-pull topology is not very attractive
due to the large voltage stress of 2.6V (see Eq. 2.15). For example,
with a 120-V AC line input and + 10% tolerance, the peak rectified DC
voltage is 1.41 x 1.1 x 120 = 186 V. Hence during turn “off” at the top
of the leakage spike, Eq. 2.15 gives a peak stress of 2.6 x 186 = 484 V.

We must also allow for transients in the supply above the maximum
steady-state values. Transients are seldom specified for commercial
power supplies, but conservative design practice assumes stress at
least 15% above the maximum steady-state value, increasing the max-
imum stress to 1.15 x 484 or 557 V.

Input voltage transients in special cases can be even greater, for ex-
ample, the specifications on military aircraft given by Military Stan-
dard 704. Here the nominal voltage is 113 V AC but with a 10-ms
transient to 180 V AC, the peak “off” stress from Eq. 1.42 would be
180 x 1.41 x 2.6 or 660 V. Although there are many fast bipolar tran-
sistors that can safely sustain voltages as high as 850 V with reverse
inputbias, clearly it is not good practice to use a topology that subjects
the transistors to high voltage transients.

Some topologies subject the transistors to only the normal maxi-
mum DC input voltage stress with no leakage spike. These are a better
choice for high voltage and “offline” applications, not only because of
the lesser voltage stress, but also because the smaller voltage excursion
at turn “off” produces less EMI (electromagnetic interference).
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2.2.14 Output Filter Design Relations
2.2.14.1 Output Inductor Design

It was pointed out in Section 2.2.4 that in both master and slave out-
puts, the output inductors should not be permitted to go discontinu-
ous. Remember, the discontinuous-mode situation commences at the
critical current where the inductor current ramp of Figure 1.6b has
dropped to zero. This occurs when the DC current has dropped to
half the ramp amplitude dI (see Section 1.3.6). Then

Ton Ton
dl =2I4 =V = = (V) — V)= (2.19)
€ L, L,

Figure 2.9 shows the output rectifier circuit for calculation of L,, C,.
When Vg is at its minimum, N; will be chosen so that as V1 is at its

f ARV,
D1 Lo
Ns
'JZ Co
V1 W
Ns
D2
I~
—
Switching
frequency
- V1
Ton
- V1
Ton
- V1
TOn Ton

FIGURE 2.9 Output rectifier circuit and waveforms.
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minimum, T, will not have to be greater than 0.8T/2 to yield the
specified value of V.
But V, = Vi(2Ton/T). Then

VT

Ton =
on 2V

But N; will be chosen so that To, will be 0.8T /2 when V. and conse-
quently, Vi, are at their minimum so that

—— 08T VT
T2 T 2n

or V| =1.25V,

and

_ 25V = V)O8T/2) o 005%T

dl
L, ~de Tie

Then if the minimum current I, is specified as one-tenth the nom-
inal current I, (the usual case),

_05V,T

Ion

Lo

(2.20)

where L, is in henries
V, is in volts
T is in seconds
I4qc is minimum output current in amperes
Ion is nominal output current in amperes

2.2.14.2 Output Capacitor Design

The output capacitor C, is selected to meet the maximum outputripple
voltage specification. In Section 1.3.7 it was shown that the output
ripple is determined almost completely by the magnitude of the ESR
(equivalent series resistance, R,) in the filter capacitor and not by the
magnitude of the capacitor itself. The peak-to-peak ripple voltage V;
is very closely equal to

V, = Rodl (2.21)

where dI is the selected peak-to-peak inductor ramp amplitude.
However, it was pointed out that (for aluminum electrolytic ca-

pacitors) the product R,C, has been observed to be relatively con-

stant over a large range of capacitor magnitudes and voltage ratings.
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For aluminum electrolytics, the product R,C, ranges between 50 and
80 x 107°. Then C, is selected as

80x10°® 80x10°°
TR W
(80 x 1076)(dI)
-

Co
(2.22)

where C, is in farads for dI in amperes (see Eq. 2.19) and V; is in volts.

Forward Converter Topology
2.3.1 Basic Operation

A typical triple output forward converter topology is shown in
Figure 2.10. This topology is often chosen for output powers under
200 W with DC supply voltages in the range of 60 to 200 V. Below
60 V, the primary input current becomes uncomfortably large at the
higher power levels. Above about 250 V, the maximum voltage stress
on the transistors becomes uncomfortably large.

Further, it will be shown that above output powers of 200 W or so,
the primary input current becomes too large even at the higher supply
voltages. We will see this from the following mathematical analysis.

The topology is similar to the push-pull circuit of Figure 2.1, but
does not suffer from the latter’s major shortcoming of flux imbalance,
since it has one rather than two transistors. Compared with the push-
pull, at lower power it is more economical in cost and size.

In Figure 2.10 we see a master output Vyr, and two slaves, Vi1 and
Vs2. A negative-feedback loop is closed around the master, and con-
trols the Q1 “on” time so as to keep Vom constant against line and
load changes. With an “on” time fixed by the master feedback loop,
the slave outputs V;1 and Vi, are fully regulated against input volt-
age changes but only partly (about 5 to 8%) against load changes in
themselves or in the master. The circuit works as follows.

If we compare the forward converter with the push-pull of Figure
2.1, we see that one of the transistors has been replaced by the diode
D1. When Q1 is turned “on,” the start of the primary winding N, (the
dotend) and the start of all secondaries go positive. Current flows into
the dot end of N,,. At the same time, all rectifier diodes D2 to D4 are
forward-biased, and current flows out of the starts of all secondaries
into the LC filters and the loads. Note that power flows into the loads
when the power transistor Q1 is turned “on,” hence the term forward
converter. Both the push-pull and buck regulators deliver power to

[
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FIGURE 2.10 Forward converter topology and waveforms. In this example
the feedback loop is closed around the chosen master output Vom, which is
regulated against line and load changes. The two semiregulated slaves (Vi
and V;,) will be regulated against line changes only.

the loads when the power transistors are “on,” so both are forward

converters.

In contrast, the boost regulator, the polarity inverter (see Figures
1.10 and 1.14), and the flyback type (which will be discussed in a later
chapter) store energy in an inductor or transformer primary when the
power transistor is “on” and deliver it to the load when the transistor
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turns “off.” Such energy storage topologies can operate in either the
discontinuous or continuous mode. These topologies are fundamen-
tally different from the forward converters and were discussed in Sec-
tions 1.4.2 and 1.4.3. They will be taken up again in Chapter 4, which
covers the flyback topology.

Consider Figure 2.10: if transistor Q1 has an “on” time of Ty, the
voltage at the master rectifier cathode D5 is at a high level for a period
of Ton. Assuming a 1-V “on” voltage for Q1 and a rectifier forward
drop of Vpy, the high-level voltage Vomr is

Vo = | (Vi = 32| = Ve .23)
N, p

The circuitry after the rectifier diode cathodes is exactly like that
of the buck regulator of Figure 1.4. Diodes D5 to D7 act like the free-
wheeling diode D1 of that figure. When Q1 turns “off,” the current
established in the magnetizing inductance of T1 while Q1 was “on”
(recall the equivalent circuit of a transformer as in Figure 2.7c) reverses
the polarity of the voltage across N,. Now all the starts (dot ends) of
primary and secondary windings go negative. Without the “catch”
action of diode D1, the dotend of N, would go very far negative; since
N, and N; usually have equal turns, the no-dot end of N, would go
sufficiently positive to avalanche Q1 and destroy it.

However, with the catch action of diode D1, the dot end of N, will
be clamped at one diode drop below ground. If there were no leakage
inductance in T'1 (recall again the equivalent circuit of a transformer
as in Figure 2.7c), the voltage across N, would equal that across N;.
Assuming that the 1-V forward drop across D1 can be neglected, the
voltage across N, and N, is Vq., and the voltage at the no-dot end of
N, and at the Q1 collector is then 2Vje.

We have seen previously that within one cycle, if a core has moved
in one direction on its hysteresis loop, it must be restored to exactly
its original position on the loop before it can be allowed to move
in the same direction again in the next cycle. Otherwise, after many
cycles, the core will “staircase” into saturation. If this is allowed to
happen, the core will not be able to support the applied voltage, and
the transistor will be destroyed.

Figure 2.10 shows that when Q1 is “on” for a time Ton, Np is sub-
jected to volt-second product Vy.Ton with its dot-end positive, that
volt-second product is the area Al in Figure 2.10. By Faraday’s law
(see Eq. 1.17), that volt-second product causes—say, a positive—flux
change dB = (VdCTon/N,gAe)lo‘8 gauss.

When Q1 turns “off,” and the magnetizing inductance has reversed
the polarity across N, and kept its no-dot end at 2V long enough for
the volt-second area product A2 in Figure 2.10 to equal area Al, the
core has been restored to its original position on the hysteresis loop,

m
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and the next cycle can safely start. We can see that the “reset volt-
seconds” has equaled the “set volt-seconds.”

When Q1 turns “off,” the dot ends of all secondaries go negative
with respect to their no-dot ends. Current in all output inductors L1
to L3 will try to decrease. Since current in inductors cannot change in-
stantaneously, the polarity across all inductors reverses in an attempt
to maintain the current’s constant. The input ends of the inductors
try to go far negative, but are caught at one diode drop below out-
put ground by free-wheeling diodes D5 to D7 (see Figure 2.10), and
rectifier diodes D2 to D4 are reverse-biased. Inductor current now con-
tinues to flow in the same direction through the output end, returning
through the load, partly through the filter capacitor, up through the
free-wheeling diode and back into the inductor.

Voltage at the cathode of the main diode rectifier D2 is then as shown
in Figure 2.11b. It is high at alevel of [(Vqc — 1)(N;y/Np)] — Vp2 for time
Ton, and for a time T — Ty, it is one free-wheeling diode (D5) drop
below ground. The LC filter averages this waveform, and assuming
that the forward drop across D5 equals that across D2(= V;;), the DC
output voltage at Vo is

Z\]H’l Ton
Vom = Vaie—1)— | = Va| — 2.24
[ I L

2.3.2 Design Relations: Output/Input

Voltage, “On” Time, Turns Ratios
The negative-feedback loop senses a fraction of Vrm, compares it with
the reference voltage V;ef, and varies Ton so as to keep Vom constant
for any changes in Vg, or load current.

From Eq. 2.24 it can be seen that as V. changes, the feedback loop
keeps the output constant by keeping the product Vy.Ton constant.
Thus maximum Ton(Ton) will occur at minimum specified Vic(Vye),
and Eq. 2.24 can be rewritten for minimum DC input voltage as

Vom = K(Vdc—l) I}:;*:) —Vd} % (2.25)

In relation in Eq. 2.25, a number of design decisions must be made
in the proper sequence. First, the minimum DC input voltage Vj. is
specified. Then the maximum permitted “on” time T;,,, which occurs
at Vg (minimum Vy.), will be set at 80% of a half period.

This margin is included to ensure (see Figure 2.10) that the area
A2 can equal Al. If the “on” time were permitted to go to a full half
period, A2 would just barely equal Al at the start of the next full cycle.
Then any small increase in “on” time due to storage time changes with
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FIGURE 2.11 Critical secondary currents in forward converter. Each
secondary has the characteristic ramp-on-a-step waveshape because of the
fixed voltage across the output inductor during T,, and its constant
inductance. Inductor current is the sum of the secondary plus the
free-wheeling diode current. It ramps up and down about the DC output
current. Primary current is the sum of all the ramp-on-a-step secondary
currents, reflected by their turns ratios into the primary. Primary current is
therefore also a ramp-on-a-step waveform.

temperature or production spreads would not permit A2 to equal Al.
The core would not be completely reset to its starting point on the
hysteresis loop; it would drift up into saturation after a few cycles
and destroy the transistor.

Next the number of primary turns N, is established from Faraday’s
law (see Eq. 1.17) for V., and a certain specified flux change dB in
the time T, Limits on that flux change are similar to those described
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for the push-pull topology in Section 1.5.9 and will also be discussed
later.

Thus, in Eq. 2.25, Va., Ton, T, and Vj are specified, and N, is cal-
culated from Faraday’s law. This fixes the number of main secondary
turns N;; needed to achieve the required main output voltage Vom.

2.3.3 Slave Output Voltages

The slave output filters L2, C2 and L3, C3 average the width-
modulated rectangular waveforms at their respective rectifier cath-
odes. The waveform upper levels are [(Vy. — 1)(Ns1/Np)] — Vis and
[(Vae — 1)(Ns2/Np)] — Vg, respectively. The low level voltages are one
diode drop below ground. They are at the high level for the same max-
imum T,y as is the main secondary, when the input DC input voltage
is at the specified minimum Vj.. Again assuming that the forward
rectifier and free-wheeling diode drops equal Vj, the slave output
voltages at low line V. are

Ve = K(Vdc—l)?ﬁl) —Vd] o (2.26)
p

Vo = [((vdc— 1)%‘2) - Vd] L (227)
p

By regulating Vom, the feedback loop keeps Vi Ton constant, but that
same product appears in Egs. 2.26 and 2.27, and hence the slave out-
puts remain constant as V. varies.

It can be seen from Eq. 2.24 and Figure 2.14 that the negative-
feedback loop keeps the main output constant for either line or load
changes by appropriately controlling Ty, period, so that the sampled
output is equal to the reference voltage Vs This is not so obvious
for load changes, since load current does not appear directly in Eq.
2.24, but it does appear indirectly. Load changes will change the “on”
voltage of Q1 (assumed as 1 V heretofore) and the forward drop in
the rectifier diode. Although these changes are small, they will cause
small changes in the output voltage that will be sensed and corrected
by the error amplifier by making a small change in Tgp.

Moreover, as can be seen in Egs. 2.26 and 2.27, any change in Ty
withouta corresponding change in V4. will cause the slave output volt-
ages to change. The slave output voltages also change with changes in
their ownload currents. As those currents change, the rectifier forward
drops also change, causing a change in the peak voltage at the input
to the LC averaging filter. So slave output voltages will change the
peak voltages to the averaging filters, with no corresponding change
in Ton. Such changes in the slave output voltages as a result of load
changes in the master and slave can be limited to within 5 to 8%.
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As discussed in Section 2.2.4, neither master nor slave output in-
ductors can be permitted to go discontinuous at their minimum load
currents. This is ensured by choosing appropriately large output in-
ductors, as will be described next.

The number of slave secondary turns N1, N2 are calculated from
Egs. 2.26 and 2.27, as all parameters there are either specified, or cal-
culated from specified values. The parameters V., T, and Vj are all
specified, and Ton is set at 0.8T /2 as discussed earlier; N is calculated
from Faraday’s law (see Eq. 1.17) as described earlier.

2.3.4 Secondary Load, Free-Wheeling Diode,

and Inductor Currents
Knowledge about the amplitudes and waveshapes of the various out-
put currents is needed to select secondary and output inductor wire
sizes and current ratings of the rectifiers and free-wheeling diodes.

As described for the buck regulator in Section 1.3.2, secondary cur-
rent during the Q1 “on” time has the shape of an upward-sloping
ramp sitting on a step (see Figure 2.11c) because of the constant volt-
age across the inductor during this time, with its input end positive
with respect to the output end.

When Q1 turns “off,” the input end of the inductor is negative with
respect to the output end and inductor current ramps downward.
The free-wheeling diode, at the instant of turn “off,” picks up exactly
the inductor current that had been flowing just prior to turn “off.”
That diode current then ramps downward (Figure 2.11d), as it is in
series with the inductor. Inductor current is the sum of the secondary
current when Q1 is “on” plus the free-wheeling diode current when
Q1 is “off,” and is shown in Figure 2.11e. Current at the center of the
ramp in any of Figure 2.11c, 2.11d, or 2.11e is equal to the DC output
current.

2.3.5 Relations Between Primary Current,
Output Power, and Input Voltage

Assume an efficiency of 80% of the total output power from all secon-
daries to the DC power at the input voltage node. Then P, = 0.8P,
or Py, = 1.25PF,. Now calculate P, at minimum DC input voltage
Vdc ,which is Vg times the average primary current at minimum DC
@ut. o

All secondary currents have the waveshape of a ramp sitting on
a step because all secondaries have output inductors. These ramp-
on-a-step waveforms have a width of 0.8T/2 at minimum DC input
voltage. All these secondary currents are reflected into the primary
by their turns ratios, and hence the primary current pulse is a single
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ramp-on-a-step waveform of width 0.8T/2. There is only one such
pulse per period (see Figure 2.10) as this is a single-transistor circuit.
The duty cycle of this primary pulse is then (0.8T/2)/T or 0.4.

Like the push-pull topology, this ramp-on-a-step can be approxi-
mated by an equivalent flat-topped pulse I of the same width and
whose amplitude is that at the center of the ramp. The average value
of this current is then 0.4I,¢. Then

3.13P,
Pin = 1.25P, = Vao(04Lpe)  or  Ipp = To (2.28)
- Vae

This is a valuable relation. It gives the equivalent peak flat-topped
primary current pulse amplitude in terms of what is known at the
outset—the minimum DC input voltage and the total output power.
This permits an immediate selection of a transistor with adequate
current rating and gain if it is a bipolar transistor, or with sufficiently
low “on” resistance if it is a MOSFET type.

For a forward converter, Eq. 2.28 shows I, has twice the amplitude
of that required in a push-pull topology (see Eq. 2.9) at the same output
power and minimum DC input voltage.

This is obvious, because the push-pull has two pulses of current
or power per period as compared with a single pulse in the forward
converter. From Eq. 2.25, if the number of secondary turns in the for-
ward converter is chosen large enough, then the maximum “on” time
at minimum DC input voltage will not need to be greater than 80%
of a half period. Then, as seen in Figure 2.10, the area A2 can always
equal Al before the start of the next period. The core is then always
reset to the same point on its hysteresis loop within one cycle and can
never walk up into saturation.

The penalty paid for this guarantee that flux walking cannot occur
in the forward converter is that the primary peak current is twice that
for a push-pull at the same output power. Despite all the precautions
described in Section 2.2.8, however, there is never complete certainty
in the push-pull that flux imbalance will not occur under unusual
dynamic load or line conditions.

2.3.6 Maximum Off-Voltage Stress
in Power Transistor

In the forward converter, with the number of turns on the reset wind-
ing N; equal to that on the power winding N),, maximum off-voltage
stress on the power transistor is twice the maximum DC input volt-
age plus a leakage inductance spike. These spikes and their origin
and minimization have been discussed in Section 2.2.11. Conservative
design, even with all precautions to minimize leakage spikes, should
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assume they may be 30% above twice the maximum DC input volt-
age. Maximum off-voltage stress is then the same as in the push-pull
and is

Vims = 1.3(2Va0) (2.29)

2.3.7 Practical Input Voltage/
Output Power Limits

It was stated at the outset in Section 2.3.1 that the practical maximum
output power limit for a forward converter whose maximum DC input
voltage is under 60 V is 150 to 200 W. This is so because the peak
primary current as calculated from Eq. 2.28 becomes excessive, as
there is only a single pulse per period as compared with two in the
push-pull topology.

Thus consider a 200-W forward converter for the telephone industry
in which the specified minimum and maximum input voltages are 38
and 60 V, respectively. Peak primary current from Eq. 2.28 is I =
3.13P,/ V4. = 3.13(200)/38 = 16.5 A, and from Eq. 2.29, maximum
off-voltage stress is Vins = 2.6Vgc = 2.6 x 60 = 156 V.

To provide a safety margin, a device with at least a 200-V rating
would be used to provide protection against input voltage transients
that could drive the DC input above the maximum steady-state value
of 60 V.

Transistors with 200-V, 16-A ratings are available, but they all have
drawbacks as discussed in Section 2.2.13. Bipolar transistors are slow,
and MOSFETs are easily fast enough but expensive. For such a 200-W
application, a push-pull version guaranteed to be free from flux imbal-
ance would be preferable; with two pulses of current per period, peak
current would be only 8 A. With the resulting lower peak current
noise spikes on the ground buses, the radio-frequency interference
(RFI) would be considerably lower—a very important consideration
for a telephone industry power supply. Such a flux imbalance—free
topology is current mode, which is discussed later.

The forward converter topology, like the push-pull (discussed in
Section 2.2.13), has the same difficulty in coping with maximum volt-
age stress in an offline converter where the nominal AC input voltage
is 120 £ 10%. At high line, the rectified DC inputis 1.1 x 120 x 1.41 =
186 V minus 2 V for the rectifier diode drops or 184 V. From Eq.
2.29, the maximum voltage stress on the transistor in the “off” state is
Vms = 2.6 x 184 = 478 V.

At minimum AC input voltage, the rectified DC output is V. =
(0.9 x 120 x 1.41) — 2 = 150 V, and from Eq. 2.28, the peak primary
current is I = 3.13 x 22/150 = 4.17 A.
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Thus, for a 200-W offline forward converter the problem is more
the 478-V maximum voltage stress than the 4.17-A peak primary cur-
rent stress. As was seen in Section 2.2.13, when a 15% input tran-
sient is taken into account, the peak off-voltage stress is 550 V. With
a bipolar transistor operating under V., conditions (reverse input
bias of —1 to —5 V at the instant of turn “off”), a voltage stress of
even 550 V is not a serious restriction. Many devices have 650- to
850-V Vey ratings and high gain, low “on” drop, and high speed at
4.17 A. But, as discussed in Section 2.2.13, there are preferable topolo-
gies, discussed next, that subject the off transistor to only Vg, and not
twice Vyc.

2.3.8 Forward Converter With Unequal Power

and Reset Winding Turns
Heretofore ithas been assumed that the numbers of turns on the power
winding N, and the reset winding N, are equal. Some advantages
result if N, is made less or greater than Np.

The number of primary power turns N, is always chosen by Fara-
day’s law and will be discussed in Section 2.3.10.2. If N; is chosen less
than N, the peak current required for a given output power is less
than that calculated from Eq. 2.28, but the maximum Q1 off-voltage
stressis greater than that calculated from Eq. 2.29.If N, is chosen larger
than N,, the maximum Q1 off-voltage stress is less than that calcu-
lated from Eq. 2.29, but the peak primary current for a given output
power is greater than that calculated from Eq. 2.28. This can be seen
from Figure 2.12 as follows. When Q1 turns “off,” polarities across
Np and N; reverse; the dot end of N, goes negative and is caught at
ground by catch diode D1. Transformer T1is now an autotransformer.
Thereis a voltage V. across N, and hence a voltage N, /N; (Vyc) across
N,. The core is set by the volt-second product by Vi.Ton during the
“on” time and must be reset to its original place on the hysteresis loop
by an equal volt-second product. That reset volt-second product is
Np/Nr(Vdc)Tro

When N, equals N,, the reset voltage equals the set voltage, and
the reset time is equal to the set time (area Al = area A2) as seen in
Figure 2.12b. For N, = Np, the maximum Q1 “on” time that occurs
at minimum DC input voltage is chosen as 0.8T/2 to ensure that the
core is reset before the start of the next period; Ton + T; is then 0.8T.

Now if N; is less than N, the resetting voltage is larger than V4. and
consequently T, can be smaller (area A3 = area A4) as shown in Figure
2.12c. With a shorter T,, Ton can be longer than 0.8T/2, and Ton + T, can
still be 0.8T so that the core is reset before the start of the next period.
With a longer Ty, the peak current is smaller for the same average
current and the same average output power. Thus in Figure 2.12¢, a
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FIGURE 2.12 Forward converter—collector-to-emitter voltages for three N,
to N, ratios. Note in all cases that reset volt-second product equals set
volt-second product. (2) Switching frequency, (b)) N, = N;, (c)N, > N},
(d)Np <N,.

smaller peak current stress has been traded for a longer voltage stress
than in Figure 2.12b.

With N, greater than N, the reset voltage is less than V.. Then if
Ton + T, is still to equal 0.8T, and the reset volt-seconds is to equal
the set volt-seconds (area A5 = area A6 in Figure 2.12d), T, must be
longer and T,, must be shorter than 0.8T/2, as the reset voltage is
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less than the set voltage. With Tgy, less than 0.8T/2, the peak current
must be higher for the same average current. Thus, in Figure 2.124,
a lesser voltage stress has been achieved at the cost of a higher peak
current for the same output power as in Figure 2.12b. This can be seen
quantitatively as

N
Set Ton + T, = 0.8T; reset voltage = V, = ﬁdec (2.30)
T
For “on” volt-seconds equal to reset volt-seconds,
N
VicTon = —£ Vi T, (2.31)
N,
Combining Egs. 2.30 and 2.31,
—_— 0.8T
= —— 2.32
on 1+ N,/ Np ( )

For 80% efficiency Pin = 1.25P, and Pin at Vae = Vic(lav) =
Viae Ipge(Ton)/ T or Ipg = 1.25(P, / Vy)(T/ Ton). Then from Eq. 2.32

Iyt = 1.56 (5”)(1 + N,/N,) (2.33)

dc

and the maximum Q1 off-voltage stress Vins—exclusive of the leakage
spike—is the maximum DC input voltage Vy. plus the reset voltage
(voltage across N, when the dot end of N; is at ground). Thus

N,
Vins = Ve + pr (Vac) = Vac(1 + Np/N;) (2.34)
r

Values of Ipit and Vj, calculated from Egs. 2.33 and 2.34 are

Ni/Np | Ipst (from Eq. 2.33) Vims(from Eq. 2.34)
0.6 2.50( Py / Vide) 2.67 Vg + leakage spike
0.8 2.81(Po/ Vi) 2.25 Vge +"”

1.0 3.12(P, / Vi) 2.00 Vgc +"”
1.2 3.43(P, / Vye) 1.83 Vg + 7~
14 3.74(P, / Vye) 1.71 Vg + "
1.6 4.06(P, / Vyc) 1.62 Vac +7”

2.3.9 Forward Converter Magnetics
2.3.9.1 First-Quadrant Operation Only

The transformer core in the forward converter operates in the first
quadrant of the hysteresis loop only. This can be seen in Figure 2.10.
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When Q1 is “on,” the dot end of T1 is positive with respect to the
no-dot end, and the core is driven, say, in a positive direction on the
hysteresis loop, and the magnetizing current ramps up linearly in the
magnetizing inductance.

When Q1 turns “off,” stored current in the magnetizing inductance
reverses the polarity of voltages on all windings. The dot end of N,
goes negative until it is caught one diode drop below ground by catch
diode D1. Now the magnetizing current that is stored in the mag-
netic core continues to flow. It simply transfers from N,, where it had
ramped upward during the Q1 “on” time, into N, where it ramps back
to zero during the “off” time. It flows out of the no-dot end of N; into
the positive end of the supply voltage Vg, out of the negative end of
Ve, through D1, and back into N;.

Since the dot end of N; is positive with respect to its no-dot end
during the Q1 “off” time, the magnetizing current I; ramps linearly
downward, as can be seen in Figure 2.10. When it has ramped down
to zero (at the end of area A2 in Figure 2.10), there is no longer any
stored energy in the magnetizing inductance and nothing to hold the
dot end of N; below the D1 cathode. The voltage at the dot end of N,
starts rising toward that at the D1 cathode. The voltage at the dot end
of N, starts rising toward V., and that at the no-dot end of N, (Q1
collector) starts falling from 2 V. back down toward Vj..

Thus operation on the hysteresis loop is centered about half the
peak magnetizing current (VycTon/2L ). Nothing ever reverses the
direction of the magnetizing current—it simply builds up linearly to
a peak and relaxes back down linearly to zero.

This first-quadrant operation has some favorable and some un-
favorable consequences. First, compared with a push-pull circuit, it
halves the available output power from a given core. This can be seen
from Faraday’s law (see Eq. 1.17), which fixes the number of turns on
the primary.

By solving Faraday’s law for the number of primary turns, we get
N, = Edt/A.dB x 1078. If dB in the forward converter is limited to
an excursion from zero to some By, instead of from —Bmax t0 +Bmax
as in a push-pull topology, the number of primary turns for the for-
ward converter will be twice that in each half primary of a push-pull
operating from the same Vy.. Although the push-pull has two half
primaries, each of which must support the same volt-second product
as the forward converter primary, the push-pull provides two power
pulses per period as compared with one for the forward converter.
The end result is that a core used in a forward converter can process
only half the output power available from the same core in a push-pull
configuration.

However, the push-pull core at twice the output power will run
somewhat warmer, as its flux excursion is twice that of the forward
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converter. Since core losses are proportional to the area of the hys-
teresis loop traversed, the push-pull core losses are twice that of the
forward converter.

Yet total copper losses in both half primaries of a push-pull are
no greater than that of a forward converter of half the output power,
because the rms current in each push-pull half primary is equal to that
in the forward converter primary. Since the number of turns in each
push-pull half primary is half that of the forward converter primary
of half the output power, they also have half the resistance. Thus total
copper loss in a forward converter is equal to the total loss of the two
half primaries in a push-pull of twice the output power.

2.3.9.2 Core Gapping in a Forward Converter

In Figure 2.3, we see the hysteresis loop of a ferrite core with no air
gap. We see that at zero magnetizing force (0 Oe) there is a residual
magnetic flux density of about £ 1000 G. This residual flux is referred
to as remanence.

In a forward converter, if the core started at 0 Oe and hence at
1000 G, the maximum flux change in dB possible before the core is
driven up into the curved part of the hysteresis loop is about 1000 G.
It is desirable to stay off the curved part of the hysteresis loop, and
hence the forward converter core with no air gap is restricted to a
maximum dB of 1000 G. As shown earlier, the number of primary turns
is inversely proportional to dB. Such a relatively small dB requires a
relatively large number of primary turns. A large number of primary
turns requires small wire size and hence decreases the current and
power available from the transformer.

By introducing an air gap in the core, the hysteresis loop is tilted as
shown in Figure 2.5, and magnetic remanence is reduced significantly.
The hysteresis loop tilts over but still crosses the H (coercive force) axis
with zero flux density at the same point. Coercive force for ferrites is
seen to be about 0.2 Oe in Figure 2.3. An air gap of 2 to 4 mils will
reduce remanence to about 200 G for most cores used at 200 to 500 W
of output power. With remanence of 200 G, the dB before the core
enters the curved part of the hysteresis loop is now about 1800 G, and
fewer turns are permissible.

However, a penalty is paid in introducing an air gap. Figure 2.5
shows the slope of the hysteresis loop tilted over. The slope is dB/dH
or core permeability, which has been decreased by adding the gap.
Decreasing permeability decreases magnetizing inductance and in-
creases magnetizing current (I, = Vy.Ton/Lnm). Magnetizing current
contributes no output power to the load; it simply moves the operating
point of the core around the hysteresis loop and contributes significant
copper loss if it exceeds 10% of the primary load current.
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2.3.9.3 Magnetizing Inductance with Gapped Core

Magnetizing inductance with a gapped core can be calculated as fol-
lows. Voltage across the magnetizing inductance is L,d],,/dt and from
Faraday’s law:

Lydly  NpAdB N, A.dB

Vie = = 1078 Ly = 1078 23
de = " dt ot Em=Tn (2.35)

where L, = magnetizing inductance, H
N, = number of primary turns
A, = core area, cm?
dB = core flux change, G
dl, = change in magnetizing current, A

A fundamental law in magnetics is Ampere’s law:
/H~dl = 0.47NI

This states that if a line is drawn encircling a number of ampere turns
NI, the dot product H - dl along that line is equal to 0.4 NI If the line
is taken through the core parallel to the magnetic flux lines and across
the gap, since H is uniform at a value H; within the core and uniform
at a value H, within the gap, then

Hil; + Hyl, = 0.47 NI, (2.36)

where H; = magnetic field intensity in iron (ferrite), Oe
I; = length of iron path, cm
H, = magnetic field intensity in air gap, Oe
I, = length of air gap, cm
I, = magnetizing current, A

However, H; = B;/u, where B; is the magnetic flux density in iron
and u is the iron permeability; H, = B, as the permeability of air is 1;
and B, = B; (flux density in iron = flux density in air) if fringing flux
around the air gap is ignored. Then Eq. 2.36 can be written as

0.4 NI,

B,
;Zl,v + Bil, = 0.47N,I,, or B;= e

(2.37)

Then dB/dl,, = 0.4xN/(l, + I;/u), and substituting this into Eq. 2.35:

_ 0.47m(Np)?A, x 107

L
" I, +1i/u

(2.38)
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Thus, introducing an air gap of length I, to a core of iron path length
I; reduces the magnetizing inductance in the ratio of

Ly (with gap) _ li/u
Ly, (without gap) la +1i/u

(2.39)

It is instructive to consider a specific example. Take an international
standard core such as the Ferroxcube 783E608-3C8. It has a magnetic
path length of 9.7 cm and an effective permeability of 2300. Then if a
4-mil (= 0.0102-cm) gap were introduced into the magnetic path, from
Eq. 2.39:

Lo 970
m (withgap) = 0.0102 + 9.7/2300 m (without gap)

= 0.29L ; (without gap)

A useful way of looking at a gapped core is to examine the denom-
inator in Eq. 2.38. In most cases, u is so high that the term I; /u is
small compared with the air gap /;, and the inductance is determined
primarily by the length of the air gap.

2.3.10 Power Transformer Design Relations
2.3.10.1 Core Selection

As discussed in Section 2.2.9.1 on core selection for a push-pull trans-
former, the amount of power available from a core for a forward con-
verter transformer is related to the same parameters—peak flux den-
sity, core iron and window areas, frequency, and coil current density
in circular mils per rms ampere.

In Chapter 7, an equation will be derived giving the amount of
available output power as a function of these parameters. This equa-
tion will be converted to a chart that permits selection of core size and
operating frequency at a glance.

For the present, it is assumed that a core has been selected and that
its iron and window areas are known.

2.3.10.2 Primary Turns Calculation

The number of primary turnsis calculated from Faraday’slaw as given
in Eq. 2.7. From Section 2.3.9.2, we see that in the forward converter
with a gapped core, flux density moves from about 200 G to some
higher value Bmax.

In the push-pull topology as discussed in Section 2.2.9.4, this peak
value will be set at 1600 G (for ferrites at low frequencies, where core
losses are not a limiting factor). This avoids the problem of a much
larger and more dangerous flux swing due to rapid changes in DC
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input voltage or load currents. Such rapid changes are not imme-
diately compensated because the limited error-amplifier bandwidth
can’t correct the power transistor “on” time fast enough.

During this error-amplifier delay, the peak flux density can exceed
the calculated normal steady-state value for a number of cycles. This
can be tolerated if the normal peak flux density in the absence of a line
or load transient is set to the low value of 1600 G. As discussed earlier,
the excursion from approximately zero to 1600 G will take place in
80% of a half period to ensure that the core can be reset before the start
of the next period (see Figure 2.12b).

Thus, the number of primary turns is set by Faraday’s law at

Ve — 1)(0.8T/2) x 10+8
N, = (Vae )(AedB/ ) x (2.40)

where Vg, = minimum DC input, V
T = operating period, s
A, = iron area, cm
dB = change in flux density, G

2.3.10.3 Secondary Turns Calculation

Secondary turns are calculated from Egs. 2.25 to 2.27. In those rela-
tions, all values except the secondary turns are specified or already
calculated. Thus (see Figure 2.10):

Ve = minimum DC input, V

Ty, = maximum “on” time, s(= 0.8T/2)
N, Ns1, Nyj» = numbers of main and slave turns

N, = number of primary turns

Vi = rectifier forward drop

If the main output produces 5 V at high current as is often the case,
a Schottky diode with forward drop of about 0.5 V is typically used.
The slaves usually have higher output voltages that require the use of
fast-recovery diodes with higher reverse-voltage ratings. Such diodes
have forward drops of about 1.0 V over a large range of current.

2.3.10.4 Primary rms Current and Wire Size Selection

Primary equivalent flat-topped current is given by Eq. 2.28. That cur-
rent flows for a maximum of 80% of a half period per period, so its max-
imum duty cycle is 0.4. Recalling that the rms value of a flat-topped
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pulse of amplitude I, is Irms = I/ Ton/ T, the rms primary current is
3.12P,
Irm rimary) — — , V 0.4
S (P a Y) &
1.97P,
Vac

(2.41)

If the wire size is chosen on the basis of 500 circular mils per rms
ampere, the required number of circular mils is
500 x 1.97P,
Vac
985P,
Vac

Circular mils needed =
(2.42)

2.3.10.5 Secondary rms Current and Wire Size Selection

It is seen in Figure 2.11 that the secondary current has the characteris-
tic shape of a ramp on a step. The pulse amplitude at the center of the
ramp is equal to the average DC output current. Thus, the equivalent
flat-topped secondary current pulse at V. (when its width is a maxi-
mum) has amplitude I4., width 0.8T /2, and duty cycle (0.8T/2)/T or
0.4. Then

Irms(secondary) = Idc v0.4

(2.43)
= 0.632I4c

and at 500 circular mils per rms ampere, the required number of cir-
cular mils for each secondary is

Circular mils needed = 500 x 0.632I4

(2.44)
= 31614

2.3.10.6 Reset Winding rms Current and Wire Size Selection

The reset winding carries only magnetizing current, as can be seen by
the dots in Figure 2.10. When Q1 is “on,” diode D1 is reverse-biased,
and no current flows in the reset winding. But magnetizing current
builds up linearly in the power winding N,. When Q1 turns “off,”
that magnetizing current must continue to flow. When Q1 current
ceases, the current in the magnetizing inductance reverses all winding
voltage polarities. When D1 clamps the dot end of N; to ground, the
magnetizing current transfers from N, to N, and continues flowing
through the DC input voltage source Vg, through D1, and back into
N;. Since the no-dot end of N, is positive with respect to the dot
end, the magnetizing current ramps downward to zero as seen in
Figure 2.10.
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The waveshape of this N, current is the same as that of the mag-
netizing current that ramped upward when Q1 was “on,” but it is
reversed from left to right. Thus the peak of this triangle of current is
Ip(magnetizing) = hﬁ/ Lmg, where L, is the magnetizing inductance
with an air gap as calculated from Eq. 2.39. The inductance without
the gap is calculated from the ferrite catalog value of A4;, the induc-
tance per 1000 turns. Since inductance is proportional to the square of
the number of turns, inductance for n turns is L,, = A;(11/1000)2. The
duration of this current triangle is 0.8T/2 (the time required for the
core to reset), and it comes at a duty cycle of 0.4.

It is known that the rms value of a repeating triangle waveform
(no spacing between successive triangles) of peak amplitude I, is
Lims = I+/3. But this triangle comes at a duty cycle of 0.4, and hence
its rms value is

L VacTon +/0.4
rms — ng \/g

VieTon
= 0.365—< "
Lmg

and at 500 circular mils per rms ampere, the required number of cir-
cular mils for the reset winding is

Circular mils required = 500 x 0.365 (2.45)

mg

Most frequently, the magnetizing current is so small that the reset
winding wire can be No. 30 AWG or smaller.

2.3.11 Output Filter Design Relations

The output filters L1C1, L2C2, and L3C3 average the voltage wave-
form at the rectifier cathodes. The inductor is selected to operate in
continuous mode (see Section 1.3.6) at the minimum DC output cur-
rent. The capacitor is selected to yield a specified minimum output
ripple voltage.

2.3.11.1 Output Inductor Design

Recall from Section 1.3.6 that discontinuous mode condition occurs
when the inductor current ramp drops to zero (see Figure 2.10). Since
the DC output current is the value at the center of the ramp, discon-
tinuous mode occurs at a minimum current I4. equal to half the ramp
amplitude dI as can be seen in Figure 2.10.
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Now referring to Figure 2.11,

(Vrk - Vo)Ton (Vrk - Vo(Ton)
dl =240 = —————  or == 7
e L1 2lge

But V, = VikTon/T- Then

VoT Ton
L1= (== -V,

< Ton ’ 2&

_ Vo(T/Ton = 1)/Ton
= T

But Ton = 0.8T/2. Then
0.3V,T
Ll1= 0 (2.46)

Lac

and if the minimum DC current I4. is one-tenth the nominal output
current I,,, then

L1 =3%T (2.47)

Ion

2.3.11.2 Output Capacitor Design

It was seen in Section 1.3.7 that the output ripple is almost completely
determined by the equivalent series resistance R, of the filter capacitor.
The peak-to-peak ripple amplitudeis Vor = R, dI, where dlis the peak-
to-peak ripple current amplitude chosen by the selection of the ripple
inductor as discussed earlier. Assuming that the average value of R,C,
for aluminum electrolytic capacitors over a large range of voltage and
capacitance ratings is given by R,C, = 65 x 107° as in Section 1.3.7,
then

C, = 65 x 107%/R,
dr (2.48)

or

=65x 107

where dI is in amperes and V, is in volts for C, in farads.

Double-Ended Forward
Converter Topology

2.4.1 Basic Operation

Double-ended forward converter topology is shown in Figure 2.13.
Although it has two transistors rather than one compared with the
single-ended forward converter of Figure 2.10, it has a very significant
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Vo2

Q2
1
| Switching
frequency
-1 - -t
Q1,Q2 Q1,Q2 Q1,Q2 Q1,Q2
on on on aon

FIGURE 2.13 Double-ended forward converter. Transistors Q1 and Q2 are
turned on and off simultaneously. Diodes D1 and D2 keep the maximum
off-voltage stress on Q1, Q2 at a maximum of V. as contrasted with 2V,
plus a leakage spike for the single-ended forward converter of Figure 2.10.

advantage. In the “off” state, both transistors are subjected to only
the DC input voltage rather than twice that, as in the single-ended
converter. Further, at turn “off,” there is no leakage inductance
spike.

It was pointed out in Section 2.3.7 that the off-voltage stress in the
single-ended forward converter operating from a nominal 120-V AC
line can be as high as 550 V when there is a 15% transient above a 10%
steady-state high line and a 30% leakage spike.

Although a number of bipolar transistors have Ve, ratings up to
650 and even 850 V that can take that stress, it is far more reliable to
use a double-ended forward converter with half the off-voltage stress.
Reliability is of overriding importance in a power supply design, and
in any weighing of reliability versus initial cost, the best and—in the
long run—Ileast expensive choice is reliability.
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Further, for power supplies to be used in the European market
where the AC voltage is 220 V (rectified DC voltage is nominally about
308 V), the single-ended forward converter is not usable at all because
of the excessive voltage stress on the off transistor (see Eq. 2.29). The
double-ended forward converter, the half bridge, and the full bridge
(to be discussed in Chapter 3) are the only choices for equipment to
be used in the European market.

The double-ended forward converter works as follows. In Figure
2.13, Ql and Q2 are in series with the transformer primary. These tran-
sistors are turned on and off simultaneously. When they are “on,” all
primary and secondary dot ends are positive, and power is delivered
to the loads. When they turn “off,” current stored in the T1 magne-
tizing inductance reverses the voltage polarity of all windings. The
negative-going dot end of N, is caught at ground by diode D1, and
the positive-going no-dot end of N, is caught at V. by diode D2.

Thus the emitter of Q1 can never be more than V. below its col-
lector, and the collector of Q2 can never be more than V. above its
emitter. Leakage inductance spikes are clamped so that the maximum
voltage stress on either transistor can never be more than the maxi-
mum DC input voltage.

The further significant advantage is that there is no leakage induc-
tance energy to be dissipated. Any energy stored in the leakage in-
ductance is not lost by dissipation in some resistive element or in the
power transistors. Instead, energy stored in the leakage inductance
during the “on” time is fed back into V4. via D1 and D2 when the
transistors turn “off.” The leakage inductance current flows out of the
no-dot end of N, through D2, into the positive end of Vj, out of its
negative end, and up through D1 back into the dot end of N,,.

Examination of Figure 2.13 reveals that the core is always reset in
a time equal to the “on” time. The reverse polarity voltage across N,
when the transistors are “off” is equal to the forward polarity voltage
across it when the transistors are “on.” Thus the core will always be
fully reset with a 20% safety margin before the start of a succeeding
half cycle if the maximum “on” time is no greater than 80% of a half
period. This is accomplished by choosing secondary turns so that the
peak secondary voltage at minimum V. times the maximum duty
cycle of 0.4 equals the desired output voltage (see Eq. 2.25).

2.4.1.1 Practical Output Power Limits

It should be noted that this topology still yields only one power pulse
per period, just like the single-ended forward converter. Thus the
power available from a specific core is pretty much the same for either
the single- or double-ended configuration. Asnoted in Section 2.3.10.6,
the reset winding in the single-ended circuit carries only magnetizing
current during the power transistor “off” time. Since that current is
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small, the reset winding can be wound with very small wire. Thus, the
absence of a reset winding in the double-ended circuit does not permit
significantly larger power winding wire size and output power from
a given core.

Because the maximum off transistor voltage stress cannot be greater
than the maximum DC input voltage, however, the 200-W practical
power limit for the single-ended forward converter discussed in Sec-
tion 2.3.7 does not hold for the double-ended forward converter. With
the reduced voltage stress, output powers of 400 to 500 W are obtain-
able, and transistors with the required voltage and current capability
and adequate gain are available at low price.

Consider a double-ended forward converter operating from a nom-
inal 120-V AC line with £ 10% tolerance and £ 15% allowance for
transients on top of that. The maximum rectified DC voltage is 1.41 x
120 x 1.1 x 1.15 = 214 V, and the minimum rectified DC voltage is
1.41 x 120 +1.1+1.15=134V, and equivalent flat-topped primary cur-
rent from Eq. 2.28 is Iy = 3.13 P / V., and for P, =400 W, [y = 9.6 A.
This requirement can be satisfied quite easily, because both bipolar and
MOSEFET transistors with adequately high gain are available at low
cost.

A double-ended forward converter with a voltage doubler from
the 120-V AC line would be a better alternative (see Figure 3.1). This
would double the voltage stress to 428 V but would halve the peak
current to 4.8 A. With 4.8 A of primary current, RFI problems would be
less severe. A bipolar transistor with a 400-V V¢, rating could tolerate
428 V easily, with —1- to —5-V reverse bias at the instant of turn “off”
(Veey rating).

2.4.2 Design Relations and
Transformer Design
2.4.2.1 Core Selection—Primary Turns and Wire Size

The transformer design for the double-ended forward converter pro-
ceeds exactly as for the single-ended converter. A core is selected from
the aforementioned selection charts (to be presented in Chapter 7 on
magnetics) for the required output power and operating frequency.

The number of primary turns is chosen from Faraday’s law as in
Eq. 2.40. There the minimum primary voltage is (Vyc — 2) as there
are two transistors rather than one in series with the primary—but
the transistor drops are insignificant since Vg is usually 134 V (120 V
AC). Maximum “on” time should be set at 0.8T/2 and dB at 1600 G
up to 50 kHz, or higher if not limited by core losses.

As mentioned for frequencies from 100 to 300 kHz, peak flux density
may have to be set from about 1400 to 800 G, as core losses increase
with frequency. But the exact peak flux density chosen depends on
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whether the newer, lower-loss materials are available. It also depends
to some extent on transformer size—smaller cores can generally oper-
ate at higher flux density, because they have a larger ratio of radiating
surface area to volume and hence can get rid of the heat they generate
(which is proportional to volume) more easily.

Since there is only one current or power pulse per period, as in
the single-ended forward converter, the primary current for a given
output power and minimum DC input voltage is given by Eq. 2.28,
and the primary wire size is chosen from Eq. 2.42.

2.4.2.2 Secondary Turns and Wire Size

Secondary turns are chosen exactly as in Sections 2.3.2 and 2.3.3 from
Eqgs. 2.25 to 2.27. Wire sizes are calculated as in Section 2.3.10.5 from
Eq.2.44.

2.4.2.3 Output Filter Design

The output inductor and capacitor magnitudes are calculated exactly
as in Section 2.3.11 from Eqs. 2.46 to 2.48.

Interleaved Forward Converter Topology

2.5.1 Basic Operation—Merits, Drawbacks,
and Output Power Limits

This topology is simply two identical single-ended forward converters
operating on alternate half cycles with their secondary currents adding
through rectifying “on” diodes. The topology is shown in Figure 2.14.

The advantage, of course, is that now there are two power pulses
per period, as seen in Figure 2.14, reducing the ripple current; also
each converter supplies only half the total output power.

Equivalent flat-topped peak transistor current is derived from
Eq. 2.28 as I = 3.13 Pot/2Vyc where Py is the total output power.
This transistor current is half that of a single forward converter at the
same total output power. Thus the expense of two transistors is offset
by the lower peak current rating and lower cost than that of the higher
current rating device.

Looking at it another way, two transistors of the same current rating
used at the same peak current as one single-ended converter at a given
output powerinaninterleaved converter would yield twice the output
power of the single converter.

Also, since the intensity of EMI generated is proportional to the peak
current, not to the number of current pulses, an interleaved converter
of the same total output power as a single forward converter will
generate less EML
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FIGURE 2.14 Interleaved forward converter. Interleaving the “on” times of
Q1 and Q2 on alternate half cycles, and summing their secondary outputs,
gives two power pulses per period but avoids the flux-imbalance problem of
the push-pull topology.
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If this topology is compared to a push-pull, it might be thought that
the push-pull is preferable. Although both are two-transistor circuits,
the two transformers in the interleaved forward converter are prob-
ably more expensive and occupy more space than a single large one
in a push-pull circuit. But there is the ever-present uncertainty that
the flux imbalance problem in the push-pull could appear under odd
transient line and load conditions. The certainty that there is no flux
imbalance in the interleaved forward converter is probably the best
argument for its use.

There is one special, although not frequent, case where the inter-
leaved forward converter is a much more desirable choice than a sin-
gle forward converter of the same output power. This occurs when
a DC output voltage is high—over about 200 V. In a single forward
converter the peak reverse voltage experienced by the output free-
wheeling diodes (D5 Aor D5 B) is twice that for an interleaved forward
converter as the duty cycle in the latter is twice that in the former.

This is no problem when output voltages are low, as can be seen
in Eq. 2.25. Transformer secondary turns are always selected (for the
single forward converter) so that at minimum DC input, when the
secondary voltage is at its minimum, the duty cycle T,/ T need not
be more than 0.4 to yield the desired output voltage. Then for a DC
output of 200 V, the peak reverse voltage experienced by the free-
wheeling diode is 500 V. At the instant of power transistor turn “on,”
the free-wheeling diode has been carrying a large forward current and
will suddenly be subjected to reverse voltage. If the diode has slow
reverse recovery time, it will draw a large reverse current for a short
time at 500-V reverse voltage and run dangerously hot.

Diodes with larger reverse voltage ratings generally have slower
recovery times and can be a serious problem. The interleaved forward
converter runs at twice the duty cycle and, for a 200 V-DC output,
subjects the free-wheeling diode to only 250 V. This permits a lower
voltage, faster-recovery diode with considerably lower dissipation.

2.5.2 Transformer Design Relations
2.5.2.1 Core Selection

The core for the two transformers will be selected from the aforemen-
tioned charts, to be presented in Chapter 7, but it will be chosen for
half the total power output that each transformer must supply.

2.5.2.2 Primary Turns and Wire Size

The number of primary turns in the interleaved forward converter
is still given by Eq. 2.40, as each converter’s “on” time will still be
0.8T /2 at minimum DC input. The core iron area A, will be read from
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the catalogs for the selected core. Primary wire size will be chosen
from Eq. 2.42 at half the total output power.

2.5.2.3 Secondary Turns and Wire Size

The number of secondary turns will be chosen from Eqs. 2.26 and 2.27,
but therein the duty cycle will be 0.8 as there are two voltage pulses,
each of duration 0.8T/2 at Vy.. Wire size will still be chosen from Eq.
2.44, where 4 is the actual DC output current that each secondary
carries at a maximum duty cycle of 0.4.

2.5.3 Output Filter Design
2.5.3.1 Output Inductor Design

The output inductor sees two current pulses per period, exactly like
the output inductor in the push-pull topology. These pulses have the
same width, amplitude, and duty cycle as the push-pull inductor at
the same DC output current. Hence the magnitude of the inductance
is calculated from Eq. 2.20 as for the push-pull inductor.

2.5.3.2 Output Capacitor Design

Similarly, the output capacitor “doesn’t know” whether it is filtering
a full-wave secondary waveform from a push-pull topology or from
an interleaved forward converter. Thus for the same inductor cur-
rent ramp amplitude and permissible output ripple as the push-pull
circuit, the capacitor is selected from Eq. 2.22.

Reference
1. K. Billings, Switchmode Power Supply Handbook, New York: McGraw-Hill, 1990.
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CHAPTER3

Half- and Full-Bridge
Converter Topologies

Introduction

Half-bridge and full-bridge topologies stress their transistors to a volt-
age equal to the DC input voltage not to twice this value, as do the
push-pull, single-ended, and interleaved forward converter topolo-
gies. Thus the bridge topologies are used mainly in offline converters
where supply voltage would be more than the switching transistors
could safely tolerate. Bridge topologies are almost always used where
the normal AC input voltage is 220 V or higher, and frequently even
for 120-V AC inputs.

An additional valuable feature of the bridge topologies is that
primary leakage inductance spikes (Figures 2.1 and 2.10) are easily
clamped to the DC supply bus and the energy stored in the leakage
inductance is returned to the input instead of having to be dissipated
in a resistive snubber element.

Half-Bridge Converter Topology
3.2.1 Basic Operation

Half-bridge converter topology is shown in Figure 3.1. Its major ad-
vantage is that, like the double-ended forward converter, it subjects
the “off” transistor to only Vg. and not twice that value. Thus it is
widely used in equipment intended for the European market, where
the AC input voltage is 220 V.

First consider the input rectifier and filter in Figure 3.1. It is used
universally when the equipment is to work from either 120-V AC
American power or 220-V AC European power. The circuit always
yields roughly 320-V rectified DC voltage, whether the input is 120 or
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FIGURE 3.1 Half-bridge converter. One end of the power transformer
primary is connected to the junction of filter capacitors C1, C2 via a small DC
locking capacitor Cy. The other end is connected to the junction of Q1, Q2,
which turn “on” and “off” on alternate half cycles. With S1 in the closed
position, the circuit is a voltage doubler; in the open position, it is a full-wave
rectifier. In either case, the rectified output is about 308 to 336 V..

220 V AC. It does this when switch S1 is set to the open position for
220-V AC input, or to the closed position for 120-V AC input. The S1
component is normally not a switch; more often it is a wire link that
is either installed for 120 V AC, or not for 220 V AC.

With the switch in the open 220-V AC position the circuit is a full-
wave rectifier, with filter capacitors C1 and C2 in series. It produces a
peak rectified DC voltage of about (1.41 x 220) — 2 or 308 V. When the
switch is in the closed 120-V AC position, the circuit acts as a voltage
doubler. On a half cycle of the input voltage when Ais positive relative
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to B, C1is charged positively via D1 to a peak of (1.41 x 120) — 1 or
168 V. On a half cycle when A is negative with respect to B, capacitor
C2 is charged positively via D2 to 168 V. The total voltage across C1
and C2 in series is then 336 V. It can be seen in Figure 3.1 that with
either transistor “on,” the “off” transistor is subjected to the maximum
DC input voltage and not twice that value.

Since the topology subjects the “off” transistor to only V. and not
2Vqy., there are many inexpensive bipolar and MOSFET transistors
that can support the nominal 336 DC V plus 15% upper maximum of
386 V. Thus the equipment can be used with either 120- or 220-V AC
line inputs by making a simple switch or linkage change.

After Pressman An automatic line voltage sensing and switching cir-
cuit that drives a relay or other device in the position of S1 is sometimes
implemented. The added cost and circuit complexity is offset by making the
switching action transparent to the end user of the equipment and by pre-
venting the possible damaging error of running the supply at 220 V while
connected for 120 V. ~ T.M.

Assuming a nominal rectified DC voltage of 336 V, the topology
works as follows: For the moment, ignore the small series blocking
capacitor Cp. Assume the bottom end of N, is connected to the junc-
tion of C1 and C2. Then if the leakages in C1, C2 are assumed to be
equal, that point will be at half the rectified DC voltage, about 168 V.
It is generally good practice to place equal bleeder resistors across
C1 and C2 to equalize their voltage drops. Now Q1 and Q2 conduct
on alternate half cycles. When Q1 is “on” and Q2 “off” (Figure 3.1),
the dot end of N, is 168 V positive with respect to its no-dot end, and
the “off” stress on Q2 is only 336 V. When Q2 is “on” and Q1 “off,” the
dot end of N, is 168 V negative with respect to its no-dot end and the
emitter of Q1 is 336 V negative with respect to its collector.

This AC square-wave primary voltage produces full-wave square
waveshapes on all secondaries—exactly like the secondary voltages
in the push-pull topology. The selection of secondary voltages and
wire sizes and the output inductor and capacitor proceed exactly as
for the push-pull circuit.

3.2.2 Half-Bridge Magnetics
3.2.2.1 Selecting Maximum “On” Time, Magnetic Core,
and Primary Turns

It can be seen in Figure 3.1, that if Q1 and Q2 are “on
simultaneously—even for a very short time—there is a short circuit
across the supply voltage and the transistors will be destroyed. To
make sure that this does not happen, the maximum Q1 or Q2 “on”

”
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time, which occurs at minimum DC supply voltage, will be set at
80% of a half period. The secondary turns will be chosen so that the
desired output voltages are obtained with an “on” time of no more
than 0.8T /2. An “on”-time clamp will be provided to ensure that the
“on” time can never be greater than 0.8T/2 under fault or transient
conditions.

The core is selected from the tables in Chapter 7 mentioned earlier.
These tables give maximum available output power as a function of
operating frequency, peak flux density, core and iron areas, and coil
current density.

With a core selected and its iron area known, the number of primary
turns is calculated from Faraday’s law (Eq. 1.17) using the minimum
primary voltage (V4./2) — 1, and the maximum “on” time of 0.8T /2.
Here, the flux excursion dB in the equation is twice the desired peak
flux density (1600 G below 50 kHz, or less at higher frequency), be-
cause the half-bridge core operates in the first and third quadrants
of its hysteresis loop—unlike the forward converter (Section 2.3.9),
which operates in the first quadrant only.

3.2.2.2 The Relation Between Input Voltage,
Primary Current, and Output Power
If we assume an efficiency of 80%, then

P = 1.25P,

The input power at minimum supply voltage is the product of min-
imum primary voltage and average primary current at minimum DC
input. At minimum DC input, the maximum “on” time in each half
period will be set at 0.8T/2 as discussed above, and the primary has
two current pulses of width 0.8T /2 per period T. At primary voltage
Vac/2, the input power is 1.25P = (V4c/2)(Ipt)(0.8T/ T), where Iy is
the peak equivalent flat-topped primary current pulse. Then

3.13Py

Ipft (half bridge) = &* 3.1)

3.2.2.3 Primary Wire Size Selection

Primary wire size must be much larger in a half bridge than in a
push-pull circuit of the same output power. However, there are two
half primaries in the push-pull, each of which has to support twice
the voltage of the half-bridge primary when operated from the same
supply voltage. Consequently, coil sizes for the two topologies are not
much different. Half-bridge primary RMS current is

Irms = IpftV OST/T
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and from Eq. 3.1

L _279P,
rms &

(3.2)

At 500 circular mils per RMS ampere, the required number of circular
mils is
500 x 2.79P,
Vae
1395P,

- % (3.3)

Circular mils needed

3.2.2.4 Secondary Turns and Wire Size Selection

In the following treatment the number of secondary turns will be
selected using Egs. 2.1 to 2.3 for Ton, = 0.8T/2, and the term Vg, — 1
will be replaced by the minimum primary voltage, whichis (Vg./2)—1.
The secondary RMS currents and wire sizes are calculated from Egs.
2.13 and 2.14, exactly as for the full-wave secondaries of a push-pull
circuit.

3.2.3 Output Filter Calculations

The outputinductor and capacitor are selected using Eqs. 2.20 and 2.22
as in a push-pull circuit for the same inductor current ramp amplitude
and desired output ripple voltage.

3.2.4 Blocking Capacitor to Avoid
Flux Imbalance

To avoid the flux-imbalance problem discussed in connection with
the push-pull circuit (Section 2.2.5), a small capacitor Cy is fitted in
series with the primary as in Figure 3.1. Recall that flux imbalance
occurs if the volt-second product across the primary while the core is
set (moves in one direction along the hysteresis loop) differs from the
volt-second product after it moves in the opposite direction.

Thus, if the junction of C1 and C2 is not at exactly half the supply
voltage, the voltage across the primary when Q1 is “on” will differ
from the voltage across it when Q2 is “on” and the core will walk
up or down the hysteresis loop, eventually causing saturation and
destroying the transistors.

This saturating effect comes about because there is an effective DC
current bias in the primary. To avoid this DC bias, the blocking capac-
itor is placed in series in the primary. The capacitor value is selected
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Switching
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Q2 on

FIGURE 3.2 The small blocking capacitor Cj in series with the half-bridge
primary (Figure 3.1) is needed to prevent flux imbalance if the junction of the
filter capacitors is not at exactly the midpoint of the supply voltage. Primary
current charges the capacitor, causing a droop in the primary voltage
waveform. This droop should be kept to no more than 10%. (The droop in
primary voltage, due to the offset charging of the blocking capacitor, is
shown as dV.)

as follows. The capacitor charges up as the primary current Ip¢ flows
into it, robbing voltage from the flat-topped primary pulse shown in
Figure 3.2.

This DC offset robs volt-seconds from all secondary windings and
forces alonger “on” time to achieve the desired output voltage. In gen-
eral, it is desirable to keep the primary voltage pulses as flat-topped
as possible.

In this example, we will assume a permissible droop of dV. The
equivalent flat-topped current pulse that causes this droop is I, in Eq.
3.1. Then, because that current flows for 0.8T /2, the required capacitor
magnitude is simply

Iog x 0.8T/2
p
=" —/F 4
C av (3.4)

Consider an example assuming a 150-W half bridge operating at
100 kHz from a nominal DC input of 320 V. At 15% low line, the DC
input is 272 V and the primary voltage is +272/2 or +136 V.

A tolerable droop in the flat-topped primary voltage pulse would
be 10% or about 14 V.

Then from Eq. 3.1 for 150 W and Vg of 272V, I =3.13 x 150/272 =
1.73 A, and from Eq. 3.4, Cp =1.73 x 0.8 x 5 x 107%/14 = 0.49 UE The
capacitor must be a nonpolarized type.
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3.2.5 Half-Bridge Leakage
Inductance Problems

Leakage inductance spikes, which are so troublesome in the single-
ended forward converter and push-pull topology, are easily avoided
in the half bridge: they are clamped to Vg, by the clamping diodes D5,
D6 across transistors Q1, Q2.

Assuming Q1 is “on,” the load and magnetizing currents flow
through it and through the primary leakage inductance of T1, the
paralleled T1 magnetizing inductance, and the secondary load
impedances that are reflected by their turn ratios squared into the
primary. Then it flows through C; into the C1, C2 junction. The dot
end of N, is positive with respect to its no-dot end.

When Q1 turns “off,” the magnetizing inductance forces all winding
polarities to reverse. The dot end of T'1 starts to go negative by flyback
action, and if this were to continue, it would put more than Vj. across
Q1 and could damage it. Also, Q2 could be damaged by imposing a
reverse voltage across it. However, the dot end of T1 is clamped by
diode D6 to the supply rail V4. and can go no more negative than the
negative end of the supply.

Similarly, when Q2 is “on,” it stores current in the magnetizing
inductance, and the dotend of N, is negative with respect to the no-dot
end (which is close to Vg4./2). When Q2 turns “off,” the magnetizing
inductance reverses all winding polarities by flyback action and the
dot end of Ny, tries to go positive but is caught at V4. by clamp diode
D5. Thus the energy stored in the leakage inductance during the “on”
time is returned to the supply rail V4. via diodes D5, D6.

”

3.2.6 Double-Ended Forward Converter
vs. Half Bridge

Both the half-bridge and double-ended forward converter (Figure
2.13) subject their respective “off” state transistors to only Vg. and
not twice that. Thus, they are both candidates for the European mar-
ket where the prime power is 220 V AC. Both methods have been
used in such applications in enormous numbers, and it is instructive
to consider the relative merits and drawbacks of each approach.

The most significant difference between the two approaches is that
the half-bridge secondary provides full-wave output as compared
with half-wave in the forward converter. Thus, the square-wave fre-
quency in the half-bridge secondary is twice that in the forward con-
verter, and hence, the output LC inductor and capacitor are smaller
with the half bridge.

After Pressman  The term frequency, when applied to double-ended and
single-ended converters, is not helpful. It is easier to consider secondary pulse
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repetition rate. If the pulse rate is the same for both types (conventionally,
doubling the frequency of the single-ended case), the power throughput will
be the same. It is just a matter of convention rather than a basic difference
in power ratings. In the push-pull case, each positive and negative half cycle
produces an output pulse resulting in two pulses per cycle (pulse frequency
doubling). So simply producing two pulses from the single-ended topology
in the same time period results in the same output.

The real difference between the two is that the push-pull takes the flux in
the core from a negative position on the BH loop to a positive position and,
conversely, while the single-ended goes from zero to positive only. Potentially
the push-pull has twice the flux range. However, above about 50 kHz, the
p-p flux swing is limited by core loss to less than 200 mT typically, a flux
swing that can be obtained easily from both the push-pull and single-ended
topologies. ~K.B.

Peak secondary voltages are higher with the forward converter
because the duty cycle is half that of the half bridge. This is significant
only if DC output voltages are high—greater than 200 V, as discussed
in Section 2.5.1.

There are twice as many turns on the forward converter primary
as on the half bridge because the former must sustain the full supply
voltage as compared with half that voltage in the half bridge. Having
fewer turns on the half-bridge primary may reduce its winding cost
and result in lower parasitic capacities.

After Pressman Although there are less turns on the half bridge, the
current is doubled and copper loss is proportional to I2, so the wire must be
twice the diameter for the same copper loss. ~K.B.

One final marginal factor in favor of the half bridge is that the coil
losses in the primary due to the proximity effect (Section 7.5.6.1) are
slightly lower than in the forward converter.

Proximity effect losses are caused by eddy currents induced in one
winding layer by currents in adjacent layers. Proximity losses increase
rapidly with the number of winding layers, and the forward converter
may have more layers. The half-bridge primary has half the turns of
a double-ended forward converter primary of equal output power
operating from the same DC supply voltage. However, this is balanced
somewhat by the larger wire size required for the half bridge. Thus,
the required number of circular mils for a forward converter primary
is given by Eq. 2.42 as 985P,/Vy. and for a half bridge by Eq. 3.3 as
1395P, / Vy.. o

In a practical case, the lower proximity effect losses for the half
bridge may be only a marginal advantage. Proximity effect losses will
be discussed in more detail in Chapter 7.
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3.2.7 Practical Output Power Limits
in Half Bridge

Peak primary current and maximum transistor off-voltage stress de-
termine the practical maximum available output power in the half
bridge. This limit is about 400 to 500 W for a half bridge operat-
ing from 120-V AC input in the voltage-doubling mode, shown in
Figure 3.1. It is equal to that required for the double-ended forward
converter as discussed in Section 2.4.1.1 and which can be seen as
follows: The peak equivalent flat-topped primary current is given by
Eq. 3.1 as Ip = 3.13P,/Vq.. For a £10% steady-state tolerance and
a 15% transient allowance on top of that, the maximum off-voltage
stressis Vi, = 1.41 x 120 x 2 x 1.1 x 1.15 or 428 V. The minimum DC
input voltage is Vg. = 1.41 x 120 x 2/1.1/1.15 =268 V.

Thus, for 500-W output, Eq. 3.1 gives the peak primary current as
ot = 3.13x500/268 = 5.84 A, and there are many transistor choices—
either MOSFETs or bipolars—with 428-V, 6-A ratings. Bipolars must
have a —1-V to —5-V reverse bias (to permit Ve, rating) at turn “off”
to permit a safe “off” voltage of 428 V. Most adequately fast transistors
at that current rating have a Ve, rating of only 400 V.

The half bridge can be pushed to 1000-W output, but at the required
12-A rating, most available bipolar transistors with adequate speed
have too low a gain. MOSFET transistors at the required current and
voltage rating have too large an “on” drop and are too expensive for
most commercial applications at the time of this writing.

Above 500 W, consider the full-bridge topology, a small modifica-
tion of the half bridge but capable of twice the output power.

Full-Bridge Converter Topology

3.3.1 Basic Operation

The full-bridge converter topology is shown in Figure 3.3 with the
same voltage-doubling full-wave bridge rectifying scheme as was
shown for the half bridge (Section 3.2.1). It can be used as an offline
converter from a 440-V AC line.

Its major advantage is that the voltage impressed across the primary
isasquare wave of £V, instead of V4. /2 for the half bridge. Further,
the maximum transistor off-voltage stress is only the maximum DC
input voltage—just as for the half bridge. Thus, for transistors of the
same peak current and voltage ratings, the full bridge is able to deliver
twice the output power of the half bridge.

In the full bridge the transformer primary turns must be twice that
of the half bridge as the primary winding must sustain twice the volt-
age. However, to get the same output power as a half bridge from the
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FIGURE 3.3 Full-bridge converter topology. Power transformer T1 is
bridged between the junction of Q1, Q2 and Q3, Q4. Transistors Q2, Q3 are
switched “on” simultaneously for an adjustable time during one half
period; then transistors Q4, Q1 are simultaneously “on” for an equal time
during the alternate half period. Transformer primary voltage is a square
wave of +Vg.. This contrasts with the +Vj./2 primary voltage in the half
bridge and yields twice the available power.

same DC supply voltage, the peak and RMS currents are half that of
the half bridge because the transformer primary supports twice the
voltage as the half bridge. With twice the primary turns but half the
RMS current, the full-bridge transformer size is identical to that of the
half bridge at equal output powers. With a larger transformer, the full
bridge can deliver twice the output of the half bridge with transistors
of identical voltage and current ratings.

Figure 3.3 shows a master output, Vo and a single slave output, V;1.
The circuit works as follows. Diagonally opposite transistors (Q2 and
Q3 or Q4 and Q1) are turned “on” simultaneously during alternate
half cycles. Assuming that the “on” drop of the transistors is negligible,
the transformer primary is thus driven with an alternating polarity



Chapter 3: Half- and Full-Bridge Converter Topologies

square wave of amplitude V4. and “on” time f,, determined by the
feedback loop.

The feedback loop senses a fraction of Vom, and the pulse width
modulator controls £, so as to keep Vom constant against line and load
changes. The slave outputs, as in all other topologies, are kept con-
stant against AC line input changes, but only to within about 5 to 8%
against load changes. If we assume a 1-V “on” drop in each switching
transistor, 0.5-V forward drop in the master output Schottky rectifiers,
and 1.0-V forward drops in the slave output rectifiers, we get

Nsm 2ton
Vom = {(Vd —2) — 0.5] (3.50)
o c Np T
Nsm 2t
Vom ~ Vdc I;;n ]im (3-5b)
1\[51 2ton
Vo1 = |:(Vd -2) - 1} (3.6a)
‘ N, T
I\[sl 2ton
Vo1 =~ V. 3.6b
ol dc Np T ( )

As in all pulse width modulated regulators, as V. goes up or down
by a given percentage, the width modulator decreases or increases the
“on” time by the same percentage so as to keep the product (Vyc)(fon)
and, hence, the output voltages constant.

3.3.2 Full-Bridge Magnetics
3.3.2.1 Maximum “On” Time, Core, and Primary Turns Selection

In Figure 3.3, it can be seen that if two transistors that are vertically
stacked above one another (Q3 and Q4, or Q1 and Q2) are turned
“on” simultaneously, they would present a dead short-circuit across
the DC supply bus and the transistors would fail. To ensure this does
not happen, the maximum “on” time f,, will be chosen as 80% of a
half period. This is “chosen” by selecting the turns ratios Nsm/Np,
Ns1/ Ny, so that in those equations for Vy., with o, equal to 0.8T/2,
the correct output voltages—Vym, V,1—are obtained. The maximum
“on” time occurs at minimum DC input voltage Vj.—as can be seen
in Egs. 3.5b and 3.6b. o

The magnetic core and operating frequency are chosen from the
core-frequency selection chart in Chapter 7. With a core selected and
its iron area A, known, the number of primary turns N, is chosen
from Faraday’s law (Eq. 1.17). In Eq. 1.17, E is the minimum primary
voltage (Vg — 2), and dB is the flux change desired in the time dt of
0.8T /2. As discussed in Section 2.2.9.4, dB will be chosen as 3200 G
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(—1600 to +1600 G) for frequencies up to 50 kHz and this will be
reduced at higher frequencies because core losses increase.

3.3.2.2 Relation Between Input Voltage, Primary Current,
and Output Power

Assume an efficiency of 80% from the primary input to the total output
power. Then

P, =08P, or Pn=1.25P,

Atminimum DCinput voltage Vg, on time per half periodis 0.8T /2,
and duty cycle over a complete period is 0.8. Then neglecting the
power transistor on drops, input power at V. is

Pin = Vie(0.8) Ig = 1.25P,

or

1.56P,
Vae

Ipft = (37)

where L is the equivalent primary flat-topped current as described
in Section 2.2.10.1.

3.3.2.3 Primary Wire Size Selection
Current Ipg flows at a duty cycle of 0.8 so its RMS value is

Irms = Irms v0.8.
Then, from Eq. 3.7

Iims = (1.56 P,/ Vae) V0.8

1.40P,
Vae

(3.8)

Irrns =

And at a current density of 500 circular mils per RMS ampere, the
required number of circular mils is

500 x 1.40P,
Vac

700P,

Vi

Circular mils needed

(3.9)

3.3.2.4 Secondary Turns and Wire Size

The number of turns on each secondary is calculated from Egs. 3.5a
and 3.5b, where f,, is 0.8T/2 for the specified minimum DC input
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Vde, Np as calculated in Section 3.3.2.1, and all DC outputs are
specified.

Secondary RMS currents and wire sizes are chosen exactly as for the
push-pull secondaries as described in Section 2.2.10.3. The secondary
RMS currents are given by Eq. 2.13 and the required circular mils for
each half secondary is given by Eq. 2.14.

3.3.3 Output Filter Calculations

For the half-bridge and push-pull topologies that have full-wave out-
put rectifiers, the output inductor and capacitors are calculated from
Egs. 2.20 and 2.22. Equation 2.20 specifies the output inductor for
minimum DC output currents equal to one-tenth the nominal values.
Equation 2.22 specifies the output capacitor for the specified peak-to-
peak output ripple V, and the selected peak-to-peak inductor current
ripple amplitude.

3.3.4 Transformer Primary
Blocking Capacitor

Figure 3.3 shows a small nonpolarized blocking capacitor C; in series
with the transformer. It is needed to avoid the flux-imbalance problem
as discussed in Section 3.2.4.

Flux imbalance in the full bridge is less likely than in the half bridge,
but still is possible. With bipolars, an “on” pair in one half cycle may
have different storage times than the pair in the alternate half cycle.
With MOSFETs, the “on” state voltage drops of the pairs for alternate
half cycles may be unequal. In either case, if the volt-second product
applied to the transformer primary in alternate half cycles is unequal,
the core could walk off the center of the hysteresis loop, saturate the
core, and destroy the transistors.
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CHAPTER4

Flyback Gonverter
Topologies

Foreword
I find that many engineers and students have great difficulty with the
design of flyback type converters. This is unfortunate because these
topologies are very useful, and, in fact, they are not difficult to design.

The problem is not the intrinsic difficulty of the subject matter (or
the ability of the student). The fault is related to the way the subject is
traditionally taught.

Right from the start the normal term flyback transformer immediately
projects the wrong mindset. Not unreasonably, designers set out to
design a “flyback transformer” as if it were a real transformer. This is
not the way to go.

We are all very familiar with transformers, very simple devices
really—we put a voltage across a primary winding and we get a volt-
age on a secondary winding. The voltage ratio follows the turns ratio,
irrespective of the output (or load) current. In other words, the trans-
former conserves the voltage transfer ratio (one volt per turn on the
primary results in one volt per turn on the secondary. You want ten
volts? Then use ten turns, very simple). However, notice an important
property of transformers, the primary and secondary conduct at the
same time. If current flows into the start of the primary winding it
flows out of the start of the secondary winding at the same time.

Figure 4.1 shows the basic schematic of a flyback converter. Notice
the when Q1 is “on” current flows into the primary winding of T'1 but
the secondary diodes are not conducting and there isno secondary cur-
rent. When Q1 turns “off” the primary current stops, all winding volt-
ages reverse by flyback action, and the output diodes and secondary
windings now conduct current. So the primary and secondary wind-
ings in the flyback “transformer” conduct current at different times.
This apparently minor difference dramatically changes the rules.

17
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FIGURE 4.1 Basic flyback converter schematic. The action is as follows:
When Q1 turns “on,” all rectifier diodes become reverse-biased, and all
output load currents are supplied from the output capacitors. T1 acts like a
pure inductor and primary current builds up linearly in it to a peak I,,. When
Q1 turns “off,” all winding voltages reverse under flyback action, bringing
the output diodes into conduction and the primary stored energy 1/ 2L1f7 is
delivered to the output to supply load current and replenish the charge on
the output capacitors (the charge that they lost when Q1 was on). The circuit
is discontinuous if the secondary current has decayed to zero before the start
of the next turn “on” period of Q1.

Think about it! When Q1 is “on” only the primary winding is con-
ducting (the other windings are not visible to the primary because
they are not conducting). Q1 thinks it is driving an inductor. When
Q1 turns “off” only the secondary windings conduct and now the
primary winding cannot be seen by the secondaries (so now the sec-
ondaries think they are being driven by an inductor). So how does
this change the rules? Well, functionally the so-called flyback “trans-
former” is really functioning as an inductor with several windings
and follows the rules applicable to inductors.
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The rules for an inductor with more than one winding are as follows:
The primary to secondary ampere-turns ratios are conserved (not the
voltage ratios, as was the case with a true transformer). For example,
if the primary is, say, 100 turns and the current when Q1 turns “off” is
1 amp, then we have developed 100 ampere-turns in the primary. This
must be conserved in the secondaries. With, say, a single secondary
winding of 10 turns, the secondary current will be 10 amps (10T x
10A =100 ampere-turns). In the same way, a single turn will develop
100 amps or 1000 secondary turns will develop 0.1 amps.

So where do we stand with regard to voltage? Well, to the first order,
there is no correlation between primary and secondary voltages. The
secondary voltage is simply a function of load. Consider the 10-turn
10-amp (100 ampere-turns) secondary winding example mentioned
above. If we terminate the winding with a 1-ohm load, we will get
10 volts. What is more striking because the 10 amps must be con-
served is that if we terminate it with 100 ohms, we will get 1000 volts!
This is why the flyback topology is so useful for generating high volt-
ages (don’t try to open circuit this winding because it will destroy
the semiconductors). With several secondary windings conducting at
the same time, then the sum of all the secondary ampere-turns must
be conserved.

So the lesson we learn here is that flyback “transformers” actually
operate as inductors and must be designed as such. (In Chapter 7, I
use the term choke instead of inductor because the core must support
both DC and AC components of current.) If flyback “transformers”
had originally been called by their correct functional name, “flyback
chokes,” then a lot of confusion could have been avoided.

We must not forget that voltage transformation is still taking place
between primary and secondary windings even if they are not con-
ducting at the same time. Taking the above example of 10 turns termi-
nated in 100 ohms, the 1000 volts thus developed on this secondary
winding will reflect back to the primary as 10,000 volts; this added
to the supply of 100 volts will stress Q1 in its “off” state with 10,100
volts (where did I put that 11,000 volt transistor?). Hardly practical,
but the theory holds.

So when designing flyback transformers keep the following key
points in mind:

1. Remember you are not designing a transformer, you are design-
ing a choke with additional windings.

2. The primary turns are selected to satisfy the AC voltage stress
(volt-seconds) and the core AC saturation properties:

T
N, = VT
BAe
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Where Np is minimum primary turns
V is the maximum primary DC voltage (volts)
T is the maximum “on” period for Q1 (microseconds)
B is the AC p-p flux swing (tesla) typically 200 mT for
ferrite
Ae is the effective center pole area of the core (mm?)

3. The secondary turns are optional. If you choose the same volts
per turn on the secondary as was used for the primary, then the
flyback voltage on Q1 will be twice the supply voltage.

4. When using a gapped ferrite core, the minimum core gap must
be such that the core will not saturate for the sum of DC and AC
magnetization current. More often the gap is chosen to satisfy
the power transfer requirements. This normally results in a gap
exceeding the minimum requirements. Remember the energy
stored in the primary is

E(joules) = 1sL?

Remember this is the maximum energy that can be transferred
to the secondary, and then only in the discontinuous (complete
energy transfer) mode. In the continuous mode, only part of this
energy is transferred.

Note Although reducing the inductance L may appear to reduce the
stored energy, the current 1 increases in the same ratio as the induc-
tance decreases. Since the 1 parameter is squared, the stored energy
actually increases as L decreases.

5. It is not recommended that you try to design for a defined in-
ductance. It is better to let inductance be a dependant variable
as changing the core gap or core material (permeability) will
change the inductance.

Below in Chapter 4, Pressman follows the conventional “flyback
transformer” approach, providing a very complete analysis. The
reader may find it helpful to first read Chapter 7 in this book and
Part 2, Chapters 1 and 2 in my book, shown as Reference 1 at the end
of this chapter.

Introduction

All the topologies previously discussed (with the exception of the
boost regulator Section 1.4 and the polarity inverter Section 1.5)
deliver power to their loads during the period when the power tran-
sistor is turned “on.”
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However, the flyback topologies described in this chapter operate
in a fundamentally different way. During the power transistor “on”
time, they store energy in the power transformer. During this period,
the load current is supplied from an output filter capacity only. When
the power transistor turns “off,” the energy stored in the power trans-
former is transferred to the load and to the output filter capacitor
as it replaces the charge it lost when it alone was delivering load
current.

The flyback has advantages and limitations, discussed in more de-
tail later. A major advantage is that the output filter inductors nor-
mally required for all forward topologies are not required for flyback
topologies because the transformer serves both functions. This is par-
ticularly valuable in low-cost multiple output power supplies yielding
a significant saving in cost and space.

Basic Flyback Converter Schematic

The basic flyback converter topology together with typical current
and voltage waveforms is shown in Figure 4.1. It is very widely used
for low-cost applications in the power range from about 150 W down
to less than 5 W. Its great initial attraction is immediately clear—it has
no secondary output inductor, and the consequent saving in cost and
volume is a significant advantage.

In Figure 4.1, flyback operation can be easily recognized from
the position of the dots on the transformer primary and secondary
(these dots show the starts of the windings). When Q1 is “on,” the
dot ends of all windings are negative with respect to their no-dot
ends. Output rectifier diodes D1 and D2 are reverse-biased and all
the output load currents are supplied from storage filter capacitors
C1 and C2. These will be chosen as described below to deliver the
load currents with the maximum specified ripple or droop in output
voltages.

Operating Modes

There are two distinctly different operating modes for flyback con-
verters: the continuous mode and the discontinuous mode. The wave-
forms, performance, and transfer functions are quite different for the
two modes, and typical waveforms are shown in Figure 4.2. The value
of primary inductance and the load current determine the mode of
operation.
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FIGURE 4.2 (a2 and b) Waveforms of a discontinuous-mode flyback at

the point of transition to continuous-mode operation. Notice in the
discontinuous mode, the current remains discontinuous (the transformer
has periods of zero current) providing there is a dead time (Ty) between
the instant the secondary current reaches zero and the start of the next

“on” period. (c and d) If the transformer is loaded beyond this point,

some current remains in the transformer at the end of the “off” period and
the next “on” period will have a sharp current step at its front end. This step
is characteristic of the continuous mode of operation, as the secondary
current no longer decays to zero at any part of the conduction period. There
is a dramatic change in the transfer function at the point of entering
continuous mode, and if the error-amplifier bandwidth has not been
drastically reduced, the circuit will oscillate.
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4.4 Discontinuous-Mode Operation

Figure 4.1 shows a master output and one slave output. As in all
other topologies shown previously, a negative-feedback loop will be
closed around the master output Vom. A fraction of Vo, will be com-
pared to a reference, and the error signal will control the “on” time
of Q1 (the pulse width), so as to regulate the sampled output volt-
age equal to the reference voltage against line and load changes.
Hence, the master output is fully regulated. However, the slaves
will also be well regulated against line changes and somewhat less
well against load changes because the secondary winding voltages
tend to track the master voltage. As a result, the slave line and load
regulation is better than for the previously discussed forward-type
topologies.

During the Q1 “on” time, there is a fixed voltage across N, and
currentinitramps up linearly (Figure 4.1b) atarate of dl/dt = (Vg.—1)/
Ly, where L, is the primary magnetizing inductance. At the end of the
“on” time, the primary current hasramped up to I, = (Vae—1)Ton/L p.
This current represents a stored energy of

_ Lp(Ip)?
2

E (4.1)

where E is in joules
L, is in henries
I, is in amperes

Now when Q1 turns “off,” the current in the magnetizing induc-
tance forces a reversal of polarities on all windings. (This is called fly-
back action.) Assume, for the moment, that there are no slave windings
and only the master secondary Nj,. Since the current in an inductor
cannot change instantaneously, at the instant of turn “off,” the primary
current transfers to the secondary at an amplitude Is = I,(N,/Ny).

After anumber of cycles, the secondary DC voltage has built up toa
magnitude (calculated below) of Vom. Now with Q1 “off,” the dot end
of N, is positive with respect to its no-dot end and current flows out
of it, but ramps down linearly (Figure 4.1c) at a rate dI;/dt = Vom/ Vs,
where L; is the secondary inductance. The discontinuous mode action
is defined as follows.

If the secondary current has ramped down to zero before the start
of the next Q1 “on” time, all the energy stored in the primary when
Q1 was “on” has been delivered to the load and the circuit is said to
be operating in the discontinuous mode.

Since an amount of energy E in joules delivered in a time T in
seconds represents input power in watts, we can calculate the input
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power as follows: At the end of one period, power P drawn from
Vdc is

— 1/2Lp(1p)2

P
T

w (4.20)
But I, = (Vac — 1) Ton/L - Then

_ [(Vdc - 1)Ton]2 ~ (VdcTon)2

P ~
2TL, 2TL,

W (4.2b)

As can be seen from Eq. 4.2b, the feedback loop maintains constant
output voltage by keeping the product Vy.Ton constant.

4.4.1 Relationship Between Output Voltage,
Input Voltage, “On” Time, and
Output Load

Let us assume an efficiency of 80%, then
Input power = 1.25 (output power)
C125(V,)?  Va(LpI})
=% = T

But I, = VycTon/L p since maximum “on” time T, occurs at mini-
mum supply voltage Vy., as can be seen from Eq. 4.2b.
Then 1.25 (V)?/Ro = /2L p Vac* T2, /L5 T or

Vo = VacTony | 5= 43)

Thus the feedback loop will regulate the output by decreasing Ton
as Ve or R, goes up, increasing T, as ViR, goes down.

4.4.2 Discontinuous-Mode to

Continuous-Mode Transition
In Figures 4.2a and 4.2b the solid lines represent primary and sec-
ondary currents in the discontinuous mode. Primary current is a tri-
angle starting from zero and rising to a level I1 (point B) at the end
of the power transistor “on” time.

At the instant of Q1 turn “off,” the current I, established in the
primary winding is transferred to the secondary so as to maintain the
ampere-turns ratio. This current is dumped into the secondary capac-
itors and load during the “off” period. The secondary current ramps
downward at a rate dI; /dt = (V, + 1)/Ls, where L; is the secondary
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inductance, which is (N;/Nj)? times the primary magnetizing induc-
tance. This current reaches zero at time I, leaving a dead time Tg;
before the start of the next turn “on” period at point F. All the current
and hence energy stored in the primary during the previous “on” pe-
riod has now been completely delivered to the load before the next
turn “on.” The average DC output current will be the average of the
triangle GHI multiplied by its duty cycle of Tog/T.

Now, to remain in the discontinuous mode, there must be a dead
time Ty (Figure 4.2b) between the time the secondary current has
dropped to zero and the start of the next power transistor “on” time.
As more power is demanded (by decreasing R,), Ton must increase
to keep output voltage constant (see Eq. 4.3). As Ty, increases (at
constant V), primary current slope remains constant and the peak
current rises from B to D as shown in Figure 4.2a. Secondary peak
current (= I, N,/Ns) increases from H to K in Figure 4.2b and starts
later in time (from G to J).

Since the output voltage is kept constant by the feedback loop, the
secondary slope V,/Ls remains constant and the point at which the
secondary current falls to zero moves closer to the start of the next turn
“on.” This reduces Ty; until a point L is reached where the secondary
current has just fallen to zero at the instant of the next turn “on.”
This load current marks the end of the discontinuous mode. Notice
that if the supply voltage falls, the “on” time T, must increase as V.
decreases to maintain constant output voltage and this will have the
same effect.

Notice that as long as the circuit is in the discontinuous mode so
that a dead time always remains, increasing the “on” time increases
the area of the primary and secondary current triangle GHI up to
the limit of the area JKL. Further, since the DC output current is
the average of the secondary current triangle multiplied by its duty
cycle, then during the very next “off” period following an increase
in “on” time, more secondary current is immediately available to the
load.

When the dead time has been lost, however, any further increase
in load current demand will increase the “on” time and decrease the
“off” time as the back end of the secondary current can no longer
move to the right. The secondary current will start later than point |
(Figure 4.2b) and from a higher point than K. Then at the start of the
next “on” period (position F in Figure 4.2a or L in Figure 4.2b), there
is still some current or energy left in the transformer.

Now the front end of the primary current will have a small step. The
feedback loop tries to deliver the increased DC load current demand
by keeping the “on” time later than point J. Now at each successive
“off” time, the current remaining at the end of the “off” time and
hence the current step at the start of the next “on” time increase.
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Finally after many switching cycles, the front-end step of primary
current and the back-end current at the end of the “off” time in Figure
4.2d are sufficiently high so that the area XYZW is somewhat larger
than that sufficient to supply the output load current. Now the feed-
backloop starts to decrease the “on” time so that the primary trapezoid
lasts from M to P and the secondary current trapezoid lasts from T to
W (Figures 4.2a and 4.2b).

At this point, the volt-seconds across the transformer primary when
the power transistor is “on” is equal to the “off” volt-seconds across
it when the transistor is “off.” For this condition, the transformer core
is always reset to its original point on the hysteresis loop at the end of
a full cycle. It is also the condition where the average or DC voltage
across the primary is zero. This is an essential requirement, since the
DC resistance in the primary is near zero and it is not possible to
support a long-term DC voltage across zero resistance.

Once the continuous mode has been established, increased load
current is supplied initially by an increase in “on” time (from MP
to MS in Figure 4.2c). For fixed-frequency operation this results in a
decrease in “off” time from TW to XW (Figure 4.2d) as the back end
of the secondary current pulse cannot move further to the right in
time because the dead time has vanished. Although the peak of the
secondary current has increased somewhat (from point U to Y), the
area lost in the decreased “off” time (T to X) is greater than the area
gained in the slope change from UV to YZ in Figure 4.2d.

Thus, in the continuous mode, a sudden increase in DC output
current initially causes a decrease in width and a smaller increase
in height of the secondary current trapezoid. After many switching
cycles, the average trapezoid height builds up and the width relaxes
back to the point where the “on” volt-seconds again equals the “off”
volt-seconds across the primary.

In addition, since the DC output voltage is proportional to the area
of the secondary current trapezoid, the feedback loop, in attempting
to keep the output voltage constant against an increased current de-
mand, first drastically decreases the output voltage and then, after
many switching cycles, corrects it by building up the amplitude of the
secondary current trapezoid. This is the physical-circuits significance
of the so-called right-half-plane-zero, which forces the drastic reduc-
tion in error-amplifier bandwidth to stabilize the feedback loop. The
right-half-plane-zero will be discussed further in the chapter on loop
stabilization.

After Pressman In a fixed-frequency system, the immediate effect of in-
creasing the “on” period (to increase primary and hence output current)
will be to decrease the “off” period (the period for transfer of current to
the output). Since the inductance of the transformer prevents rapid changes
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in current, the immediate effect of trying to increase current is to cause a
short-term decrease in output current. (This is a transitory 180° phase shift
between cause and effect). This short transitory phase shift is the cause of
the right-half-plane-zero in the transfer function. It is a non-compensatable
dynamic effect and forces the designer to provide a very low-frequency roll off
in the control loop to maintain stability. Hence transient performance will
not be good. The flyback converter in the continuous mode has a boost-like
converter characteristic and any converter or combination of converters that
have a boost-type characteristic will have the right-half-plane-zero problem.
~K.B.

4.4.3 Continuous-Mode Flyback—
Basic Operation

The flyback topology is widely used for high output voltages at rela-
tively low power (<5000 V at <15 W). It can also be used at powers of
up to 150 W if DC supply voltages are high enough (>160 V) so that
primary currents are not excessive. The feature which makes it valu-
able for high output voltages is that it requires no output inductor. In
forward converters, discussed above, output inductors become a trou-
blesome problem at high output voltages because of the large voltages
they have to sustain. Not requiring a high voltage free-wheeling diode
is also a plus for the flyback in high voltage supplies.

After Pressman A further advantage for high voltage applications is
that relatively large voltages can be obtained with relatively fewer trans-
former turns. ~K.B.

The flyback topology is attractive for multiple output supplies be-
cause the output voltages track one another for line and load changes,
far better than they do in the forward-type converters described ear-
lier. The absence of output inductors results in better tracking. As a
result, flybacks are a frequent choice for supplies with many output
voltages (up to 10 isolated outputs are not uncommon). The power
can be in the range of 50 to 150 W.

Although they can be used from DC input voltages as low as 5V,
it is more usual to find them used for the usual rectified 160 VDC
obtained from a 115-V AC power line input. By careful design of the
turns ratios, they can also be used in universal line input applications
ranging from the rectified output of 160 volts DC from 110 AC inputs
up to the 320 V DC obtained from a 220-V AC power line, without the
need for the voltage doubling—full-wave rectifying scheme (switch S1)
shown in Figure 3.1.

The latter scheme, although very widely used, has the objectionable
feature that to do the switching from 115 to 220 V AC, both ends of
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the switch in Figure 3.1 have to be accessible on the outside of the
supply, which is a safety hazard. Or the supply must be opened to
change the switch position. Both these alternatives have drawbacks.
An alternative scheme not requiring switching will be discussed in
Section 4.3.5.

Both modes have an identical circuit diagram, shown in Figure 4.1,
and it is only the transformer’s magnetizing inductance and output
load current that determines the operating mode. It has been shown
that with a given magnetizing inductance, a circuit that has been de-
signed for the discontinuous mode will move into the continuous
mode when the output load current is increased beyond a unique
boundary. The mechanism for this and its consequence are discussed
in more detail below.

The discontinuous mode (as shown in Figure 4.22) does not have
a front-end step in the primary current. At turn “off” (as shown in
Figure 4.2b), the secondary current will be a decaying triangle that
has ramped down to zero before the next turn “on.” All the energy
stored in the primary during the “on” period has been completely
delivered to the secondary and thus to the load before the next turn
“on.”

In the continuous mode, however (as seen in Figure 4.2c), the pri-
mary current does have a front-end step and the characteristic of a
rising current ramp following the step. During the “off” period of
Q1 (Figure 4.2d), the secondary current has the shape of a decay-
ing triangle sitting on a step with current still remaining in the sec-
ondary at the instant of the next turn “on” action. Clearly there is
still some energy left in the transformer at the instant of the next turn
“on.”

The two modes have significantly different operating proper-
ties and usages. The discontinuous mode, which does not have a
right-half-plane-zero in the transfer function, responds more rapidly
to transient load changes with a lower transient output voltage
spike.

A penalty is paid for this performance, in that the secondary peak
current in the discontinuous mode can be between two and three times
greater than that in the continuous mode. This is shown in Figures
4.2b and 4.2d. Secondary DC load current is the average of the current
waveshapes in those figures. Also, assuming closely equal “off” times,
it is obvious that the triangle in the discontinuous mode must have a
much larger peak than the trapezoid of the continuous mode for the
two waveshapes to have equal average values.

With larger peak secondary currents, the discontinuous mode has
a larger transient output voltage spike at the instant of turn “off”
(Section 4.3.4.1) and requires a larger LC spike filter to remove it.



Chapter 4: Flyback Converter Topologies

Also, the larger secondary peak current at the start of turn “off” in the
discontinuous mode causes a greater RFI problem. Even for moderate
output powers, the very large initial spike of secondary current at
the instant of turn “off” causes a much more severe noise spike on
the output ground bus, because of the large di/dt into the output bus
inductance.

After Pressman A major advantage of the discontinuous mode is that
the secondary rectifier diodes turn “off” under low current stress conditions.
Also they are fully “off” before the next “on” edge of Q1. Hence the problem
of diode reverse recovery is eliminated. This is a major advantage in high
voltage applications as diode reverse recovery current spikes are difficult to
eliminate and are a rich source of RFI. ~K.B.

Due to the poor form factor, secondary RMS currents in the dis-
continuous mode can be much larger than those in the continuous
mode. Hence, the discontinuous mode requires larger secondary wire
size and output filter capacitors with larger ripple current ratings.
The rectifier diodes will also run hotter in the discontinuous mode
because of the larger secondary RMS currents. Further, the primary
peak currents in the discontinuous mode are larger than those in the
continuous mode. For the same output power, the triangle of Figure
4.2a must have a larger peak than the trapezoid of Figure 4.2c. The
consequence is that the discontinuous mode with its larger peak pri-
mary current requires a power transistor of higher current rating and
possibly higher cost. Also, the higher primary current at the turn “off”
edge of Q1 results in a potential for greater RFI problems.

Despite all the disadvantages of the discontinuous mode, it is much
more widely used than the continuous mode. This is so for two rea-
sons. First, as mentioned above, the discontinuous mode, with an in-
herently smaller transformer magnetizing inductance, responds more
quickly and with a lower transient output voltage spike to rapid
changes in output load current or input voltage. Second, because of a
unique characteristic of the continuous mode (its transfer function has
a right-half-plane-zero, to be discussed in a later chapter on feedback
loop stabilization), the error amplifier bandwidth must be drastically
reduced to stabilize the feedback loop.

After Pressman  Modern power devices, such as the Power Integration’s
Top Switch range of products, have the “noisy” FET drain part of the chip
isolated from the heat sink tab. This, together with integrated drive and
control circuits, which further reduce radiating area, very much reduces the
RFI problems normally associated with the discontinuous flyback topology.
~K.B.
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4.5 Design Relations and Sequential

Design Steps

4.5.1 Step 1: Establish the

Primary/Secondary Turns Ratio
For the most expedient design, there are a number of decisions that
should be made in the following logical sequence.

First select a core size to meet the power requirements.

Next choose the primary/master secondary turns ratio N, /Nsm to
determine the maximum “off”-voltage stress Vins on the power tran-
sistor in the absence of a leakage inductance spike as follows:

Neglecting the leakage spike, the maximum transistor voltage stress
at maximum DC input V. and for a 1-V rectifier drop is

— — N

Vins = Ve + £ (VU + 1) (4-4)
Nsm

where Viys is chosen sufficiently low so that a leakage inductance spike

of 0.3V on top of that still leaves a safety margin of about 30% below

the maximum pertinent transistor rating (Veeo, Veer, 01 Veev).

4.5.2 Step 2: Ensure the Core Does Not

Saturate and the Mode Remains

Discontinuous
To ensure that the core does not drift up or down its hysteresis loop,
the “on” volt-second product (Al in Figure 4.1d) must equal the reset

volt-second product (A2 in Figure 4.1d). Assume that the “on” drop
of Q1 and the forward drop of the rectifier D2 are both 1 V:

No 1, (4.5)
Nom

where T, shown in Figure 4.1c is the reset time required for the sec-
ondary current to return to zero.

To ensure the circuit operates in the discontinuous mode, a dead
time (Ty; in Figure 4.1¢) is established so that the maximum “on” time
Ton, which occurs when Vg, is a minimum, plus the reset time T; is
only 80% of a full period. This leaves 0.2T margin against unexpected
decreases in R,, which according to Eq. 4.3 would force the feedback
loop to increase Ty, in order to keep V, constant.

As for the boost regulator, which is also a flyback type (Sections 1.4.2
and 1.4.3), it was pointed out that if the error amplifier has been de-
signed to keep the loop stable only in the discontinuous mode, it may
break into oscillation if the circuit momentarily enters the continuous
mode.

(Vac = DTon = (Vo + 1)
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Increasing DC load current or decreasing V4. causes the error ampli-
fier to increase Ty, in order to keep V, constant (Eq. 4.3). This increased
Ton eats into the dead time Ty, and eventually the secondary current
does not fall to zero by the start of the next Q1 “on” time. This is the
start of the continuous mode, and if the error amplifier has not been
designed with a drastically lower bandwidth than required for dis-
continuous mode, the circuit will oscillate. To ensure that the circuit
remains discontinuous, the maximum “on” time that will generate the
desired maximum output power is established:

Ton+ T+ Tae=T
or
Ton+ T, = 0.8T (4.6)

Now in Egs. 4.5 and 4.6, there are two Eknowns, as Np/Nsm has been
calculated from Eq. 4.4 for specified V4. and Vins. Then from the last
two relations

(Vo D(N,/New)(08T)

Ton = 4.7
(Vac = 1) + (Vs + (N /Nom) 47
4.5.3 Step 3: Adjust the Primary Inductance
Versus Minimum Output Resistance
and DC Input Voltage
From Eq. 4.3, the primary inductance is
—\ 2 P
Ry (VaTon\  (VacTon)?
Ly =357 < v, ) ~ 25TP, *8)

4.5.4 Step 4: Check Transistor Peak Current
and Maximum Voltage Stress
If the transistor is a bipolar type, it must have an acceptably high gain

at the peak current operating current Ip. This is
 VaTom
p =
Ly

(4.9)

where Vg is specified and Toy is calculated from Eq. 4.7 and L, is
calculated from Eq. 4.8.

If Q1isa MOSFET, it should have a peak current rating about 5 to 10
times the value calculated from Eq. 4.9 so that its “on”-state resistance
islow enough to yield an acceptably low voltage drop and power loss.

131



132

4.6

Switching Power Supply Design

4.5.5 Step 5: Check Primary RMS Current
and Establish Wire Size

The primary current is a triangle of peak amplitude I, (Eq. 4.9) at a
maximum duration T, out of every period T. Its RMS value (Section
2.2.10.6) is

I, [Ton
Irms(primary) = 7% % (4.10)

where I, and Ty, are as given by Egs. 4.9 and 4.7.
At 500 circular mils per RMS ampere, the required number of cir-
cular mils is

Circular mils required (primary) = 500 Irms(primary)

I, |Ton
= 50011/ —= 411
BVT (4.11)
4.5.6 Step 6: Check Secondary RMS Current
and Select Wire Size
The secondary current is a triangle of peak amplitude Is = I,,(N,/N;)

and duration T,. Primary/secondary turns ratio N,/N; is given by
Eq. 44 and T, = (T — Tyn). Secondary RMS current is then

I,(Ny/N. T,
Irms(secondary) = p(\pf?{S)\/? (4.12)

At 500 circular mils per RMS ampere, the required number of cir-
cular mils is

Secondary circular mils required = 500/ ;ms(secondary) (4.13)

Design Example for a Discontinuous-Mode
Flyback Converter

We will now look at a worked design example for a flyback converter
with the following specifications:

Vo 50V
Po(max) 50 W
Io(max) 10 A
I (min) 1.0A
Vdc(max) 60V
Vdc(min) 38V
Switching frequency | 50 kHz
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First, select the voltage rating of the transistor as this mainly de-
termines the transformer turns ratio. Choose a device with a 200-V
rating. In Eq. 4.4 choose the maximum stress Vi, on the transistor in
the “off” state (excluding the leakage inductance spike) as 120 V. Then
even with a 25% or 30-V leakage spike, this leaves a 50-V margin to
the maximum voltage rating. Then from Eq. 4.4

N, N,
120:60+N’”(v0+1) or NP =10

sm sm

Now choose maximum “on” time from Eq. 4.7

(Vo 4+ 1)(N,/Nsm)(0.8T)
T (Ve — 1) + (Vo + 1)Np/Nem

_6><10><0.8><20

(38—1)+6x 10

H

=99ups
From Eq. 4.8
 (VaTon)?
P~ 25TPR,

_ (38x9.9x107%)?
T 25%x20x 1076 x 50

= 56.6uH

From Eq. 4.9

~ 38x99x10°°
~ 56.6 x 1076
=6.6A

From Eq. 4.10, primary RMS current is

Irms(primary) = % %
6.6 9.9
= —— X —_—
V20

=27A
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From Eq. 4.11, primary circular mils requirement is
L(primary circular mils) = 500 x 2.7 = 1350 circular mils

This calls for a No. 19 wire of 1290 circular mils, which is close enough.
From Eq. 4.12, secondary RMS current is

engany = 12NN [T
rms(secondary) — T ?

But reset time T, is

(0.8T — Ton) = (16 —9.9) = 6.1us

Then
6.6 x10 /6.1
Irms(secor\dary) = T 5
=21A

We see that from Eq. 4.12, the required number of circular mils is
500 x 21 = 10,500. This calls for No. 10 wire, which is impractically
large in diameter. A foil winding or a number of smaller diameter
wires in parallel with an equal total circular-mil area would be used.

After Pressman  Contrary to popular belief, the wire size and leakage in-
ductance in a flyback transformer are important design parameters. Multiple
strands of wire in parallel are required, with the maximum wire size selected
to minimize skin and proximity effects. Even though the secondary energy
comes from the energy stored in the transformer core, leakage inductance
must still be minimized to ensure good energy transfer from the primary
winding to the secondary windings to reduce voltage spikes on Q1 at the
“off” transition. This will reduce the amount of snubbing required on Q1
and reduce RFI. (See Chapter 7.) ~K.B.

The output capacitor is chosen on the basis of specified peak-to-
peak output voltage ripple as follows:

At maximum output current, the filter capacitor C, carries the 10-A
output current for all but the 6.1 s reset period, or 13.9 ps. The voltage
on this capacitor droops by V = I(T — tu)/C,. Then for a voltage
droop of 0.05V

c o 10 x 13.9 x 106
o 0.05
= 2800 uF
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From Section 1.4.7, the average ESR of a 2800-uF aluminum elec-
trolytic capacitor is

Resr = 65 x 107%/C, = 0.023 Q

At the instant of transistor turn “off,” a peak secondary current of
66 amps flows through the above capacitor ESR, causing a thin spike
of 66 x 0.023 = 1.5 V. This large-amplitude thin spike at transistor turn
“off” is a universal problem with flybacks having a large N,/ N; ratio.
It is usually solved by using a larger filter capacitor than calculated as
above (since Reg is inversely proportional to C,) and/or integrating
away the thin spike with a small LC circuit.

After Pressman Since the spike contains a large amount of high fre-
quency components, combining several capacitors in parallel will reduce the
spike amplitude significantly. Small ceramic and film caps are often used.
~K.B.

Selecting a transformer core for a flyback topology circuit is sig-
nificantly different than selecting for a forward converter. Remember
in the flyback that when current flows in the primary, the secondary
current is zero, and there is no current flow in the secondary to buck
out the primary ampere turns as there is in the forward converters.
Thus in the flyback, all the primary ampere turns tend to saturate the
core.

In contrast, in non-flyback topologies, secondary load current flows
when primary current flows and is in the direction (by Lenz’s law) to
cancel the ampere turns of the primary. It is only the primary magne-
tizing current that drives the core over its hysteresis loop and moves it
toward saturation. That magnetizing current is kept a small fraction of
the primary load current by providing a large magnetizing inductance
and hence core saturation is not a basic a problem with non-flyback
topologies.

Hence, flyback transformer cores must have some means of carrying
large primary currents without saturating. This is done by choosing
low permeability materials such as MPP (molybdenum permalloy
powder) cores that have an inherent air gap or by using gapped ferrite
cores (Section 2.3.9.3 and Chapter 7). This is discussed further in the
following section.

4.6.1 Flyback Magnetics

Referring to Figure 4.1a, it is seen from the winding dots that when
the transistor is “on” and current flows in the primary, no secondary
currents flow. This is totally different from forward-type converters,
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in which current flows in the secondary when it flows in the primary.
Thus in a forward-type converter, primary current flows into a dot
end and secondary current flows out of a dot end.

Primary and secondary load ampere-turns then cancel each other
out and do not move the core across its hysteresis loop. In the forward-
type converters, it is only the magnetizing current that drives the
core across the hysteresis loop and may potentially saturate it. But
this magnetizing current is a small fraction (rarely >10%) of the total
primary current.

In a flyback converter, however, the entire triangle of primary cur-
rent shown in Figure 4.1b drives the core across the hysteresis loop as
it is not canceled out by any secondary ampere turns. Thus, even at
very low output power, an ungapped ferrite core would almost im-
mediately saturate and destroy the transistor if nothing were done to
prevent it.

To prevent core saturation in the flyback transformer, the core is
gapped. The gapped core can be either of two types. It can be a solid
ferrite core with a known air-gap length obtained by grinding down
the center leg in EE or cup-type cores. The known gap length can also
be obtained by inserting plastic shims between the two halves of an
EE, cup, or UU core.

A more usual gapped core for flyback converters is the MPP or
molypermalloy powder core. Such cores are made of a baked and
hardened mix of magnetic powdered particles. These powdered par-
ticles are mixed in a slurry with a plastic resin binder and cast in the
shape of a toroid. Each magnetic particle in the toroid is thus encapsu-
lated within a resin envelope that behaves as a “distributed air gap”
and acts to keep the core from saturating. The basic magnetic material
that is ground up into a powder is Square Permalloy 80, an alloy of
79% nickel, 17% iron, and 4% molybdenum, made by Magnetics Inc.
and Arnold Magnetics, among others.

The permeability of the resulting toroid is determined by control-
ling the concentration of magnetic particles in the slurry. Permeabili-
ties are controlled to within 5% over large temperature ranges and
are available in discrete steps ranging from 14 to 550. Toroids with
low permeability behave like gapped cores with large air gaps. They
require a relatively large number of turns to yield a desired inductance
but tolerate many ampere-turns before they saturate. Higher perme-
ability cores require relatively fewer turns but saturate at a lower
number of ampere-turns.

Such MPP cores are used not only for flyback transformers in
which all the primary current is DC bias current. They are also used
for forward converter output inductors where, as has been seen, a
unique inductance is required at the large DC output current bias
(Section 1.3.6).
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4.6.2 Gapping Ferrite Cores to

Avoid Saturation
Adding an air gap to a solid ferrite core achieves two results. First, it
tilts the hysteresis loop as shown in Figure 2.5 and hence decreases
its permeability, which must be known to select the number of turns
for a desired inductance. Second, and more important, it increases the
number of ampere turns it can tolerate before it saturates.

Core manufacturers often offer curves that permit calculation of the
number of turns for a desired inductance and the number of ampere-
turns at which saturation commences. Such curves are shown in
Figure 4.3 and show Ajg, the inductance per 1000 turns with an air

mH/
Approx Turms o

Pant No A J Gep 233 (Rt )
ra08Pa 60-3C8 | 851 | 328 [ 027 © a7
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FIGURE 4.3 Inductance per 1000 turns (Ajg) for various ferrite cores with
various air gaps. Note the “cliff” points in ampere-turns where saturation
commences. (Courtesy Ferroxcube Corporation.)
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gap and the number of ampere-turns (Nls,:) where saturation starts to
set in. Since inductance is proportional to the square of the number of
turns, the number of turns N; for any inductance L is calculated from

L
N, = 1000, [ — (4.14)
Aig

Figure 4.3 shows Aj; curves for a number of different air gaps and the
“cliff” point at which saturation starts. It can be seen that the larger
the air gap, the lower the value of Aj; and the larger the number of
ampere-turns at which saturation starts. If such curves were available
forall cores at various air gaps, Eq. 4.14 would give the number of turns
for any selected air gap from the value of Ay read from the curve. The
cliff point on the curve would tell whether, at those turns and for the
specified primary current, the core had fallen over the saturation cliff.

Such curves, though, are not available for all cores and all air gaps.
This is no problem, because Aj; can be calculated with reasonable
accuracy from Eq. 2.39 using A with no gap, which is always given
in the manufacturers’ catalogs. The cliff point at which saturation
starts can be calculated from Eq. 2.37 for any air gap. The cliff point
corresponds to the flux density in iron B;, where the core material
itself starts bending over into saturation.

From Figure 2.3, it is seen that this is not a very sharp breaking
point, but occurs around 2500 G for this ferrite material (Ferroxcube
3C8). Thus the cliff in ampere-turns is found by substituting 2500 G
in Eq. 2.37. As noted in connection with Eq. 2.37, in the usual case, the
air-gap length I, is much larger than [; /u as u is so large. Then the iron
flux density as given by Eq. 2.37 is determined mainly by the air-gap
length [,.

4.6.3 Using Powdered Permalloy (MPP)
Cores to Avoid Saturation

These toroidal cores are widely used and made by Magnetics Inc. (data
in catalog MPP303S) and by Arnold Co. (data in catalog PC104G).

After Pressman The term transformer in the phrase flyback trans-
former is a misnomer and is very misleading. For true transformer action
to take place both primary and secondaries must conduct current at the same
time. We are all aware that a true transformer conserves the primary to sec-
ondary voltage ratio (irrespective of current). In the flyback case the so-called
transformer conserves the primary to secondary ampere-turns ratio (irrespec-
tive of voltage). This means it is really a “choke”—an inductor with a DC
component of current and additional windings. I find it much easier and less
confusing to design my flyback “transformers” from this perspective. The
reader may also find it helpful to use this approach because the inductance
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becomes the dependant variable and can be easily adjusted to get the desired
results. Chapter 7 deals with the design in this way.

You will see from the following that although he does not mention it, Press-
man is leading you in the direction of choke design. ~K.B.

The problem in designing a core of desired inductance at a specified
maximum DC current bias is to select a core geometry and material
permeability, such that the core does not saturate at the maximum
ampere-turns to which it is subjected. There are a limited number
of core geometries, each available in permeabilities ranging from 14
to 550. Selection procedures are described in the catalogs mentioned
above, but the following has been found more direct and useful.

In the Magnetics Inc. catalog, one full page (Figure 4.4) is devoted
to each size toroid, and for each size, its A value (inductance in milli-
henries per 1000 turns) is given for each discrete permeability. Figure
4.5, also from the Magnetics Inc. catalog, gives the falloff in permeabil-
ity (or A value) for increasing magnetizing force in oersteds for core
materials of the various available permeabilities. (Recall the oersted—
ampere-turns relation in Eq. 2.6.)

A core geometry and permeability can be selected so that at the
maximum DC current and the selected number of turns, the A; and
hence inductance has fallen off by any desired percentage given in
Figure 4.5. Then at zero DC current, the inductance will be greater by
that percentage. Such inductors or chokes are referred to as “swing-
ing chokes” and in many applications are desirable. For example, if
an inductor is permitted to swing a great deal, in an output filter, it
can tolerate a very low minimum DC current before it goes discon-
tinuous (Section 1.3.6). But this greatly complicates the feedback-loop
stability design and, most often, the inductor in an output filter or
transformer in a flyback will not be permitted to “swing” or vary very
much between its zero and maximum current value.

Referring to Figure 4.4, it is seen that a core of this specific size is
available in permeabilities ranging from 14 to 550. Cores with perme-
ability above 125 have large values of A; and hence require fewer turns
for a specified inductance at zero DC current bias. But in Figure 4.5
it is seen that the higher-permeability cores saturate at increasingly
lower ampere-turns of bias. Hence in power supply usage, where DC
current biases are rarely under 1 A, cores of permeability greater than
125 are rarely used, and an inductance swing or change of 10% from
zero to the maximum specified current is most often acceptable.

In Figure 4.5, it is seen that for a permeability dropoff or swing of
10%, core materials of permeabilities 14, 26, 60, and 125 can sustain
maximum magnetizing forces of only 170, 95, 39, and 19 Oe, respec-
tively. These maximum magnetizing forces in oersteds can be trans-
lated into maximum ampere-turns by Eq. 2.6 (H = 0.47(NI)/l,), in

139



140

jr————

Switching Power Supply Design

1.060 —
0.580

0.440

CORE DIMENSIONS AFTER FINISH

WINDOW AREA
CROSS SECTION
PATH LENGTH

WEIGHT

308,000 cir. mils
0.1014 in* 0.654 cm-
2.50in 6.35cm
130z 36.gm
(.08 Ib.}
WINDING TURN LENGTH
WINDING FACTOR LENGTH/TURN

100% Wity 01714 f1 5.23cm
60% 0.1526 ft 4.66 cm
40% 0.1344 f 4.10cm
20% 0.1263 ft 3.85¢em
0% 0.1233 ft 3.76em

WOUND COIL DIMENSIONS
UNITY WINDING FACTOR

0Dimax:  1.080in 277 mm

ID vy 0.555in 1410 mm 0Dmax)  1.468in 37.3mm

HTimax: 0472in 1199 mm HT meax 0944 in 24.0 mm

MAGNETIC INFORMATION

e, INDUCTANCE m - GRADING (Y
PART mnl @ 1000 TURNS DC) CE, STATUS AL e

NOD. MHLE% OHMS/MH"* mHLIZﬁTIDNS' 2% BANDS AMP, TURN "
55933~ 'Iﬁ 18 0.457 A2 . 2,777 1300 gauin)
§5932- 26 32 0.257 A2 . 5.151<1500 gaun)
55894 60 75 0.110 ALL YES 11.9 <1500 gauss)
55930- 125 157 0.0524 ALL YES 24.8 1<1300 qausn
55929- 147 185 0.0444 ALL YES 29,1 1<1300 gaus
55928- 160 20 0.0409 ALL YES 31.7 <1500 gauls)
55924- 173 m 0.0379 ALL YES 34.3 11500 gaun)
§5927- 200 251 0.0327 ALL YES 196 (<600 gaum)
55925- 300 an 0.0218 AZand LG YES 50,4 (<300 gauss
55926- 550 740 0.0111 A2 YES 109 (<80 gauns)

14, 26, 60 and 126u

types are available

as high flux cores.

See p. B4, "How to Order".

WINDING INFORMATION

FOR uNITY mNmNG =ac|‘o|.

0.00281

10 27 0.00458
n 34 0.00726
12 42 0.01148
13 53 0.01805
14 66 0.0284
15 82 0.0447
16 103 0.0707
17 127 0.1102
18 159 0.1739
19 197 0.2712
20 246 0.428
21 308 0.676
22 380 1.056
23 a7 1.649

587 258
725 4.02
906 6.37
1,141 10.05
1,400 15.67
1m 24.1
2,139 381
2,633 §9.1
3,209 89.1
3,980 140.5
5,066 221
6,286 357
7,759 552
9,478 832
11,847 1,316

FIGURE 4.4 A typical MPP core. With its large distributed air gap, it can
tolerate a large DC current bias without saturating. It is available in a large
range of different geometries. (Courtesy Magnetics Inc.)
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PERMEABILITY vs DC BIAS
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FIGURE 4.5 Falloff in permeability of A; for MPP cores of various
permeabilities versus DC magnetizing force in oersteds. (Courtesy
Magnetics Inc.)

which [;;, is the magnetic path length in centimeters, given in Figure
4.3 for this particular core geometry as 6.35 cm.

From these maximum numbers of ampere-turns (NI), beyond
which inductance falls off more than 10%, the maximum number of
turns (N) is calculated for any peak current. From N, the maximum
inductance possible for any core at the specified peak current is cal-
culated as Lmax = 0.9 A1 (Nmax/ 1000)2.

Tables 4.1,4.2, and 4.3 show Nyax and L.y for three often-used core
geometries in permeabilities of 14, 26, 60, and 125 at peak currents of
1,2,3,5,10, 20, and 50 amperes. These tables permit core geometry
and permeability selection at a glance without iterative calculations.

Table 4.1 is used in the following manner. Assume that this particu-
lar core has the acceptable geometry. The table is entered horizontally
to the first peak current greater than specified value. At that peak
current, move down vertically until the first inductance L.y greater
than the desired value is reached. The core at that point is the only one
which can yield the desired inductance with only a 10% swing. The
number of turns N; on that core for a desired inductance L; within
5% is given by

Ly
0.95A4

N; = 1000

where 4; is the value in column 3 in Table 4.1. If, moving vertically,
no core can be found whose maximum inductance is greater than the
desired value, the core with the next larger geometry (greater OD or
greater height) must be used.

14



NI Maximum

Maximum | permissible
Magnetics A, mH | H for10% | ampere-turns
Inc. core Perme- | per 1000 | falloffin | corresponding | Maximum permissible turns and inductance at those turns
number ability | turns | inductance to H for a 10% inductance falloff at indicated peak currents
Nmax/Lmax
Core u A H NI 1A 2A 3A | 5A | 10A | 20A | 50A Iy
55930 125 157 19 96 96 48 32| 19 10| 5 2 Nmax
1,382 339 145 | 56 15| 35 | 06 L max
55894 60 75 39 197 197 99 66 | 39 20 | 10 4 Nmax
2,620 662 294 | 103 27 | 7 1 L max
55932 26 32 95 480 480 240 160 | 96 48 | 24 10 Nmax
6,635 | 1,659 737 | 265 66 | 17 3 L max
55933 14 18 170 859 859 430 286 | 172 86 | 43 17 Nmax
11,954 | 2995 | 1,325 | 479 | 120 | 30 5 Lmax

Note: Magnetics Inc. MPP cores. All cores have outer diameter (OD) = 1.060 in, inner diameter (ID) = 0.58 in, height = 0.44 in, I,;, = 6.35 cm.
All inductances in microhenries.

TABLE 4.1 Maximum number of turns yielding maximum inductance for various peak currents I, at maximum inductance falloff

of 10% from zero current
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NI Maximum

Maximum | permissible
Magnetics A, mH | H for10% ampere-turns
Inc. core Perme- | per 1000 falloff in corresponding | Maximum permissible turns and inductance at those turns
number ability turns inductance to H for a 10% inductance falloff at indicated peak currents
Nmax/Lmax
Core u A H NI 1A 2A 3A 5A | 10A | 20A | 50A Iy
55206 125 68 19 77 77 | 39 26 | 15 8 4 2 Nmax
363 | 93 41 14 4 1 0.24 Lmax
55848 60 32 39 158 158 | 79 53 | 32 16 8 3 Nmax
719 | 180 81 29 7 2 0.26 L max
55208 26 14 95 385 385 | 193 128 77 39 | 19 8 Nmax
1,868 | 469 206 | 75 19 | 45 0.8 L max
55209 14 7.8 170 689 689 | 345 230 | 138 69 | 34 14 Nmax
3,333 | 836 371 | 134 33 8 14 Lmax

Note: Magnetics Inc. MPP cores: OD = 0.8 in, ID = 0.5 in, height = 0.25 in, [,; = 5.09 cm. All inductances in microhenries.

TABLE 4.2 Maximum number of turns and maximum inductance for various peak currents I,, at a maximum inductance falloff

of 10% from zero current
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Core u A H NI 1A 2A 3A 5A 10A | 20A | 50A Ip
55438 | 125 | 281 19 162 162 81 54 32 16 8 3 Nimax
6,637 1,659 737 259 65 16 2 L max
55439 60 | 135 39 333 333 167 11 67 33 17 7 Nimax
13,473 3389 | 1497 545 132 35 6 L max
55440 26 59 95 812 812 406 271 162 81 41 | 16 Ninax
35,011 8753 | 3900 | 1,394 348 89 | 14 Lmax
55441 14 32 | 170 | 1454 1,454 727 485 291 145 73 | 29 Nimax
60,744 | 15222 | 6774 | 2439 605 153 | 24 L max

Note: Magnetics Inc. MPP cores: OD = 1.84 in, ID = 0.95 in, height = 0.71 in, [,, = 10.74 in. All inductances in microhenries.

TABLE 4.3 Maximum number of turns and maximum inductance for various peak currents I, at a maximum inductance falloff

of 10% from zero current
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The core ID must be large enough to accommodate the number of
turns of wire selected at the rate of 500 circular miles per RMS ampere,
or the next larger size core must be used.

Tables 4.2 and 4.3 show similar data for smaller (OD = 0.80 in) and
larger (OD = 1.84 in) families of cores. Similar charts can be generated
for all the other available core sizes, but Tables 4.1 to 4.3 bracket about
90% of the possible designs for flyback transformers under 500 W or
output inductors of up to 50 A.

A commonly used scheme for correcting the number of turns on a
core when an initial selection has resulted in too large an inductance
falloff should be noted. If, for an initially selected number of turns and
a specified maximum current, the inductance or permeability falloff
from Figure 4.5 is down by P%, the number of turns is increased
by P%.

This moves the operating point further out by P%, as the magne-
tizing force in oersteds is proportional to the number of turns. The
core slides further down its saturation curve, and it might be thought
that the inductance would fall off even more. But since inductance is
proportional to the square of the number of turns, and magnetizing
force is proportional only to the number of turns, the zero current in-
ductance has been increased by 2P % and magnetizing force has gone
up only by P%. The inductance is then correct at the specified maxi-
mum current. If the consequent swing is too large, a larger core must
be used.

4.6.4 Flyback Disadvantages
Despite its many advantages, the flyback has the following drawbacks.

4.6.4.1 Large Output Voltage Spikes

At the end of the “on” time, the peak primary current is given by
Eq. 4.9. Immediately after the end of the “on” time, that primary peak
current, multiplied by the turns ratio N,/N;, is driven into the sec-
ondary where it decays linearly as shown in Figure 4.1c. In most cases,
output voltages are low relative to input voltage, resulting in a large
N,/N; ratio and a consequent large secondary current.

At the start of turn “off,” the impedance looking into C, is much
lower than R, (Figure 4.1) and almost all the large secondary current
flows into C, and its equivalent series resistor Resr. This produces a
large, thin output voltage spike, I,,( Ny, /N;s) Resr- The spike is generally
less than 0.5 us in width, as it is differentiated with a time constant of
ResrCo.-

Frequently a power supply specification calls for output voltage
ripple only as an RMS or peak-to-peak fundamental value. Such a
large, thin spike has a very low RMS value and, if a sufficiently large
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output filter capacitor is chosen, the supply can easily meet its RMS
ripple specification but can have disastrously high, thin output spikes.
It is common to see a 50-mV fundamental peak-to-peak output ripple
with a 1-V thin spike sitting on top of it.

Thus, a small LC filter is almost always added after the main storage
capacitor in flybacks. The L and C can be quite small as they have to
filter out a spike generally less than 0.5 us in width. The inductor is
usually considerably smaller than the inductor in forward-type con-
verters, butit still has to be stocked, and board space must be provided
for it. Output voltage sensing for the error amplifier is taken before
this LC filter.

4.6.4.2 Large Output Filter Capacitor and
High Ripple Current Requirement

A filter capacitor for a flyback must be much larger than for a forward-
type converter. In a forward converter, when the power transistor
turns “off” (Figure 2.10), load current is supplied from the energy
stored in both the filter inductor and capacitor. But in the flyback,
that capacitor is necessarily larger because it is the stored energy
in it alone that supplies current to the load during the transistor
“on” time. Output ripple is determined mostly by the ESR of the
filter capacitor (see Section 1.3.7). An initial selection of the filter
capacitor is made on the basis of output ripple specification from
Eqg. 1.10.

Frequently, however, it is not the output ripple voltage requirement
that determines the final choice of the filter capacitor. Ultimately it may
be the ripple current rating of the capacitor selected initially on the
basis of the output ripple voltage specification.

In a forward-type converter (as in a buck regulator), the capacitor
ripple current is greatly limited by the output inductor in series with
it (Section 1.3.6). In a flyback, however, the full DC load current flows
from common through the capacitor during the transistor “on” time.
During the transistor “off” time, a charge of equal ampere-second
product must flow into the capacitor to replenish the charge it lost
during the “on” time. Assuming, as in Figure 4.1, a sum of “on” time
plus reset time of 80% of full period, the RMS ripple current in the
capacitor is closely

fon
Irms = Igc % = IdC\/T =0.8914¢ (4.15)

If the capacitor initially selected on the basis of outputripple voltage
specifications did not also have the ripple current rating of Eq. 4.15, a
larger capacitor or more units in parallel must be chosen.
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4.7 Universal Input Flybacks for 120-V AC
Through 220-V AC Operation

Here we consider universal or wide input range flyback topologies
that do not have the auto ranging, voltage doubling methods previ-
ously described.

In Section 3.2.1, we considered a commonly used scheme that per-
mitted operation from either a 120-V AC or 220-V AC line with min-
imal changes. As seen in Figure 3.1 at 120 V AC, switch S1 is thrown
to the lower position, making the circuit into a voltage doubler that
yields a rectified voltage of 336 V. With 220-V AC, S1 is thrown to the
upper position and the circuit becomes a full-wave rectifier with C1
and C2 in series, yielding about 308 V. The converter is thus designed
to always work from a rectified nominal input of 308 to 336 V DC by
proper choice of the transformer turns ratio.

In some applications, it is preferable to eliminate the requirement
of changing S1 from one position to the other in changing from 120- to
220-V AC operation. To change switch position without opening the
power supply case, the switch must be accessible externally, and this is
a safety hazard. The alternative is to change the switch internally, but
this requires opening the power supply case to make the change, and
this is anuisance. Further, there is always the possibility that the switch
is mistakenly thrown to the voltage doubling position when operated
from 200 V AC. This, of course, would cause significant damage—the
power transistor, rectifiers, and filter capacitors would be destroyed.

An alternative is the universal line voltage unit that does not require
switching and can tolerate the full range of line inputs from 115 to 220
V AC. The rectified 115 V input will be 160 V DC and the 220 V AC
will be 310 V DC.

A flyback converter, designed with a small primary/secondary
turns ratio, can ensure that the “off”-voltage stress at high AC input
does not overstress the power transistor.

The maximum “on” time T, at the minimum value of the 220-V
AC input is calculated from the corresponding minimum rectified DC
input as in Eq. 4.7 and the rest of the magnetics design can proceed as
shown in the text following Eq. 4.7. The minimum “on” time occurs
at the maximum value of the 220-V AC input. Since the feedback loop
keeps the product of V3. Ton constant (Eq. 4.3), minimum “on” time
is Ton = Ton(Vie/Vac) where V. and Vg, correspond to the minimum
and maximum values of the 220-V AC line.

The maximum “on” time with 115-V ACinputisstill given by Eq. 4.7
and will be greater than with 220V, as the term V. — 1 is smaller. But
the primary inductance L, given by Eq. 4.8, which is proportional
to the product VycTon, is still the same as that product is kept con-
stant by the feedback loop. So long as the transistor can operate with
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the minimum “on” time calculated for the maximum DC correspond-
ing to high AC input, there is no problem. With bipolar transistors
operating at a high frequency, transistor storage time could prevent
operation at too low an “on” time. An example will clarify this.

Eq. 4.4 gives the maximum “off” stress in terms of the maximum DC
input voltage, the output voltage, and the N, /N; turns ratio. Assume
in that equation that Vi, is 500 V; many bipolar transistors can safely
sustain that voltage with a negative base bias at turn “oft” (V,ey rating).
At 220 V AC, the nominal V. is 310 V. Assume that the maximum at
high line with a worst-case transient is 375 V. Then for a 5-V output,
Eq. 4.4 gives a turns ratio of 21.

Now assume that minimum DC supply voltage is 80% of nominal.
Assume a switching frequency of 50 kHz (period T of 20 ps). Maxi-
mum “on” time is calculated from Eq. 4.7 at the minimum DC input
corresponding to minimum AC input of 0.8 x 115 or 92 V AC. For the
corresponding DC input of 1.41 x 92 or about 128 V, maximum “on”
time calculated from Eq. 4.7 is 7.96 ps.

Minimum “on” time occurs at maximum input voltage. Assuming a
20% high line, the maximum DC inputis 1.2 x220x 1.41 = 372 V. Since
the feedback loop keeps the product of V. Ton constant (Eq. 4.3), “on”
time at the 20% high line of 264 V AC is (128/372)(7.96) or 2.74 ps. The
circuit can thus cope with either a 20% low AC line input of 92 V AC
from a nominal 115 V AC, or a 20% high AC input of 264 V AC from
the nominal 220-V AC line by readjusting its “on” time from 7.96 to
2.74 ps.

If this were attempted at higher switching frequencies, the mini-
mum “on” time at a 220-V AC line would become so low as to prohibit
the use of bipolar transistors, which could have 0.5- to 1.0-us storage
time. The upper-limit switching frequency at which the above scheme
can be used with bipolar transistors is about 100 kHz.

It is instructive to complete the above design. Assume an output
power of 150 W at 5-V output. Then R, = 0.167 Q and the primary
inductance from Eq. 4.8 is

L 0.167 128 x 7.96 x 100\ ?
77 \25%x20x10-° 5

= 139 uH

and the peak primary current from Eq. 4.9 is

128 x7.96 x10°°

- =733A
F 139 x 10

There are many reasonably priced bipolar transistors with a Ve, rating
above 500 V having adequate gain at 7.33 A.
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Table 4.1 shows that the 55932 MPP core can tolerate a maximum of
480 ampere-turns, beyond which its inductance will fall off by more
than 10% (at 5 A, column 9 shows that the maximum turns is 96 for
a maximum inductance of 265 uH). For maximum ampere-turns, the
inductance is 32,000 x 0.9(66/1000)> = 125u H. If (as discussed in
Section 4.2.3.2) 10% more turns are added, the inductance at 7.33 A
will increase by 10% to 138 uH, but at zero current, the inductance will
“swing” up to 20% above that.

If the 20% inductance swing is undesirable, the lower permeability
core 55933 of Table 4.1 can be used. Table 4.1 shows that the maximum
ampere-turns stress is 859. For 7.33 A, the maximum number of turns
is 859/7.33 or 117. The maximum inductance for a swing of only 10%
is (0.117)? x 18000 x 0.9 or 222 uH. For the desired 139 uh, the required
turns are 10004/0.139/18 x 0.95 = 90.

Thus a design not requiring voltage doubling/full-wave rectifier
switching when operation is changed from 115 to 220 V AC is possible.
But this subjects the power transistor to a leakage inductance spike
at turn “off” of about 500 V. The lower reliability of this scheme must
be weighed against the use of a double-ended forward converter or
half bridge—both of which subject the “off” transistor to only the
maximum DC input (375 V in the preceding example) with no leakage
spike. Of course, for 115/220-V AC operation, the rectifier switching
of Figure 3.1 must be accepted.

After Pressman Modern FETs (for example, the Power Integrations “Top
Switch” devices) very much simplify the design of universal input flyback
type supplies, which are now an accepted and standard topology for lower
power applications. Very good application notes are available for these devices.
~K.B.

Design Relations—Continuous-Mode
Flybacks

4.8.1 The Relation Between Output Voltage
and “On” Time

Look once again at Figure 4.1. When the transistor Q1 is “on,” the
voltage across the primary is close to Vy.—1 with the dot end nega-
tive with respect to the no-dot end, and the core is driven—say, up
the hysteresis loop. When the transistor turns “off,” the magnetiz-
ing current reverses the polarity of all voltages in order to remain
constant. The primary and secondary are driven positive, but the sec-
ondary is caught and clamped to Vom+ 1 by D2—assuming a 1-V
forward drop.
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This reflects across to the primary as a voltage (N,/Ns)(Vom + 1),
with the dot end now positive with respect to the no-dot end. All
the current that was flowing in the primary (Ipo in Figure 4.2c) now
transfers to the secondary as Iy in Figure 4.2d. The initial magnitude
of the secondary current Ity is equal to the final primary current at
the end of the “on” time (Ipp) times the turns ratio N,/N;. Since the
dot end of the secondary is now positive with respect to the no-dot
end, the secondary current ramps downward with the slope UV in
Figure 4.2d.

Since the primary is assumed to have zero DC resistance, it cannot
sustain a DC voltage averaged over many cycles. Thus in the steady
state, the volt-second product across it when the transistor is “on”
must equal that across it when the transistor is “off"—i.e., the voltage
across the primary averaged over a full cycle must equal zero. This is
equivalent to saying the core’s downward excursion on the BH loop
during the “off” time is exactly equal to the upward excursion during
the “on” time. Then

. N,
(Vac — Dfon = (Vom + 1>ﬁ”toff
S

or

(4.16)

vom:{(vdc_nl"”m}q

ﬁp fof

and since there is no dead time in continuous mode, fo, +toif = T, and

Vo — {(Vdc - 1)(NS/NP)(t0n/T)} _1 (4.17a)
1—tn/T
 [(Vac - D(Ne/Ny)
-k i

The feedback loop regulates against DC input voltage changes by
decreasing ton as Vg increases, or increasing t,, as Vg decreases.

4.8.2 Input, Output Current-Power Relations

In Figure 4.6, the output power is equal to the output voltage times the
average of the secondary current pulses. For I equal to the current
at the center of the ramp in the secondary current pulse

boff
P, = VoIcsrT (418)

= Volcsr(l - E/T)
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FIGURE 4.6 Real-time relation between the primary and secondary current
waveforms in a continuous-mode flyback converter. Current is delivered to
the output capacitor only during the “off” period of Q1. At a fixed DC input
voltage, t,n and tf remain constant. Output load current changes are
accommodated by the feedback loop by changing the magnitude of the
current at the center of the primary current ramp I, which results in a
change at the center of the secondary current ramp (I;). This occurs over
many switching cycles by temporary increases in “on” time until the average
current pulse amplitudes build up and then relax to the new steady-state
values of t,, and t.

or

Py

Lesr = m (4.19)

In Egs. 4.18 and 4.19, .,/ T is given by Eq. 4.17 for specified values
of Vom and V., and turns ratio N /N, from Eq. 4.4, which was chosen
for acceptably low maximum “off”-voltage stress at maximum DC
input.

Further, for an assumed efficiency of 80%, P, = 0.8P;, and I¢p; is
equal to the current at the center of the ramp in the primary current
pulse:

Ton
Phn=125 P, = Vdclcpr%

or

1.25P,

P = Ve on/ T) (420
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After Pressman In the continuous mode, the duty cycle is defined by the
voltage ratio. Changes in load current try to reflect into the primary, but for
transient load changes, the transformer inductance limits the rate of change
of current. Hence the first and immediate effect of a transient load increase
is to cause a decrease in output voltage, resulting in an increase in the “on”
period of Q1 (to increase the primary current). But this results in a further
drop in output voltage because there is an immediate decrease in the energy-
transferring “off” period (the secondary conducting period). It takes many
cycles before the new higher current conditions are established, at which point
the duty cycle returns to its original value. This is a dynamic effect intrinsic
to the topology and cannot be compensated by the control loop. In terms of
control theory, this translates to a right-half-plane-zero. ~K.B.

4.8.3 Ramp Amplitudes for Continuous Mode
at Minimum DC Input

It has been shown that the threshold of continuous-mode operation
occurs when there is just the beginning of a step at the front end of the
primary current ramp. Referring to Figure 4.6, the step appears when
the current at the center of the primary ramp Ip; just exceeds half the
ramp amplitudedI,. That value of Iep;(Icpr) is then the minimum value
at which the circuit is still in the continuous mode. From Eq. 4.20, Icpr
is proportional to output power and hence for the minimum output
power P, corresponding to Iepr

dl,  125P,
2 (Va)(Fon/T)

Icpr =

or

[ 25D
P (Vi) (Fon/ T)

In Eq. 4.21, %,y is taken from Eq. 4.17 at the corresponding value
minimum of Vy.(Vyc). The slope of the ramp dI, is given by dI, =
(Vae — Diton/Lp, where L is the primary magnetizing inductance.
Then

(4.21)

_ (Vae = Dion
P dl,
~ (Vae = D(Vao) (fon)?
- 2.5P,T

(4.22)

Here again, P, is the minimum specified value of output power
and fon is the maximum “on” time calculated from Eq. 4.17 at the
minimum specified DC input voltage V..



Chapter 4: Flyback Converter Topologies 153

4.8.4 Discontinuous- and Continuous-Mode

Flyback Design Example
It is instructive to compare discontinuous- and continuous-mode fly-
back designs at the same output power levels and input voltages. The
magnitudes of the currents and primary inductances will be revealing.

Assume a 50-W, 5-V output flyback converter operating at 50 kHz
from a telephone industry prime power source (38 V DC minimum,
60 V maximum). Assume a minimum output power of one-tenth the
nominal, or 5 W.

Consider first a discontinuous-mode flyback. Choosing a bipolar
transistor witha 150-V Ve, rating is very conservative, because it is not
necessary to rely on the Ve or Viey ratings that permit larger voltages.
Then in Eq. 4.4, assume that the maximum “off”-voltage stress Vs
without a leakage spike is 114 V, which permits a 36-V leakage spike
before the Vieo limit is reached. Then Eq. 4.4 gives N,/N; = (114 —
60)/6 = 9.

Eq. 4.7 gives the maximum “on” time as

20 x 107°

T = 6x9x08 >~
on = B X X S e % 9

=949 us

and primary inductance for R, = 5/10 = 0.5 @ from Eq. 4.8 is

2
0.5 38 x 9.49
L,= 10712
p 2.5><2O—6< 5 ) x
=52 uH

Peak primary current from Eq. 4.9 is

 38x9.49x107°
P B2 x 106

=69A
and the start of the secondary current triangle is
Ipeak) = (Np/Ns)Ip =9 x 6.9 = 62 A
Recall that in the discontinuous flyback, the reset time Tr—the time for
the secondary current to decay back to zero—plus the maximum “on”

timeis equal to 0.8T (Eq. 4.6). Reset timeis then T, = (0.8 x20)—9.49 =
6.5 us, and the average value of the secondary current triangle (which



154

Switching Power Supply Design

should equal the DC output current) is

Is(peak) E
2 T

_ (62> 85 _10a
2 /)20
which is the DC output current.
Now consider a continuous-mode flyback for the same frequency,
input voltages, output power, output voltage, and the same N, /N;
ratio of 9. From Eq. 4.17b, calculate fon /T for Vg. =38 V as

I (secondary average) =

5= [(37/9)(%”] 1
1—tfon/T

or fon/ T = 0.5934 and fon = 11.87 ps, togr = 8.13 ps and from Eq. 4.19

50
Jeg= ——— =2459 A
ST (5)(1 — 0.5934)

and the average of the secondary current pulse, which should equal
the DC output current, is

I(secondary average) = Iesr(tofr/ T) = 24.59 x 8.13/20 = 10.0 A

which checks. From Eq. 4.20, Iopy = 1.25 x50/(38)(11.86/20) = 2.77 A.

From Eq. 4.22, for the minimum input power of 5 W at the minimum
DC input voltage of 38 V, L, = 37 x 38(11.86)* x 10712/2.5 x 5 x 20 x
1076 = 791 uH.

The contrast between the discontinuous and continuous modes will
now be clear from the following table, which compares the required
primary inductances, and primary and secondary currents at mini-
mum DC input of 38 V.

Discontinuous Continuous
Primary inductance, UH 52 791
Primary peak current, A 6.9 2.77
Secondary peak current, A 62.0 24.6
On time, Us 9.49 11.86
Off time, Us 6.5 8.13

The lower primary current and especially the secondary current for
the continuous mode are certainly an advantage, but the much larger
primary inductance that slows up response to load current changes,
and the right-half-plane-zero that requires a very low error-amplifier
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bandwidth to achieve loop stabilization, can make the continuous
mode a less desirable choice in applications that require good transient
load response. In fixed-load applications this is not a problem.

Interleaved Flybacks

An interleaved flyback topology is shown in Figure 4.7. It consists of
two or more discontinuous-mode flybacks whose power transistors

Tt - > Vo
Ist D1
s Error
Np Ns Co Ro amplifier
Vdc * T
IQ‘I
% Vref
T2 > DC voltage -
L)
Ts2 2 controlled
° b variable-width
Np Ns pulse
generator
L]
| Qz Vi Jr Vb2

Q1 on Q1 on Q1 on .
Q2 on Q2 on Q2 on I
/01‘ Lo

I

Iz

Ist Qt dump

current

Q1 dump
current

Is2 Q2 dump

current

FIGURE 4.7 Interleaving two discontinuous-mode flybacks on alternative
half cycles to reduce peak currents. Output powers of up to 300 W are
possible with reasonably low peak currents.
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are turned “on” at alternate half cycles and whose secondary currents
are summed through their rectifying diodes.

It can be used at power levels up to 300 W, limited mainly by the
high-peak primary and especially secondary currents. Although that
power level can be obtained with a single continuous-mode flyback
with reasonable currents, it may be better to accept the greater cost
and volume of two or more interleaved discontinuous-mode flybacks.
Both input and output ripple currents are much smaller and of higher
frequency. Increasing the number of elements with suitable phase shift
between drive pulses will further reduce the ripple current. Further,
the discontinuous mode’s faster response to load current changes,
greater error-amplifier bandwidth, and the elimination of the right-
half-plane-zero loop stabilization problem may make this a preferred
choice.

A single discontinuous-mode flyback at the 300-W level is imprac-
tical because of the very high peak primary and secondary currents,
as can be seen from Eqs. 4.2, 4.7, and 4.8.

Atalower power of 150 W, a single forward converter is very likely
a better choice than the two interleaved flybacks because of the con-
siderably lower secondary peak current of the forward converter. The
interleaved flyback has been shown here for the sake of completeness
and for its possible use at lower power levels when many (over five)
outputs are required.

4.9.1 Summation of Secondary Currents
in Interleaved Flybacks

The magnetics design of each flyback in an interleaved flyback pro-
ceeds exactly as for a single flyback at half the power level, because the
secondary currents add into the output through their “oring” rectifier
diodes.

Even when both secondary diodes dump current simultaneously
(asfrom t to tp), there is no possibility that one diode can back-bias the
other and supply all the load current. This can happen if one attempts
to sum the currents of two low-impedance voltage sources. If one of
the low-impedance voltage sources has a slightly higher open-circuit
voltage or a lower forward-drop or diode, it will back-bias the other
diode and supply all the load current by itself. This can over-dissipate
the diode or the transistor supplying that diode.

Looking back into the secondary of a flyback, however, there is
a high-impedance current source, which is the secondary induc-
tance. Thus the current dumped into the common load by either
diode is unaffected by the other diode simultaneously supplying load
current.
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4.10 Double-Ended (Two Transistor)
Discontinuous-Mode Flyback

4.10.1 Area of Application

The topology is shown in Figure 4.8a. Its major advantage is that, using
the scheme of the double-ended forward converter of Figure 2.13, its
power transistors in the “off” state are subjected to only the maximum
DCinputvoltage. Thisis a significant advantage over the single-ended
forward converter of Figure 4.1, where the maximum “off”-voltage
stress is the maximum DC input voltage plus the reflected secondary
voltage (N,/Ns)(V, + 1) plus a leakage inductance spike that may be
as high as one-third of the DC input voltage.

4.10.2 Basic Operation

The lower “off”-voltage stress comes about in the same way as for
the double-ended forward converter of Figure 2.13. Power transis-
tors Q1, Q2 are turned “on” simultaneously. When they are “on,” the
dot end of the secondary is negative, D3 is reverse-biased, and no
secondary current flows. The primary is then just an inductor, and
current in it ramps up linearly at a rate of dl; /dt = Vy/(Ly + L),
where L,, and L; are the primary magnetizing and leakage induc-
tances, respectively. When Q1 and Q2 turn “off,” as in the previous
flybacks, all primary and secondary voltages reverse polarity, D3 be-
comes forward-biased, and the stored energy in L,, = 1 /2L,,(11)? is
delivered to the load.

As shown previously, the “on” or set volt-second product across
the primary must equal the “off” or reset volt-second product. At the
instant of turn “off,” the bottom end of L, attempts to go far positive
but is clamped to the positive end of V.. The top end of L, attempts
to go far negative but is clamped to the negative end of V.. Thus
the maximum voltage stress at either Q1 or Q2 can never be more
than V..

The actual resetting voltage V; across the magnetizing inductance
L, during the “off” time is given by the voltage reflected from the
secondary (N, /Ns)(V, + Vps). The voltage across L,, and L; in series
is the DC supply voltage, and hence, as seen in Figure 4.8b, the voltage
across the leakage inductance L; is V; = (Vgc — V;).

The division of the V4. supply voltage across L,, and L; in series
during the “off” time is a very important point in the circuit design
and establishes the transformer turns ratio N,/ N; as discussed below.

The price paid for this advantage is, of course, the requirement for
two transistors and the two clamp diodes, D1, D2.
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= I at instant of turnoff

- -1 < Vde
13 D2
Ly Vi = Ve = Vret
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Lm& Vret =(Np/Ng)(Vo+ Vg ref) f: =
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FIGURE 4.8 Circuit during Q1 and Q2 “off” time. Current I;, stored in L,,
during Q1, Q2 “on” time, also flows through leakage inductance L;. During
the “off” time, energy stored in L,, must be delivered to the secondary load
as reflected into the primary across L,,. But I; also flows through L;, and
during the “off” time, the energy it represents (!/,L;1?) is returned to the
input source V. through diodes D1, D2. This robs energy that should have
been delivered to the output load and continues to rob energy until I, the
leakage inductance current, falls to zero. To minimize the time for I; in L; to
fall to zero, V; is made significantly large by keeping the reflected voltage
Vi(= Np/Ns)(V, + Vps) low by setting a low N, /N; turns ratio. A usual value
for V; is two-thirds of the minimum V., leaving one-third for V;.
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4.10.3 Leakage Inductance Effect in

Double-Ended Flyback
Figure 4.8b shows the circuit during the Q1, Q2 “off” time. The voltage
across L, and L, in series is clamped to Vg, through diodes D1, D2
The voltage V; across the magnetizing inductance is clamped against
the reflected secondary voltage and equals (N,/N;s)(Vo + Vp3). The
voltage across L; is then V; = V. — V.

At the instant of turn “off,” the same current I; flows in L,, and
Li(Iz = I at instant of turn “off”). That current in L; flows through
diodes D1, D2 and returns its stored energy to the supply source V..
The L; current decays at a rate of dI; /dt = Vj/L; as shown in Figure
4.9a as slope AC or AD. The current in L, (initially also equal to I7)
decays at a rate V, /L, and is shown in Figure 4.9a as slope AB.

The current actually delivering power to the load is I,—the differ-
ence between the currents in L,, and L;. This is shown as current RST
in Figure 4.9b if the L1 current slope is AC of Figure 4.9a. The larger
area current UVW in Figure 4.9¢c results if the L current slope is faster,
as AD of Figure 4.9a. It should be evident in Figures 4.9b and 4.9¢ that
so long as current still flows in leakage inductance L;, through D1 and
D2 back into the supply source, all the current available in L, does

Decaying currentin Lm

Decaying current in leakage inductance

for large Np/Ng ratio (small Vy reset voltage)
Decaying current in leakage inductor for
smaller No/Ng ratio (larger Vy reset voltage)

FIGURE 4.9 (a) Currents in magnetizing and leakage inductances in
double-ended flyback. (b) Current into reflected load impedance for large

N, /N; ratio. AB-AC of Figure 4.9a. (c) Current into reflected load impedance
for smaller N,/N; ratio. AB-AD of Figure 4.9a.
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not flow into the reflected load but is partly diverted back into the
supply.

It can thus be seen from Figures 4.9b and 4.9c that to maximize the
transfer of L,, current to the reflected load and to avoid a delay in the
transfer of current to the load, the slope of the leakage inductance cur-
rent decay should be maximized (slope AD rather than AC in Figure
4.9q). Or in magnetics-power supply jargon, the leakage inductance
current should be rapidly reset to zero.

Since the rate of decay of the leakage inductance current is V;/L;
and Vi = Vge — (Np/Ns)(Vo + Vp3), choosing lower values of N,/ N;
increases V| and hastens leakage current reset. A usual value for the
reflected voltage (N, /Ns)(V, + Vp3) is two-thirds of Vg, leaving one-
third for V. Too low a value for V, will require a longer time to reset
the magnetizing inductance, rob from the available Q1, Q2 “on” time,
and decrease the available output power.

Once N,/N; has been fixed to yield V; = Vy./3, the maximum
“on” time for discontinuous operation is calculated from Eq. 4.7, L,,
is calculated from Eq. 4.8 and I, from Eq. 4.9, just as for the single-
ended flyback.
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CHAPTER5

Current-Mode and
Current-Fed Topologies

Introduction

In this chapter, current-mode!™ and current-fed”?° topologies are
grouped into one family, despite their very significant differences,
because they both rely on controlling input current and output voltage.
However, they do this in quite different ways.

5.1.1 Current-Mode Control

Current-mode control (Figure 5.3) has two control loops: a slow outer
loop (via R1,R2 and error amp EA), which senses DC output voltage
and delivers a control voltage (Veao), to @ much faster inner current
control loop (via R1, V;, and the pulse width modulator PWM). R;
senses peak transistor currents (the peak choke current) and keeps
the peak current constant on a pulse-by-pulse basis. The end result is
thatit solves the magnetic flux imbalance problem in the current-mode
version of the push-pull topology and restores push-pull as a viable
approach in applications where the uncertainty of other solutions to
flux imbalance is a drawback (Section 2.2.8). Further, the constant
power transistor current pulses simplify the feedback-loop design.

After Pressman  Because the converter in this example is a forward type,
the secondary current reflects back into the primary. By sensing the current in
the common return of Q1 and Q2, the inner current control loop effectively
is looking at the current flow in the output choke L,. The fast inner loop
maintains the peak current in L, constant on a pulse-by-pulse basis, changing
only slowly in response to voltage adjustments. In this way, the peak output
current in L, is the controlled parameter. This takes L, out of the small signal
transfer function of the outer loop, allowing faster response in the closed loop
system. At the same time, because current is the controlled parameter, current
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limit and short circuit protection are intrinsic in the topology. Further, since
current is controlled on a pulse-by-pulse basis, any tendency for current
imbalance in Q1 and Q1 is eliminated and staircase saturation of T1 is no
longer a possibility. Finally, the effect of any changes in supply voltage is
automatically eliminated from the peak output current in L,, so that line
regulation is automatically better. ~K.B.

5.1.2 Current-Fed Topology

A current-fed topology derives its input current from an input induc-
tor (choke) as shown in Figure 5.9. In this example, the top end of a
push-pull forward converter transformer gets its supply from input
inductor L1. Thus the power train is driven from the high impedance
current source (the input inductor L1) rather than the low impedance
of a rectifier filter capacitor or perhaps the low-source impedance of
a source battery. This higher source impedance helps to solve the flux
imbalance problem in T1 and offers other significant advantages.

Current-Mode Control

In all the voltage-mode topologies discussed so far, output voltage
alone is the controlled parameter. In those circuits, regulation against
load current changes occurs because current changes cause small out-
put voltage changes that are sensed by a voltage-monitoring error
amplifier, which then corrects the power transistor “on” time to main-
tain output voltage constant. Output current itself is not monitored
directly.

In the 1980s, the new topology current-mode control appeared, in
which both voltage and current were monitored. The scheme had
been known previously, but was not widely used as it required dis-
crete circuit components to implement it. When a new Unitrode™
pulse-width-modulating (PWM) chip—the UC1846—appeared, with
all the features needed to implement current-mode control, the ad-
vantages of the technique were quickly recognized and it was widely
adopted.

After Pressman  As of 2008, many similar current-mode control ICs are
now available. Unitrode is now part of Texas Instruments. ~K.B.

Where two 180° out-of-phase width-modulated drive signals are
required as in the push-pull, half-bridge, full-bridge, interleaved for-
ward converter, or flyback, the UC1846 can be used to implement
current-mode control. A lower-cost, single-ended PWM controller,
the UC1842, is currently available to implement current mode in
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single-ended circuits such as forward converters, flybacks, and buck
regulators.

5.2.1 Current-Mode Control Advantages
5.2.1.1 Avoidance of Flux Imbalance in Push-Pull Converters

Flux imbalance was discussed in Section 2.2.5. It occurs in a push-pull
converter when the transformer core operates asymmetrically about
the origin of its hysteresis loop. The consequence is that the core moves
up toward saturation and one transistor draws more current during
its “on” time than does the opposite transistor (Figure 2.4c).

As the core drifts further off center of the origin, it goes deeply into
saturation and may destroy the power transistor. A number of ways to
cope with flux imbalance have been described in Section 2.2.8. These
schemes work, but under unusual line or load transient conditions and
especially at higher output powers, there is never complete certainty
that flux imbalance cannot occur.

Current-mode monitors current on a pulse-by-pulse basis and
forces alternate pulses to have equal peak amplitudes by correcting
each transistor’s “on” time so that current amplitudes must be equal.
This puts push-pull back into the running in any proposed new design
and is a valuable contribution to the repertoire of possible topologies.
For example, if a forward converter with no flux imbalance problem
were chosen to be certain of no flux imbalance in the absence of current
mode, a severe penalty would be paid.

Eq. 2.28 shows the peak primary current in a forward converter
is 3.13( P,/ Vyc). But Eq. 2.9 shows it is only half that or 1.56( P,/ Vqc)
for the push-pull. At low output powers, it is not a serious drawback
to use the forward converter with twice the peak current of a push-
pull at equal output power, especially since the forward converter
has only one transistor. But at higher output power, twice the peak
primary current in a forward converter than in a push-pull becomes
prohibitive.

The push-pull is a very attractive choice for telephone industry
power supplies where the maximum DC input voltage is specified as
only 38-60 V. Having it in its current-mode version with a certainty
that flux imbalance cannot exist is very valuable.

5.2.1.2 Fast Correction Against Line Voltage Changes

Without Error Amplifier Delay (Voltage Feed-Forward)
Itis inherent in the details of how current mode works that a line volt-
age change immediately causes a change in power transistor “on”
time. This change is corrected without having to wait for an out-
put voltage change to be sensed after a relatively long delay by a
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conventional voltage error amplifier. The details of how this comes
about will be discussed below.

5.2.1.3 Ease and Simplicity of Feedback-Loop Stabilization

All the topologies discussed above with the exception of flybacks have
an output LC filter. An LC filter has a maximum possible phase shift
of 180° not far above its resonant frequency of f, = #, and gain
between inputand output falls very rapidly with increasing frequency.
As frequency increases, the impedance of the series L arm increases
and that of the shunt arm decreases.

This possible large phase shift and rapid change of gain with fre-
quency complicates feedback-loop design. More important, the ele-
ments around the error amplifier required to stabilize the loop are
more complex and can cause problems with rapid changes in input
voltage or output current.

In a small-signal analysis of the current-mode outer voltage loop,
however, which calculates gain and phase shift to consider the possi-
bility of oscillation, the output inductor does not appear even though
it is physically in series with the output shunt capacitor. So for small
signal changes, the voltage loop behaves as if the inductor were not
there.

The circuit behaves as if there were a constant current feeding the
parallel combination of the output capacitor and the output load resis-
tor. Such a network can yield only 90° rather than 180° of phase shift,
and the gain between input and output falls half as rapidly as for a
true LC filter (=20 dB per decade rather than —40 dB per decade). This
simplifies feedback-loop design, simplifies the circuitry around the
error amplifier required for stabilization, and avoids problems aris-
ing from rapid line or load changes. The details of why this is so will
be discussed below.

5.2.1.4 Paralleling Outputs

A number of current-mode power supplies may be operated in paral-
lel, each with an equal share of the total load current. This is achieved
by sensing current in each supply with equal current sensing resistors,
which convert transistor peak current pulses to voltage pulses. These
are compared in a voltage comparator to a common error-amplifier
output voltage, which forces peak current-sensing voltages and hence
peak currents in the parallel supplies to be equal.

5.2.1.5 Improved Load Current Regulation

Current mode has better load current regulation than voltage mode.
The improvementis notas greatas thatin voltage regulation, however,
which is greatly enhanced by the feed-forward characteristic inherent
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in current mode. The improved load current regulation comes about
because of the greater error-amplifier bandwidth possible in current
mode.

Current-Mode vs. Voltage-Mode
Control Circuits

To understand the differences and advantages of current mode over
voltage mode, it is essential first to see how voltage-mode control cir-
cuitry works. The basic elements of a typical voltage-mode, PWM con-
trol circuit are shown in Figure 5.1. That block diagram shows most of
the elements of the SG1524, the first of many integrated-circuit control
chips that have revolutionized the switching power supply industry.
The SG1524, originally made by Silicon General Corporation, is now
manufactured by many other companies and in improved versions
such as the UC1524A (Unitrode) and SG1524B (Silicon General).

5.3.1 Voltage-Mode Control Circuitry

In Figure 5.1, an oscillator generates a 3-V sawtooth Vi;. The DC volt-
age at the triangle base is about 0.5 V and, at the peak, about 3.5 V.
The period of the sawtooth is set by external discrete components R;
and C; and is approximately equal to T = R;C;.

An error amplifier compares a fraction of the output voltage KV,
to a voltage reference Vi and produces an error voltage Vea. Vea is
compared to the sawtooth V4 in a voltage comparator (PWM). Note
that the fraction of the output KV, is fed to the inverting input of the
error amplifier so that when V, goes up, the error-amplifier output Vo
goes down.

In the PWM voltage comparator, the sawtooth is fed to the non-
inverting input and V¢, is fed to the inverting input. Thus the PWM
output is a negative-going pulse of variable width. The pulse is neg-
ative for the entire time the sawtooth is below the DC level of the
error-amplifier output Vg, or from t; to t. As the DC output voltage
goes—say—slightly positive, KV, goes slightly positive, and V., goes
negative and closer to the bottom of the sawtooth. Thus the duration
of the negative-going pulse Vpwm decreases.

The duration of this negative-going pulse is the duration of the
power transistor “on” time. Further, since in all the voltage-mode
topologies discussed above, the DC output voltage is proportional
to the power transistor “on” time, decreasing the “on” time brings
the DC output voltage back down by negative-feedback loop action.
The duration of the negative pulse Vpwm increases as the output DC
voltage decreases.
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FIGURE 5.1 A basic voltage-mode PWM controller. The output voltage is
sensed directly by the error amplifier. Regulation against load current
changes occurs only after the current changes cause small output voltage
changes. The current-limit amplifier operates to shut down the supply only
when a maximum current limit is exceeded. Transistor “on” time is from
start of sawtooth until the sawtooth crosses V,,.

The UC1524 is designed primarily for push-pull-type topologies, so
the single negative-going pulse of adjustable width, coming once per
sawtooth period, must be converted to two 180° out-of-phase pulses
of the same width. This is done with the binary counter and negative
logic NAND gates G1 and G3. A positive-going pulse V), occurring at
the end of each sawtooth is taken from the sawtooth oscillator and
used to trigger the binary counter.



Chapter 5: Current-Mode and Current-Fed Topologies

Outputs from the binary counter Q and Q are then out-of-phase
square waves at half the sawtooth frequency. When they are negative,
these square waves steer negative Vpwm pulses alternately through
negative logic NAND G1 and G;. These gates produce a positive output
only for the duration of time that the inputs are negative. Thus the
bases (and emitters) of output transistors Q1 and Q2 are positive only
on alternate half cycles and only for the same duration as the Vowm
negative pulses.

The “on” time of the power transistors must correspond to the
time the Vpwm pulse is negative for the complete circuit to have
negative feedback, since KV, is connected to the inverting termi-
nal of the error amplifier. Thus if the power transistors are of the
NPN type, they must be fed from the emitters of Q1, Q2, or if of
the PNP type, from the collectors. If current amplifiers are inter-
posed between the bases of the output transistors and Q1, Q2, po-
larities must be such that Q1, Q2 are “on” when the output transistors
are “on.”

The narrow positive pulse V), is fed directly into gates G1, G2. This
forces both gate outputs to be “low” simultaneously for the dura-
tion of V,,, and both output transistors to be “off” for that duration.
This ensures that if the pulse width of V,wm ever approached a full
half period, both power transistors could never be “on” simultane-
ously at the end of the half period. In a push-pull topology, if both
transistors are simultaneously “on” even for a short time, they are
subjected to both high current and the full supply voltage and could
be destroyed.

This, then, is a voltage-mode circuit. Power transistor or output
current is not sensed directly. The power transistors are turned “on” at
the beginning of a half period and turned “off” when the sawtooth Vg
crosses the DC level of the error-amplifier output, which is a measure
of output voltage only.

The complete details of the 5G1524 are shown in Figure 5.2a. The
negative logic NAND gates G1, G2 of Figure 5.1 are shown in Figure 5.2a
as positive logic NORr gates. These perform the same function for re-
quiring all “lows” to make a “high” and are identical to any one “high”
forcing a “low.”

In Figure 5.2a, when pin 10 goes “high,” the associated transis-
tor collector goes “low” and brings the error-amplifier output (pin 9)
down to the base of the sawtooth. This reduces output transistor “on”
times to zero and shuts down the supply. In the current limit com-
parator, if pin 4 is 200 mV more positive than pin 5, the error-amplifier
output is also brought down to ground (there is an internal phase in-
version, not shown) and the supply is shut down. Pins 4 and 5 are
bridged across a current-sensing resistor in series with the current
being monitored. If current is to be limited to I, the resistor is se-
lected as Ry = 0.2/1,.
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5.3.2 Current-Mode Control Circuitry

Circuitry of the first integrated-circuit current-mode control chip (Uni-
trode UC1846) is shown in Figure 5.2b. Figure 5.3 shows its basic ele-
ments controlling a push-pull converter.

Note in Figure 5.3 that there are two feedback loops—an outer loop
consisting of output voltage sensor (EA) and an inner loop comprising
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FIGURE 5.3 Current-mode controller UC1846, driving a push-pull MOSFET
converter. Transistors are turned “on” alternately at each clock pulse. They
are turned “off” when the peak voltage across the common current-sensing
resistor equals the output voltage of the voltage-sensing error amplifier.
PWM forces all Q1, Q2 current pulses to have equal peak amplitudes.
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primary peak current sensor (PWM) and current-sensing resistor R;
which converts ramp-on-a-step transistor currents to ramp-on-a-step
voltages.

Line and load current changes are regulated by varying power tran-
sistor “on” time. “On” time is determined by both the voltage-sensing
error-amplifier output Veao and the PWM voltage comparator, which
compares Vgqo to the ramp-on-a-step voltage at the top of the current-
sensing resistor R;.

Because the secondaries all have output inductors, the secondary
currents have the characteristic ramp-on-a-step shape. These reflect
as identical-shaped currents, which are smaller by the N;/N, ratio,
in the primary and the output transistors. Those currents flowing in
the common emitters through R; produce the ramp-on-a-step voltage
waveshape V;. Power transistor “on” time is then determined as fol-
lows: An internal oscillator, whose period is set by external discrete
components Ry, Cy, generates narrow clock pulses C,. The oscillator
period is approximately 0.9R;C;. At every clock pulse, feed-forward
FF1 is reset, causing its output Qpw to go “low.” The duration of the
“low” time at Qpw, it will soon be seen, is the duration of the “high”
time at either of the chip outputs A or B and, hence, the duration of
the power transistor “on” times.

When the PWM voltage comparator output goes “high,” FF1 is set,
thus terminating the Qpw “low” and hence the “high” time at Aor B,
and turns “off” the power transistor which had been “on.” Thus the
instant at which the PWM comparator output goes “high” determines
the end of the “on” time.

The PWM comparator compares the ramp-on-a-step current-
sensing voltage V; to the output of the voltage error-amplifier EA.
Hence when the peak of V; equals Va0, the PWM output goes posi-
tive and sets FF1, Qpw goes “high,” and whichever of Aor B had been
“high” goes “low.” The power transistor that had just been “on” is
now turned “off.”

A “low” output from FF1 occurs once per clock period. It starts
“low” at every clock pulse and goes back “high” when the PWM non-
inverting input equals the DC level of the EA output. Most frequently,
power transistors Q1, Q2 will be N types, which require positive-
going signals for turn “on.” Thus these equal-duration negative-going
pulses are steered alternately through negative logic NAND gates G1
and G2, becoming 180° out-of-phase, positive-going pulses at the chip
outputs Aand B.

Chip output stages TPA and TPB are “totem poles.” When the
bottom transistor of a totem pole is “on,” the top one is “off” and
vice versa. Output nodes A and B have very low output impedance.
When the bottom transistor is “on,” it can “sink” (absorb inward-
directed current) 100 mA continuous and 400 mA during the “high”-
to-“low” transition. When the top transistor is “on,” it can “source”
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(emit outward-directed current) 100 mA continuous and 400 mA dur-
ing the “low”-to-"high” transition.

Steering is done by binary counter BC1, which is triggered once
per clock pulse on the leading edge of the pulse. The negative-going
Q pulses steer the negative Qpw pulses alternately through negative
logic NAND gates G1, G2. The chip outputs A and B are 180° out-
of-phase positive pulses whose duration is the same as that of the
negative pulses Qpw.

Note that Qpw is positive from the end of the “on” time until the
start of the next turn “on.” This forces the bubble outputs of G1, G2
“high” and brings points A and B both “low.” This “low” at both
power transistor inputs during the dead time between the turn “off”
of one transistor and the turn “on” of the other is a valuable feature. It
presents alow impedance at the “off”-voltage level and prevents noise
pickup from turning the power transistors “on” spuriously. While the
bubble outputs of G1, G2 are both “high,” their no-bubble outputs
are both “low,” and thus turn “off” the upper transistors of the totem
poles TPA and TPB and avoid over-dissipating them.

It can be seen also that the narrow positive clock pulse is fed as a
third input to NAND gates G1, G2. This makes bubble outputs from G1,
G2 “high” and outputs A, B simultaneously “low” for the duration
of the clock pulse. This guarantees that under fault conditions, if the
controller attempts a full half period “on” time (Qpw “low” and either
Aor B “high” for a full half period), there will be a dead time between
the end of one “on” time and the start of the opposite “on” time. Thus
the power transistors can’t conduct simultaneously.

Detailed Explanation of Current-Mode
Advantages

5.4.1 Line Voltage Regulation

Consider how the controller regulates against line voltage changes.
Assume that line voltage (and hence Vj.) goes up. As V. goes up, the
peak controlled secondary voltage will go up and afteradelayin L,, V,
will eventually go up. Since secondary DC voltages are proportional
to secondary winding peak voltages and power transistor “on” time,
the “on” time must decrease because the peak secondary voltage has
increased. Then, after a delay through the error amplifier, Veao will go
down and, in the PWM comparator, the ramp in V; will become equal
to the lowered value of V4, earlier in time. Thus, “on” time will be
decreased and the output voltage will be brought back down.

If this were the only mechanism to correct against line voltage
changes, however, the correction would be slow due to the delays in

1
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L, and the error amplifier, but there is a shortcut around those delays.
As Vy. goes up, the peak voltage at the input to the output inductor Vg
increases, the slope of inductor current DI/ dt increases, and hence
the slope of the ramp of V; increases. Now the faster ramp equals Veao
earlier in time, and the “on” time is shortened without having to wait
for Veao to move down and shorten the “on” time. Output voltage tran-
sients resulting from input voltage transients are smaller in amplitude
and shorter in duration because of this feed-forward characteristic.

5.4.2 Elimination of Flux Imbalance

Consider the waveform V; in Figure 5.3. It is taken from the current-
sensing resistor R; and is hence proportional to power transistor cur-
rents. The “on” time ends when the peak of the ramp in V; equals the
output voltage of the error amplifier Ve, It can be seen in Figure 5.3
that peak currents on alternate half cycles cannot be unequal as in Fig-
ure 2.4b and 2.4c because the error-amplifier output Ve, is essentially
horizontal and cannot change significantly within one cycle because
of limited EA bandwidth.

If the transformer core got slightly off center and started walk-
ing up into saturation on one side, the voltage V; would become
slightly concave upward close to the end of that “on” time. It would
then equal V4, earlier and terminate that “on” time sooner. Flux in-
crease in that half cycle would then cease, and in the next half cycle,
since the opposite transistor would not have a foreshortened “on”
time, the core flux would be brought back down and away from
saturation.

Since the peaks of the voltage ramps in Figure 5.3 (V;) are equal, peak
currents on alternate half cycles must be equal. Thus the inequality
of alternate currents and flux imbalance shown in Figure 2.4b are not
possible.

5.4.3 Simplified Loop Stabilization from

Elimination of Output Inductor in

Small-Signal Analysis
Refer to Figure 5.3. In a small-signal analysis to determine whether
the outer voltage loop is stable, it is assumed that the loop is opened
at some point and a small sinusoidal signal of variable frequency is
inserted at the input side of the break. The gain and phase shift versus
frequency are calculated through all the loop elements starting from
the input side of the break, around to the same point at the output side
of the loop break. By tailoring the error-amplifier gain and phase shift
properly in relation to the other elements in the open loop (primarily
the output LC filter), the closed loop is made stable.
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The variable frequency is often inserted at the input to the error
amplifier. In Chapter 12 on feedback loop stability analysis, it will be
shown how gain and phase shift through the error amplifier may be
calculated and tailored to achieve the desired results.

Considering Figure 5.3, the concept of gain and phase shift of a
sinusoidal signal from the error-amplifier output to the input of the
LC filter may not be obvious. Of primary importance is the fact that the
highest frequency to which the loop will respond significantly is well
below the switching frequency of the converter. The error-amplifier
output Veqo is, therefore, a slowly changing or essentially DC voltage
that, when it equals the peak of the ramp-on-a-step pulse sequence V;,
results in a sequence of negative-going pulses at Qpw whose duration
depends on Veao. The Qpw negative pulses result in a sequence of
positive-going pulses at the input to the LC filter.

It may seem puzzling to speak of gain and phase shift of sinusoidal
signals in view of this odd operation of converting a voltage level to
a sequence of pulses at the switching frequency. The situation may be
clarified as follows.

If there is a sinusoidal signal at the error-amplifier input, it is am-
plified and phase-shifted at the EA output. Thus Ve, is sinusoidally
amplitude modulated at that frequency. The Qpw negative pulses are
similarly pulse width modulated at that frequency. So are the “on”
times of the positive-going pulses at the output rectifiers pulse width
modulated at that frequency. Hence, the voltage at the output recti-
fier cathodes, which is proportional to the pulse widths, when aver-
aged over a time long compared to the switching period, is simply
amplitude modulated at the same frequency as was inserted at the
error-amplifier input.

So long as the modulation period is long compared to the switch-
ing period, the modulation operation is a sinusoid-to-pulse width-
to-sinusoid converter. The gain of this modulation operation will be
discussed further in the chapter on feedback loop stability.

In the converter of Figure 5.3, there remains only the problem of
calculating the gain and phase shift versus frequency for the sinusoid
through the LC filter. A sine wave voltage at the rectifier cathodes will
be phase shifted 90° by the LC filter at the resonant frequency ﬁ
and 180° at frequencies above that, and gain from input to output will
fall at 40 dB/decade above resonance.

In current mode, however, the PWM comparator forces the output
at the rectifier cathodes to be a sequence of width-modulated constant-
current pulses—not voltage pulses. Thus at the input to the LC filter,
the averaged waveform is a constant-current, not a Constant-voltage,
sinusoid.

With a constant-current sinusoid, the filter inductor cannot act to
change phase. The circuit behaves, in this small-signal analysis, as if
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the inductor were not present. Thus after the rectifier cathodes, the
gain and phase shift correspond to that of a constant-current sinusoid
flowing into the parallel combination of the output capacitor and load
resistor. Such a circuit can yield a maximum phase shift of only 90°, and
a gain-versus-frequency characteristic that falls at —20 dB per decade,
rather than —40 dB.

Chapter 12 on feedback stability analysis will show that this greatly
simplifies the error-amplifier design, yields greater bandwidth, and
improves the response of the closed-loop circuit to step changes in
load current and line voltage. For now, Figure 5.4a and 5.4b show a
comparison of the error-amplifier feedback networks required to sta-
bilize a voltage-mode circuit (Figure 5.4a) and a current-mode circuit
(Figure 5.4b).

After Pressman Notice the inductor is only taken out of the loop for
small signal changes (it is still there in fact). For larger transient changes,
the inductor will still limit the slew rate and cannot be ignored for large
changes (where the control amplifiers bottom or top out at the limit of their
range). ~K.B.

5.4.4 Load Current Regulation

In Figure 5.3, the V; voltage waveform is proportional to power tran-
sistor currents, which are related to controlled secondary current by
the transformer turns ratio.

At a DC input voltage Vy., the peak secondary voltage is Vp =
Vde(Ns/Np). For an “on” time of ton in each transistor, the DC output
voltage is V, = Vip(2ton/T)—just as for a voltage-mode push-pull
circuit. The “on” time starts at the clock pulse, as shown in Figure 5.3,
and ends when the V; ramp equals the voltage error-amplifier output.

If the DC voltage goes up as described, initially the V; ramp rate
increases and shortens the “on” time as it reaches the original Va0
level earlier in time. This yields a fast correction for a step change in
input voltage and the “on” time remains shorter as required by the
preceding relation for the increase in peak secondary voltage.

The mechanism for load current regulation, though, is different.
For a fast step increase—say—in DC load current, the DC output volt-
age drops momentarily somewhat because the LC output filter has a
surge impedance of approximately ~/LC. After the delay in the error
amplifier, Veao moves up an amount determined by the EA gain.

Now V; must ramp longer and hence higher in amplitude for it to
reach equality with the higher Ves0. The secondary peak current and
hence the output inductor current are thus larger in amplitude. The
up-slope of the inductor current lasts longer and eats somewhat into
the dead time before the opposite transistor turns “on.”
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FIGURE 5.4 (a) Typical compensating network for a voltage-mode power
supply. The complex input-feedback network in voltage mode is necessary
because the output inductor with the filter capacitor together yields a 180°
phase shift and a —40 dB/decade gain versus frequency characteristic, which
make loop stabilization more difficult. (b) Typical compensation network for
a current-mode power supply. In current mode, the source driving the
output inductor is an effective “current source.” The output inductor does
not contribute to phase shift. The circuit acts at its output as if there were a
constant current driving the parallel combination of the output filter
capacitor and the output load resistance. Such a network yields a maximum
90° phase shift and a —20 dB/decade gain versus frequency characteristic.
This permits the simpler input-feedback network for loop stabilization. It
also copes much more easily with large-amplitude load and line changes.

With a shorter dead time, when the opposite transistor turns “on” at
the beginning of the dead time, the current remaining in the inductor
will be greater than it had been in the previous cycle. Thus the front-
end step in each current pulse represented by V; will be greater than
that in the previous cycle.
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This process continues for a number of switching cycles, until the
step part of the ramp-on-a-step current waveform builds up suffi-
ciently to supply the increased demand for DC load current. As this
current builds up, the DC output voltage gradually builds back up and
Veao relaxes back down, returning the “on” time to its original value.
The time to respond to a change in DC load current is thus seen to
be dependent on the size of the output inductor, since a smaller value
permits more rapid current changes. The response time also depends
on the bandwidth of the error amplifier.

Current-Mode Deficiencies
and Limitations

5.5.1 Constant Peak Current vs. Average
Output Current Ratio Problem!*

Current mode controls the peak transistor currents (and hence the
peak output inductor/choke currents) constant at a level needed to
supply the required mean DC load current to give the mean DC output
voltage dictated by the voltage error amplifier, as shown in Figure 5.3.

The DC load current is the average of the output inductor current
so that keeping the peak transistor current constant, and hence the
peak output inductor current constant, does not keep the average
inductor current and hence output current constant. Because of this,
in the unmodified current-mode scheme described thus far, changes in
the DC input voltage will cause momentary changes in the DC output
voltage. After a short delay the output voltage change will be corrected
by the voltage error amplifier in the outer feedback loop, as this is the
loop that ultimately sets output voltage.

After Pressman This is now referred to as the “peak to average cur-
rent ratio” effect. The problem stems from the fact that maintaining the peak
inductor current constant does not maintain the average output current con-
stant, because duty cycle changes change the average value but not the peak
value. This can become a problem for wide duty cycle changes, leading to sub-
harmonic instability. It is corrected by ramp compensation (Section 5.5.3).
~K.B.

However, the inner loop, in keeping peak inductor current con-
stant, does not supply the correct average inductor current and output
voltage changes again. The effect is an oscillation that commences at
every change in input voltage and that may continue for some time.
The mechanism can be better understood from an examination of the
up- and down-slopes of the output inductor currents in Figure 5.5.3
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FIGURE 5.5 Problems in current mode. (a) Output inductor currents at high
and low input voltages. In current mode, peak inductor currents are
constant. At low DC input, f,, is maximum, yielding average inductor
current I,,1. At high DC input, “on” time decreases to keep output voltage
constant. But average inductor current I,y is lower at high DC input. Since
output voltage is proportional to average—not peak—inductor current, this
causes oscillation when input voltage is changed. Slope m; is inductor
current down-slope, which is not affected by loop action and is constant.
Slope my; is inductor current up-slope at low line; myy, is inductor current
up-slope at high line. (b) For a duty cycle less than 50%, an initial inductor
current disturbance I results in smaller I, disturbances in successive cycles
until the disturbances die out. (c) For a duty cycle greater than 50%, an initial
inductor current disturbance I3 results in larger I; disturbances in successive
cycles. The disturbances grow and then decay, resulting in an oscillation.
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Figure 5.5a shows the up- and down-slopes of the output inductor
current for two different DC input voltages in current mode. Slope 1,
is the down-slope = dI; /dt= V,/L,. It is seen to be constant for the
two different DC input voltages. At the high input voltage, “on” time
is short at fon , and at the lower DC input, “on” time is longer at ton ;.

The peak inductor currents are constant because the power tran-
sistor peak currents are kept constant by the PWM comparator (see
Figure 5.3). The DC voltage input V¢, to that comparator is constant
since the outer feedback loop is keeping V, constant. The constant
Veao then keeps V; peaks constant, and hence transistor and output
inductor peak currents are constant.

In Figure 5.54, in the steady state, the current change in the output
inductor during an “on” time is equal and opposite to that during an
“off” time. If this were not so, there would be a DC voltage across
the inductor, and since it is assumed that the inductor has negligible
resistance, it cannot support DC voltage.

It can be seen in Figure 5.51 that the average inductor current at
low DC input is higher than it is at high DC input voltage. This can
be seen quantitatively as

() e

Since the voltage feedback loop keeps the product of Vycfon constant,
at lower DC input voltage when the “on” time is higher, the average
output inductor current I,y is higher, as can be seen from Eq. 5.1 and
Figure 5.5a.

Further, since the DC output voltage is proportional to the average
and not the peak inductor current, as DC input goes down, DC output
voltage will go up. DC output voltage will then be corrected by the
outer feedback loop and a seesaw action or oscillation will occur.

This phenomenon does not occur in voltage-mode control, in
which only DC output voltage is controlled. Also, since DC output
voltage is proportional to average and not peak inductor current,
keeping output voltage constant maintains average inductor current
constant.
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5.5.2 Response to an Output Inductor

Current Disturbance
A second problem that gives rise to oscillation in current mode is
shown in Figure 5.5b and 5.5¢. In Figure 5.5, it is seen that at a fixed
DC input voltage, if for some reason there is an initial current distur-
bance Al after a first down-slope the current will be displaced by an
amount Al.

Further, if the duty cycle is less than 50% (m, <), as in Figure 5.5b,
the output disturbance A, will be less than the input disturbance A I,
and after a few cycles, the disturbance will die out. If the duty cycle is
greater than 50% (my > my) as in Figure 5.5¢, the output disturbance
Aly after one cycle is greater than the input disturbance AIz. This can
be seen quantitatively from Figure 5.5b as follows. For a small current
displacement Ay, the current reaches the original peak value earlier
in time by an amount dt where dt = Al1/m;.

On the inductor down-slope, at the end of the “on” time, the current
is lower than its original value by an amount A, where
Al = mpdt = AL 2 (5.2)

my

Now with m; greater than m,, the disturbances will continue to grow
but eventually decay, giving rise to an oscillation.

5.5.3 Slope Compensation to Correct
Problems in Current Mode!™*

Both current-mode problems mentioned above can be corrected as
shown in Figure 5.6, in which the original, unmodified output of the
error amplifier is shown as the horizontal voltage level OP. The “slope
compensation” scheme for correcting the preceding problems consists
of adding a negative voltage slope of magnitude m to the output of the
error amplifier. By proper selection of m in a manner discussed below,
the output inductor average DC current can be made independent of
the power transistor “on” time. This corrects the problems indicated
by both Egs. 5.1 and 5.2.

In Figure 5.6, the up-slope m1 and down-slope m; of output inductor
current are shown. Recall that in current mode, the power transistor
“on” time starts at every clock pulse and ends at the instant the out-
put of the PWM comparator reaches equality with the output of the
voltage error-amplifier as shown in Figure 5.3. In slope compensation,
a negative voltage slope of magnitude m = dV.,/dt starting at clock
time is added to the error-amplifier output. The magnitude of m is
calculated thus: In Figure 5.6, the error-amplifier output at any time
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FIGURE 5.6 Slope compensation. By adding a negative voltage slope of
magnitude m = N;/N,(R;)(m2/2) to the error-amplifier output (Figure 5.3),
the two problems shown in Figure 5.5 are corrected.

ton after a clock pulse is
Vea = Veao — mton (5.3)

where Ve, is the error-amplifier output at clock time. The peak voltage
Vi across the primary current-sensing resistor R; in Figure 5.3 is

N;

Vi=IppRi = stvﬁ
4

R;

in which I, and I, are the primary and secondary peak currents,
respectively. But Isp = Isa+ dl> /2, where I, is the average secondary
or average output inductor current and dI, in Figure 5.6 is the inductor
current change during the “off” time (= mafof). Then

Mo toft
2

Isp = la+

my
= Isa + 7(T - ton)

So Vi= R [Isa + 2T — to) (5.4)
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Equating Egs. 5.3 and 5.4, which is what the PWM comparator does,
we obtain

Ns Ny - m N, m
ﬁpRiIsa = Veao + ton (N-pRzzz - Wl) - <SR1'ZT>
It can be seen in this relation that if

&Ri%=m= dVea

N, 2 dt

then the coefficient of the t,, term is zero and the average output
inductor current is independent of the “on” time. This then corrects
the above two problems arising from the fact that without compen-
sation, current mode maintains the peak, and not the average, output
inductor current constant.

5.5.4 Slope (Ramp) Compensation with a

Positive-Going Ramp Voltage3
In the previous section it was shown that if a negative ramp of mag-
nitude given by Eq. 5.5 is added to the error-amplifier output, the two
current-mode problems described above are corrected.

The same effect is obtained by adding a positive-going ramp to the
output of the current-sensing resistor V; (Figure 5.3) and leaving the
error-amplifier output voltage Veao (Figure 5.3) unmodified. Adding
a positive ramp to V; is simpler and is the more usual approach. That
adding the appropriate positive ramp to V; also makes the average
output inductor current independent of “on” time can be shown as
follows: A ramp voltage of slope dV /dt will be added to the voltage V;
of Figure 5.3, and the resultant voltage will be compared in the PWM
to the error-amplifier output Voo of that figure. When the PWM finds
equality of those voltages, its output terminates the “on” time. Then
Vi +dV /dt = Veao. Substitute V; from Eq. 5.4:

N; m av
ﬁpRi Isa + 72(T - ton)} + Eton = Veao

Then

%R,-Isa + i\’iRi”;zT + fon (‘Z‘: - %R”f) = Veao
From the above, it is seen that if the slope dV /dt of the voltage added to
Vi is equal to (N;/Np) Rimz /2, the terms involving o, in the preceding
relation vanish and the secondary average voltage I, is independent
of the “on” time. Note that m,(= V,/L,) is the current down-slope of
the output inductor as defined earlier.
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5.5.5 Implementing Slope Compensation®

In the UC1846 chip, a positive-going ramp starting at every clock
pulse is available across the timing capacitor (pin 8 in Figure 5.2b).
The voltage at that pin is

AV
Vise = Eton (5.6)

where AV = 1.8 Vand At = 0.45R;C;.
As seen in Figure 5.7, a fraction of that voltage, whose slope is
AV/At,isadded to V; (the voltage across the current-sensing resistor).

9 Ry
UC 1846
current mode control
8
Ct
5 L re e
It
Py + Current sense
Vep L
gR‘I o r__b Vo
V
dc Np Ns
Np Ns

—
iai

FIGURE 5.7 Slope compensation in the UC1846 current-mode control chip.
A positive ramp voltage is taken from the timing capacitor, scaled by
resistors R1, R2 and added to the voltage on the current resistor R;. By
choosing R;, R, to make the slope of the voltage added to V; equal to half the
down-slope of the output inductor current reflected into the primary and
multiplied by R;, the average output inductor current is rendered
independent of power transistor “on” times.
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That slope is set to (Ns/N,) R;(m2/2) by resistors R1, R2. Thus in Fig-
ure 5.7, since R; is much less than R1, the voltage delivered to the
current-sensing terminal (pin 4) is

R1 Ve vt Rl AV
R1+R2 %7 """ R1+R2 At

and setting the slope of that added voltage equal to (N;/Ny)R;jm2/2,
we obtain

Vi + ton (5.7)

RL  (N/Np)(Ri)(m2/2)
RITR2 - AV/At

in which AV/At =1.8/(0.45R;C).

Since R1+ R2 drains current from the timing capacitor, they change
operating frequency. Then either R1 4+ R2 is made large enough so
that the frequency change is small, or a buffer amplifier is interposed
between pin 8 and the resistors. Usually R1 is preselected and R2 is
calculated from Eq. 5.8.

(5.8)

After Pressman  With large values of inductance L, or at higher frequen-
cies, the slope on the current waveform (Figure 5.5) as it approaches the point
of transition to the “off” state can approach zero. Hence any small noise spike
can cause early or late switching resulting in jitter and noise in the output.
In effect, the gain of the fast current control loop becomes very high. Close
attention to layout and using a non-inductive current-sensing resistor for R;
or a DCCT may help. But in many cases the solution requires a reduction in
inductance resulting in an increase in high frequency ripple current. ~K.B.

Comparing the Properties of
Voltage-Fed and Current-Fed Topologies

5.6.1 Introduction and Definitions

All topologies discussed thus far have been of the voltage-fed type.
Voltage-fed implies that the source impedance of whatever drives the
topology is low and hence there is no way of limiting the current
drawn from it during unusual conditions at power switch turn “on”
or turn “off,” or under various fault conditions in the topology.
There are various ways of implementing “current limiting” with
additional circuitry, which senses an over-current condition and takes
some kind of corrective action such as narrowing the controller’s
switching pulse width or stopping it completely. But all such schemes
are not instantaneous; they involve a delay over a number of switch-
ing cycles during which there can be excessive dissipation in either
the power transistors or output rectifiers and dangerous voltage or
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current spiking. Thus such over-current sensing schemes are of no
help in the case of high transient currents at the instant of the power
switch turn “on” and turn “off.”

The low-source impedance in voltage-fed topologies is that of the
filter capacitor in offline converters or of the battery in battery-
powered converters. In compound schemes that use a buck regulator
to preregulate the rectified DC voltage of the AC line rectifier, it is the
very low-output impedance of the buck regulator itself.

In current-fed topologies, the high instantaneous impedance of an
inductor is interposed between the power source and the topology
itself. This provides a number of significant advantages, especially
in high power supplies (> 1000 W), high output voltage supplies
(> 200 V), and multi-output supplies where close tracking between
slaves and a master output voltage is required.

Advantages of the current-fed technique can be appreciated by ex-
amining the usual shortcomings of high-power, high-output-voltage,
and multi-output voltage-fed topologies.

5.6.2 Deficiencies of Voltage-Fed, Pulse-

Width-Modulated Full-Wave Bridge®
Figure 5.8 shows a conventional voltage-fed full bridge—the usual
choice for a switching supply at 1000-W output. At higher output
powers, high output voltages, or multiple output voltages, it has the
following significant shortcomings.

)
{>F
o

—{r

o D1 p3 Q3

L

—C

!

T Q4 D4 D2 :102

FIGURE 5.8 A conventional voltage-fed full bridge, often used for higher out-
put powers typically 1000 W or more. The low-source impedance of the filter
capacitor C s and the need for the output inductor L, are significant drawbacks
for output powers over 1000 W and output voltages over a few hundred
volts. Further, in a multi-output power supply, the requirement for an output
inductor at each output makes the topology expensive in cost and space.
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5.6.2.1 Output Inductor Problems in Voltage-Fed,
Pulse-Width-Modulated Full-Wave Bridge

For high-output voltages, the size and cost of the output inductor L,
(or inductors in a multi-output supply) becomes prohibitive as can
be seen from the following. The inductor is selected to prevent going
into the discontinuous mode or running dry at the specified minimum
DC load current (Sections 1.3.6 and 2.2.14.1). For a minimum DC load
current of one-tenth the nominal I, Eq. 2.20 gives the magnitude of
the inductor as L, = 0.5V, T/Ion.

Now consider a 2000-W supply at V, = 200V, Ipnomina) = 10 A,
and a minimum DC output current of 1 A. To minimize the size of the
output inductor, T should be minimized, and a switching frequency
of 50 kHz might be considered. At 50 kHz, for V, =200V, I, =10 A,
Eq. 2.20 yields L, of 200 pH.

The inductor must carry the nominal current of 10 A without satu-
rating. Inductors capable of carrying large DC bias currents without
saturating are discussed in a later chapter and are made either with
gapped ferrite or powdered iron toroidal cores. A 200-uH 10-A induc-
tor using a powdered iron toroid would have a diameter about 2.5 in
and a height about 1.0 in.

Although this is not a prohibitive size for a single-output 2-kW
supply, a supply with many outputs, higher output voltage, or higher
output power, the size and cost of many large inductors would be a
serious drawback. For high-output voltages (> 1000 V), even at low-
output currents, the output inductor is far more troublesome because
of the large number of turns required to support the high voltage
across the inductor. This high voltage—especially during the dead
time when cathodes of D5, D6 of Figure 5.8 are both “low”—can
produce corona and arcing.

A further problem with a topology requiring output inductors, as
shown in Figure 5.8, is the poor cross regulation or change in output
voltage of a slave when current changes in the master (Section 2.2.2).
The output inductors in both the master and slave must be large
enough to prevent discontinuous mode operation and large-output
voltage changes at minimum load currents.

The current-fed topology (Figure 5.10) discussed below avoids
many of the above problems, as it does not require multiple out-
put inductors. It uses a single input inductor L1 in place of the
individual output inductors, and is positioned before the high fre-
quency switching bridge circuit and after line rectification and stor-
age capacitors. Thus DC output voltages are the peak rather than
the average of the transformer secondary voltages. Voltage regula-
tion is achieved by pulse-width modulation of the bridge, or as in
Figure 5.10, by a buck regulator transistor switch Q5 ahead of the L1
inductor.
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5.6.2.2 Turn “On” Transient Problems in Voltage-Fed,
Pulse-Width-Modulated Full-Wave Bridge®

In Figure 5.8, diagonally opposite transistors are simultaneously “on”
during alternate half cycles. The maximum “on” time of each pair is
designed to be less than 80% of a half period. This ensures a 0.2T/2
dead time between the turn “off” of one transistor pair and the turn
“on” of the other. This dead time is essential, for if the “on” time of
alternate pairs overlapped by even a fraction of a microsecond, there
would be a dead short circuit across the filter capacitor, and with
nothing to limit current flow, the transistors would fail immediately.

During the dead time, all four transistors are “off,” the anodes of
output rectifiers D5, D6 are at zero volts, and the voltage at the input
end of filter inductor L, has swung down to keep the current constant.
The input end of L, is clamped at one diode drop below ground by
D5, D6, which act as free-wheeling diodes. The current that had been
flowing in L, before the dead time (roughly equal to the DC output
current) continues to flow in the same direction. It flows out through
the ground terminal into the secondary center tap, where it divides
equally with half flowing through each of D5 and D6 and back into
the input end of L,.

At the start of the next half cycle when, say, Q1, Q2 turn “on,” the
no-dot end of the T1 primary is high and the no-dot end of the T'1
secondary (anode of D6) attempts to go high. But the cathode of D6
is looking into the cathode of D5, which is still conducting half the
DC output current. Until D6 supplies a current equal to and canceling
the D5 forward current, it is looking into the low impedance of a
conducting diode (~10 €2).

This low secondary impedance reflects as a low impedance across
the primary. But this low impedance is in series with the transformer’s
leakage inductance, which limits the primary current during the time
required to cancel the D5 free-wheeling current. Because of the high-
impedance current-limiting effect of the leakage inductance, transis-
tors Q1 and Q2 remain in saturation until the D5 free-wheeling current
is canceled.

When the D5 current is canceled, it still has a low impedance
because of its reverse-recovery time, which may range from 35 ns
(ultra-fast-recovery type) to 200 ns (fast-recovery type). For a reverse-
recovery time of t,, supply voltage of V.., and transformer primary
leakage inductance of L;, the primary current overshoots to Vct,/L;.
This overshoot current can pull the transistors out of saturation and
either damage or destroy them.

Finally, when the output rectifier recovers abruptly, there is a
damped oscillatory ring at its cathode. The first positive half cycle
of this ring can more than double the reverse voltage stress on the
diode and possibly destroy it. Even in lower power supplies, it is often
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necessary to put series RC snubbers across the rectifiers to damp the
oscillation. The penalty paid for this is, of course, dissipation in the
resistors.

5.6.2.3 Turn “Off” Transient Problems in Voltage-Fed,
Pulse-Width-Modulated Full-Wave Bridge®

In Figure 5.8, there is a spike of high power dissipation at turn “off”
as a result of the instantaneous overlap of falling current and rising
voltage across the “off”-turning transistors.

Consider that Q3 and Q4 are “on” and have received turn “off”
signals at their bases. As Q3, Q4 commence turning “off,” current
stored in the leakage and magnetizing inductance of T'1 force a polar-
ity reversal across the primary. The bottom end of T1 primary goes
immediately positive and is clamped via D1 to the positive rail at the
top of C¢. The top end of T1 primary goes immediately negative and
is clamped via D2 to the negative rail at the bottom end of C. Now
voltages across Q3 and Q4 are clamped at V.. so long as diodes D1,
D2 conduct. There are no leakage inductance voltage spikes across
3, Q4 as in push-pull or single-ended forward converter topologies.
Energy stored in the leakage inductance is returned without dissipa-
tion to the input capacitor Cy.

However, while the voltage across Q3, Q4 is held at V., the current
in these two transistors falls linearly to zero in a time ¢¢ determined
by their reverse base drives. This overlap of a fixed-voltage V.. and a
current falling linearly from a value I, results in dissipation averaged
over a full period T of

_y.lnty
PD = V. 5T (5.9)
It is instructive to calculate this dissipation for, say, a 2-kW supply
operating at 50 kHz from a nominal V.. of 336 V (typical V.. for an
offline inverter operating froma 120-V ACline in the voltage-doubling
mode as in Section 3.1.1). Assume a minimum V. of 0.9 (336 V) or
302 V. Then from Eq. 3.7, the peak current is

1.56 P, 2000
I, = Vi _1.56ﬁ_10.3A

A Dbipolar transistor at this current has a fall time of perhaps 0.3 us.
Since peak currents are independent of DC input voltage, calcu-
late overlap dissipation from Eq. 5.9 at a high line of 1.1 x 336 =
370 V. For the dissipation in either Q3 or Q4, Eq. 5.9 gives PD =
Vee(Ip/2)(tr/T) =370(10.3/2)(0.3/20) = 28.5 W, and for the four tran-
sistors in the bridge, total overlap losses would be 114 W.
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It is of interest to calculate the dissipation per transistor during the
“on” time. This is Vie(sat) Ic Ton/ T and for a typical Vee(sary of 1.0 V and
an “on” duty cycle of 0.4is only 1 x 10.3 x 0.4 or 4.1 W.

Even though the 28.5 W of overlap dissipation per transistor can
be reduced with four load- and line-shaping “snubbers” (to be dis-
cussed in a later chapter), these snubbers reduce transistor losses only
by diverting them to the snubber resistors with no improvement in
efficiency. It will be shown that in the current-fed topology, only two
snubbers will be required, reducing transistor overlap dissipation to a
negligible value. The price paid for this is the dissipation in each of the
two snubber resistors of somewhat more than that in the voltage-fed
full bridge.

5.6.2.4 Flux-Imbalance Problem in Voltage-Fed,
Pulse-Width-Modulated Full-Wave Bridge

Flux imbalance, or operation not centered about the origin of the trans-
former’s BH loop, was discussed in Section 2.2.5 in connection with
the push-pull and in Section 3.2.4 for the half bridge. It arises because
of unequal volt-second products applied to the transformer primary
on alternate half cycles. As the core drifts farther and farther off cen-
ter on the BH loop, it can move into saturation where it is unable to
sustain the supply voltage and destroy the transistor.

Flux imbalance can also arise in the conventional full-wave bridge
because of a volt-second imbalance on alternate half cycles. This can
come about with bipolar transistors because of unequal storage times
on alternate half cycles or with MOSEFT transistors because of un-
equal MOSEFT “on”-voltage drops. The solution for the full-wave
bridge is to place a DC blocking capacitor in series with the primary.
This prevents a DC current bias in the primary and forces operation to
be centered about the BH loop origin. The size of such a DC blocking
capacitor is calculated as in Section 3.2.4 for the half bridge.

The current-fed circuits, discussed below, do not require DC block-
ing capacitors, providing another advantage over voltage-fed circuits.
This is still an advantage despite the relatively small size and cost of
such blocking capacitors.

5.6.3 Buck Voltage-Fed Full-Wave Bridge
Topology—Basic Operation
This topology is shown in Figure 5.9. It avoids many of the deficiencies
of the voltage-fed pulse-width-modulated full-wave bridge in high-
voltage, high-power, multi-output supplies.
Consider first how it works. There is a buck regulator preceding a
square-wave inverter, which has only capacitors after the secondary
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FIGURE 5.9 Buck voltage-fed full bridge. The buck regulator preceding the
full bridge eliminates the output inductors in a multi-output supply, but the
low-source impedance of the buck capacitor and the low-output impedance
of the buck regulator still leave many drawbacks to this approach. Q5 is
pulse-width-modulated, but Q1 to Q4 are operated at a fixed “on” time at
about 90% of a half period to avoid simultaneous conduction. The output
filters C2, C3 are peak rather than averaging rectifiers. Practical output
powers of about 2 kW to 5 kW are realizable.

rectifying diodes. Thus the DC output voltage at the filter capacitor is
the peak of the secondary voltage less the negligible rectifying diode
drop. Neglecting also the inverter transistor “on” drop, the DC output
voltageis V, = Vo(N;/ Np), where V; is the output of the buck regula-
tor. The inverter transistors are not pulse-width-modulated. They are
operated at a fixed “on” time—roughly 90% of a half period to avoid
simultaneous conduction in the two transistors positioned vertically
one above another. Diagonally opposite transistors are switched “on”
and “off” simultaneously.

Feedback is taken from one of the secondary outputs (usually the
output with highest current or tightest output voltage tolerance) and
used to pulse-width-modulate the buck transistor Q5. This bucks
down the rectified, unregulated DC voltage V; to a DC value V3,
which is usually selected to be about 25% lower than the lowest
rectified voltage V) corresponding to the lowest specified AC in-
put voltage. The turns ratio Ns/N, is then chosen so that for this
value of V;, the correct master output voltage Vom = V2(N;/N,) is
obtained.
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The feedback loop, in keeping V,m constant against line and load
changes, then keeps V; constant (neglecting relatively constant recti-
fier diode drops) at V2 = V,(N,,/N;). Additional secondaries, rectifier
diodes, and peak-rectifying filter capacitors can be added for slave
outputs.

Alternatively, feedback can be taken from C1 to keep V, constant.
From V; to the outputs, the circuit is open-loop. But all output voltages
are still quite insensitive to line and load changes because they change
only slightly with forward drops in diode rectifiers and “on” drops of
the transistors, which change only slightly with output currents. Thus
the output voltages are all largely proportional to V5.

Taking feedback from V, results in somewhat less constant out-
put voltage, but avoids the problem of transmitting a pulse-width-
modulated control voltage pulse across the boundary from output to
input common. If an error amplifier is located on output common with
a pulse-width modulator on input common, it avoids the problem of
transmitting the amplified DC error voltage across the output-input
boundary. Such a scheme usually involves the use of an optocoupler,
which has wide tolerances in gain and is not too reliable a device.

5.6.4 Buck Voltage-Fed Full-Wave Bridge
Advantages
5.6.4.1 Elimination of Output Inductors

The first obvious advantage of the topology for a multi-output supply
is that it replaces many output inductors with a single input inductor
with consequent savings in cost and space.

Since there are no output inductors in either the master or slaves,
there is no problem with large output voltage changes that result from
operating the inductors in discontinuous mode (Sections 1.3.6 and
2.2.4). Slave output voltages track the master over a large range of
output currents, within about +2%, rather than the +6 to £8% with
output inductors in continuous mode, or substantially more in dis-
continuous mode.

After Pressman  Providing the outputs share a common return, this prob-
lem can also be solved in the multiple output inductor case by using the
coupled inductor approach. Here a single inductor has a winding for each
output wound on a single core. The transformer type coupling between the
windings also eliminates many of the problems shown above.! ~K.B.

The input inductor is designed to operate in continuous mode at
any current above the minimum. Since it is unlikely that all outputs
are at minimum current simultaneously, this indicates a higher total
minimum current and a smaller input inductor (Section 1.3.6).
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Further, even if the input inductor goes discontinuous, the master
output voltage will remain substantially constant, but with somewhat
more output ripple and somewhat poorer load regulation. The feed-
back loop will keep the main output voltage constant even in dis-
continuous mode through large decreases in “on” time of the buck
transistor (Figure 1.6a).

Further, since the slave outputs are clamped to the main output
in the ratio of their respective turns ratios, slaves will also remain
constant against large line and load changes.

Elimination of output inductors, with the many turns required to
sustain high AC voltages for high voltage DC outputs, makes 2000-
to 3000-V outputs easily feasible. Higher output voltages—15,000 to
30,000 V—at relatively low-output currents as for cathode-ray tubes,
or high-voltage high-current outputs as for traveling-wave tubes, are
easily obtained by conventional diode-capacitor voltage multipliers
after the secondaries.®

5.6.4.2 Elimination of Bridge Transistor Turn “On” Transients

With respect to the full-wave pulse-width-modulated bridge of
Figure 5.8, Section 5.6.2.2 discussed turn “on” transient current
stresses in the bridge transistors (Q1 to Q4), and excessive voltage
stress in the rectifying diodes (D5, D6).

It was pointed out in Section 5.6.2.2 that these stresses arose because
the rectifier diodes were also acting as free-wheeling diodes. At the
instant of turn “on” of one diagonally opposite pair (say Q1, Q2),
D6 was still conducting as a free-wheeling diode. Until the forward
current in D6 was canceled, the impedance seen by Q1, Q2 was the
leakage inductance of T1 in series with the low forward impedance
of D6 reflected into the primary.

Subsequently, when Q1, Q2 forced a current into the primary suffi-
cient to cancel the D6 forward current, there was still alow impedance
reflected into the primary because of reverse recovery time in D6. This
caused a large primary current overshoot that overstressed Q1, Q2.
At the end of the recovery time, when the large secondary current
overshoot terminated, it caused an oscillation and excessive voltage
stress on D6.

This current overstress on the bridge transistors and voltage over-
stress on the output rectifiers does not occur with the buck voltage-fed
topology of Figure 5.9. The inverter transistors are operated with a
dead time (~ 0.1T/2) between the turn “off” of one pair of transistors
and the turn “on” of the other pair.

During this dead time when none of the bridge transistors are “on,”
no current flows in the output rectifiers and output load current is
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supplied from the filter capacitors alone. Thus at the start of the next
half period, the “on”-turning rectifier diode is not loaded down with
a conducting free-wheeling diode as in Figure 5.8. The opposite diode
has long since ceased conducting; thus there is no current overstress in
the bridge transistors, no recovery time problem in the rectifier diodes,
and hence no overvoltage stress in them.

5.6.4.3 Decrease of Bridge Transistor Turn “Off” Dissipation

In Section 5.6.2.3, it was calculated that for a 2000-W supply operating
from anominal input of 120-V AC in the input voltage-doubling mode,
the bridge dissipation is 28.5 W at maximum AC input for each of
the four transistors in the voltage-fed, pulse-width-modulated bridge
circuit of Figure 5.8.

In the buck voltage-fed, full-wave bridge (Figure 5.9), this dissi-
pation is somewhat less. This is so because, even at maximum AC
input, the “off”-turning bridge transistors are subjected to bucked-
down voltage V; (Figure 5.9) of about 0.75 times the minimum recti-
fied voltage as discussed in Section 5.6.3. For the minimum rectified
DC of 302 V (Section 5.6.2.3), this is 0.75 x 302 or 227 V. This com-
pares favorably to the 370 V DC at maximum AC input as calculated
in Section 5.6.2.3.

The peak current from the bucked-down 227 V will not differ
much from the 10.3 A calculated in Section 5.6.2.3. Thus assume a
total efficiency of 80%, as for the circuit of Figure 5.8. Assume that
half the losses are in the bridge and half in the buck regulator of
Figure 5.9. Then for a bridge efficiency of 90%, its input power is
2000/0.9 or 2222 W. With a preregulated input, the bridge transis-
tors can operate at 90% duty cycle without concern about simul-
taneous conduction. Input power is then 0.91,Vy. = 2222 W. For
Vie of 227 V as above, this yields I, of 10.8 A. Calculating bridge
transistor dissipation as in Section 5.6.2.3 for a current fall time ts
of 0.3 us out of a period T of 20 us, dissipation per transistor is
(Ip/2)(Vae)(t£/T) = (10.8/2)227 x 0.3/20 = 18.4 W. This is 74 W for
the entire bridge as compared to 114 W for the circuit of Figure 5.8 as
calculated in Section 5.6.2.3.

5.6.4.4 Flux-Imbalance Problem in Bridge Transformer

This problem is still the same as in the topology of Figure 5.8. A
volt-second unbalance can occur because of unequal storage times
for bipolar bridge transistors or because of unequal “on” voltages
for MOSFET transistors. The solution for both the Figure 5.8 and
Figure 5.9 topologies is to insert a DC blocking capacitor in series
with the transformer primary.
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5.6.5 Drawbacks in Buck Voltage-Fed
Full-Wave Bridge®'°

Despite the advantages over the pulse-width-modulated full-wave
inverter bridge, the buck voltage-fed full-wave bridge has a number
of significant drawbacks.

First, there are the added cost, volume, and power dissipation of the
buck transistor Q5 (Figure 5.9) and the cost and volume of the buck LC
filter (L1, C1). The added cost and volume of these elements is partly
compensated by the saving of an inductor at each output. The added
dissipations of the buck regulator Q5 and the free-wheeling diode D5
are most often a small percentage of the total losses for a > 2000-W
power supply.

Second, there are turn “on” and turn “off” transient losses in the
buck transistor, which can be greater than its DC conduction losses.
These can be reduced in the transistor by diverting them to passive
elements in snubbers. But the losses, cost, and required space of the
snubbers is still a drawback. Turn “on”-turn “off” snubbers will be
discussed in the later section on the buck current-fed full-wave bridge.

The turn “off” transient losses in the bridge transistors, although
less than for the pulse-width-modulated bridge of Figure 5.8, still
remain significant. (See the discussion in Section 5.6.4.3.)

Finally, under conditions of unusually long storage time at high
temperature and low load or low line, at the turn “on” of one tran-
sistor pair, the opposite pair may still be “on.” With the low-source
impedance of the buck filter capacitor and the momentary short cir-
cuit across the supply bus, this will cause immediate failure of at least
one, and possibly all, of the bridge transistors.

5.6.6 Buck Current-Fed Full-Wave Bridge
Topology—Basic Operation®*°

This topology is shown in Figure 5.10.° It has no output inductors and
is exactly like the buck voltage-fed full-wave bridge of Figure 5.9 with
the exception that there is no buck filter capacitor C1. Instead, there
is a virtual capacitor C1V, which is the sum of all the secondary filter
capacitors reflected by the squares of their respective turns ratios into
the T1 primary. The filtering by this virtual capacitor C1V is exactly
the same as that of a real capacitor of equal magnitude.

Thus, by replacing all the output inductors of the pulse-width-
modulated full-wave bridge of Figure 5.8 with a single primary side
inductor asin Figure 5.9, all the advantages described in Section 5.6.2.1
for the Figure 5.9 circuit are also obtained for the circuit of Figure 5.10.

Bridge transistors Q1 to Q4 are not pulse-width-modulated, as they
were in Figure 5.8. In this topology, diagonally opposite transistors are
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FIGURE 5.10 Buck current-fed full-wave bridge. The buck filter capacitor
C1is omitted. There is a virtual capacitor C1V there—it is the sum of all the
output capacitors of the master and slaves reflected into the primary.
Diagonally opposite transistors are turned “on” simultaneously. By causing
the “off”-turning and “on”-turning pair to overlap in the “on” state for a
short time (~ 1 us), significant advantages are obtained. During the overlap
of the “off”- and “on”-turning pairs, the high impedance looking into L1
(with C1 missing) forces all input and output nodes of the bridge to collapse
to zero volts. It is the high impedance looking back into L1 that gives the
source driving the bridge the characteristic of a constant current generator.
Z1, D8 constitute an upper clamp to limit V2 when the previously “on”
transistors turn “off.”

simultaneously “on” during alternate half cycles without the normal
“off dead time” between the turn “off” of one pair and the turn “on”
of the next pair, as was required for the voltage-fed circuit of Figure
5.9. Each pair in Figure 5.10 is kept “on” deliberately for slightly more
than a half period, either by depending on the storage times of slow
bipolar transistors or by delaying the turn “off” time by ~1 us or
so when using faster bipolar or MOSFET devices. Output voltage
regulation is achieved by pulse-width-modulating the “on” time of
the buck transistor Q5 as was done for the buck voltage-fed circuit of
Figure 5.9.

Significant advantages accrue from the physical removal of buck
filter capacitor C1 of Figure 5.9 and the deliberate overlapping “on”
times of alternate transistor pairs. These advantages are described as
follows.
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5.6.6.1 Alleviation of Turn “On”-Turn “Off” Transient Problems
in Buck Current-Fed Bridge®'°

For the pulse-width-modulated full-wave bridge of Figure 5.8, Sec-
tion 5.6.2.2 described excessive current, power dissipation stresses
in the bridge transistors, and voltage stresses in the output rectifier
diodes at the instant of turn “on.” Such stresses do not occur in the
current-fed circuit of Figure 5.10 because of the overlapping “on”
times of alternate transistor pairs and the high impedance seen
looking back into L1 with no filter capacitor physically present at
that node.

This can be seen from Figures 5.11 and 5.12. Consider in these figures
that Q3, Q4 had been “on” and Q1, Q2 commence turning “on” at T7.
Transistors Q3, Q4 remain “on” until T, (Figure 5.12), resulting in an
overlap time of T, — T7. At T1, as Q1, Q2 come “on,” a dead short circuit
appears at the output of L1, and since the impedance looking into L11is
high, the voltage V; collapses to zero (Figure 5.12c). L1is alarge induc-
tor and current in it must remain constant at its initial value I; . Thus as
current in Q1, Q2 rises from zero toward I, (Figure 5.12 f and 5.12g),
current in Q3, Q4 falls from I;, toward zero (Figure 5.12d and 5.12¢).

Note, the rising current in Q1, Q2 occurs with zero voltage at V5,
so there is also zero voltage between nodes A and B in Figure 5.11.
Hence, there is no voltage across Q1, Q2 as their current rises, and
there is no dissipation in them. At some later time T3, currents in Q1,
Q2 have risen to I /2 and currents in Q3, Q4 have fallen from I} to
I1 /2, thus summing to the constant current I;, from inductor L1.

Ly
L1

Q5

V1 Ve B —_A A
Len

FIGURE 5.11 During the overlap, when all four transistors are “on,” the
voltage V2 and that across nodes A, B collapse to zero. Energy stored in
leakage inductance L; is fed to the load via the transformer instead of being
dissipated in a snubber resistor or being returned to the input bus as in
conventional circuits. Hence, there is no turn “on” transient dissipation in
the bridge transistors or overvoltage stress in output rectifiers.

195



196 Switching Power Supply Design

Q3, Q4 on Q3, Q4 of f
T2

Q1, Q2 off Qf, Q2on }b
O t———

/

> e

A

FIGURE 5.12 Current waveforms in bridge transistors and voltages at
bridge input during the overlapping “on” times of all four bridge transistors
in buck current-fed topology.

Assume, as a worst-case scenario, that Q3 is slower than Q4, and
(4 turns “off” first. Note that at T, when Q3 and Q4 are commanded
“off,” the voltage V4 is zero, so Q4 turns “off” with zero voltage across
it and little turn “off” dissipation. As Ip4 falls from I /2 toward zero
(T to Ty), 1o rises from Ir /2 toward I, to maintain the constant It
demanded by L1. As Igy rises from Iy /2 toward I, Igs rises from
I;/2 to I, to supply Igo. Again, since L1 demands a constant current
I, as I3 rises toward I, I falls from I1 /2 to zero at Tj.

During the time T; to Ty, while V; is zero volts, the voltage across
the transformer primary (A to B in Figure 5.11) will also fall. Current
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FIGURE 5.13 The buck current-fed bridge. In this circuit only two turn “off”
snubbers (R1, C1, D1 and R2, C2, D2) are required. An upper voltage clamp
(Z1, D) is required to limit V2 when the last of the “off”-turning transistors
turns “off.”

had been stored in the transformer leakage inductance L; while Q3,
Q4 were “on.” As voltage A to B collapses, the voltage across the
primary leakage inductance reverses to keep the current constant.
Thus the leakage inductance acts like a generator and delivers this
stored energy through the transformer to the secondary load instead
of returning it to the input supply bus or to dissipative snubbers as in
conventional circuits.

At a later time T, the slower transistor Q3 starts turning “off.” As
current in it falls from Ij to zero (Figure 5.12d), current I tries to
rise from zero to I} to maintain the constant current I; demanded
by L1. But Ig; rise time is limited by the transformer leakage induc-
tance (Figure 5.12 f). Since I3 fall time is generally greater than Ig;
rise time, voltage V5 will overshoot its quiescent value and must be
clamped to avoid overstressing (3, as its emitter is now clamped to
ground by the conducting Q2. The clamping is done by a zener diode
Z1, as shown in Figures 5.10 and 5.13.

Voltage overshoot of V, during the slower transistor (Q3) turn “off”
time results in somewhat more dissipation in it than in the circuit
of the conventional pulse-width-modulated bridge (Figure 5.8). This
dissipation is (Vi + V;)(I1/2)(Te — T5)/T for Figure 5.10, but only
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Vi(11./2)(Ts — T5)/ T for Figure 5.8. In Figure 5.8, there are four tran-
sistors that have relatively high turn “off” dissipation. In Figures 5.10
and 5.13, only the two transistors with slow turn “off” time have high
dissipation. As discussed above, the faster transistor suffers no dissi-
pation at turn “off” as it turns “off” at zero voltage; and at turn “on,”
all transistors have negligible dissipation, because the transformer
leakage inductance is in series with them, so they turn “on” at zero
voltage.

The increased dissipation of the two transistors at turn “off” can
be diverted from the transistors to resistors by adding the snubbing
networks R1, C1, D1 and R2, C2, D2 of Figure 5.13. Design of such
turn “off” snubbing circuits will be discussed in the later chapter on
snubbers.

5.6.6.2 Absence of Simultaneous Conduction Problem
in the Buck Current-Fed Bridge

In the buck voltage-fed bridge of Figure 5.9, care must be taken to
avoid simultaneous conduction in transistors positioned vertically
above one another (Q1, Q4 or Q3, Q2). Such simultaneous conduction
comprises a short circuit across C1. Since C1 has a low impedance, it
can supply large currents without its output (V2) dropping very much.
Thus the bridge transistors could be subjected to simultaneous high
voltage and high current, and one or more would immediately fail.

Evenif a dead time between the turn “off” of one transistor pair and
the turn “on” of the other is designed in to avoid simultaneous con-
duction, it still may occur under various odd circumstances, such as
high temperature and/or high load conditions when transistor stor-
age time may be much lower than data sheets indicate or low input
voltage (in the absence of maximum “on” time clamp or undervoltage
lockout) as the feedback loop increases “on” time to maintain constant
output voltage.

But in the buck current-fed bridge, simultaneous conduction is
actually essential to its operation and the inductor limits the current,
hence it provides the advantages discussed above. Further, in the buck
current-fed bridge, since the “on” time is slightly more than a half
period for each transistor pair, the peak current is less than in the
buck voltage-fed bridge, whose maximum “on” time is usually set at
90% of a half period to avoid simultaneous conduction.

5.6.6.3 Turn “On” Problems in Buck Transistor

of Buck Current- or Buck Voltage-Fed Bridge'°
The buck transistor in either the voltage- or current-fed bridge suffers
from a large spike of power dissipation at the instant both of turn “on”
and turn “off,” as can be seen in Figure 5.14.
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FIGURE 5.14 (a) The buck transistor in the buck current- or voltage-fed
topology has a very unfavorable voltage-current locus at the instant of turn
“on.” It operates throughout its current rise time at the full input voltage V1
until the forward current in free-wheeling diode D5 has been canceled. This
generates a large spike of dissipation at turn “on.” (b) I vs. V. locus during
turn “on” of buck transistor Q5. Voltage V. remains constant at V1 until the
current in Q5 has risen to I; (A to B) and canceled the forward current I; in
free-wheeling diode D5. Then, if capacitance at the Q5 emitter is low and D5
has a fast recovery time, it moves very rapidly to its “on” voltage of about
1V (BtoC).

After Pressman Because L1 forces a constant current to flow in Q5 as
it turns “off,” Qb is subject to both an increasing voltage and a constant
current until the emitter voltage drops below zero, when D5 conducts and
the L1 current commutates from Q5 to D5. The peak power occurs at half
voltage, when Pp = V1/2 x 1;,. Faster switching devices will reduce the
average power loss, but cannot reduce the peak power unless an alternative
path is provided for the L1 current during the turn “off” edge of Q5. ~K.B.

Consider first the instantaneous voltage and current of Q5 during
the turn “on” interval. The locus of rising current and falling voltage
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during that interval is shown in Figure 5.14b. Just prior to Q5 turning
“on,” free-wheeling diode D5 is conducting and supplying inductor
current I;. As Q5 commences turning “on,” its collector is at Vj, its
emitter is at one diode (D5) drop below common. The emitter does
not move up from common until the current in Q5 has risen from zero
to I;, and canceled the D5 forward current.

Thus, during the current rise time to t,, the I, — Ve locus is from
points A to B. During t,, the average current supplied by Q5 is I /2
and the voltage across it is V4. Once current in Q5 has risen to I,
assuming negligible capacitance at the Q5 emitter node and fast re-
covery time in D5, the voltage across Q5 rapidly drops to zero along
the path B to C. If there is one turn “on” of duration # in a period T,
the dissipation in Q5, averaged over T, is

It t,

thurnon = Vl 2T

(5.10)

It is of interest to calculate this dissipation for a 2000-W buck current-
fed bridge operating from the rectified 220-V AC line. Nominal recti-
fied DC voltage (V) is about 300 V, minimum is 270 V, and maximum
is 330 V. Assume that the bucked-down DC voltage V; is 25% below
the minimum V; or about 200 V.

Further, assume the bridge inverter operates at 80% efficiency, giv-
ing an input power of 2500 W. This power comes from a V; of 200 V,
and hence the average currentin L1is 12.5 A. Assume that L1 is large
enough so that the ripple current in I;, can be neglected.

Then, for an assumed 0.3-yis current rise time (easily achieved with
modern bipolar transistors) and a Q5 switching frequency of 50 kHz,
turn “on” dissipation at maximum AC input voltage is (from Eq. 5.10)

12.51/0.3
PD = — || == ) =31
330 < > )(20 ) 31 W

Note in this calculation that the effect of poor recovery time in D5 has
beenneglected. This hasbeen discussed in Section 5.6.2.2 in connection
with the poor recovery time of output rectifiers of the bridge inverter.
This problem can be far more serious for the free-wheeling diode of
the buck regulator, for D5 must have a much higher voltage rating—at
least 400 V for the maximum V; of 330 V—and high-voltage diodes
have poorer recovery times than lower-voltage ones. Thus the Q5
current can considerably overshoot the peak of 12.5 A that D5 had
been carrying. Further, the oscillatory ring after the recovery time,
discussed in Section 5.6.2.2, can cause a serious voltage overstress in
free-wheeling diode D5.

Turn “on” dissipation in Q5 and voltage overstress of D5 can be
eliminated with the turn “on” snubber of Figure 5.15.
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FIGURE 5.15 (a) Turn “on” snubber—L2, D,, R.—eliminates turn “on”
dissipation in Q5, but at the price of an equal dissipation in R.. When Q5
commences turning “on,” L2 drives the Q5 emitter voltage up to within 1 V
of its collector. As Q5 current rises toward I;, the current in L2, which has
been stored in it by L1 during the Q5 “off” time, decreases to zero. Thus the
voltage across Q5 during its turn “on” time is about 1 V rather than V1.
During the next Q5 “off” time, L2 must be charged to a current I; without
permitting too large a drop across it. Resistor R, limits the voltage across L2
during its charging time. (b) Q5’s locus of falling voltage (A to B) and rising
current (B to C) during turn “on,” with the snubber of Figure 5.154.

5.6.6.4 Buck Transistor Turn “On” Snubber—Basic Operation

The turn “on” snubber of Figure 5.15a does not reduce circuit dissipa-
tion. Power is diverted from the vulnerable semiconductor Q5, where
it is a potential failure hazard, to the passive resistor Rs, which can far
more easily survive the heat. It works as follows. An inductor L2 is
added in series with the free-wheeling diode D5. While Q5 is “off,”
the inductor load current I} flows out of the bottom of the bridge
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transistors, up through the bottom end of L2, through free-wheeling
diode D5, and back into the front end of L1. This causes the top end
of L2 to be slightly more negative than its bottom end.

As Q5 commences turning “on,” it starts delivering current into the
cathode of D5 to cancel its forward current. This current flows down
into L2, opposing the load current it is carrying. Since the current in
an inductor (L2) cannot change instantaneously, the voltage polarity
across it reverses instantaneously to maintain constant current.

The voltage at the top end of L2 rises, pushing the free-wheeling
diode cathode up with it until it meets the “on”-turning Q5 emitter
voltage. The Q5 emitter is forced up to within Vie(sat) of its collector,
and now Q5 continues increasing its current, but at a Ve voltage of
about 1V rather than the V; voltage of 370 V it had to sustain in the
absence of L2.

When the Q5 current has risen to I} (in a time ), the forward
current in D5 has been canceled and Q5 continues to supply the load
current I; demanded by L1. Since the voltage across Q5 during the
rise time t, is only 1V, its dissipation is negligible. Further, because
of the high impedance of L2 in series with the D5 anode, there is
negligible recovery time current in D5. The current-voltage locus of
Q5 during the turn “on” time is shown in Figure 5.15b.

5.6.6.5 Selection of Buck Turn “On” Snubber Components

For the preceding sequence of events to proceed as described, the
current in L2 must be equal to the load current I, at the start of Q5
turn “on” and must have decayed back down to zero in the time ¢, that
current from Q5 has risen to I; . Since the voltage across L2 during ¢,
is clamped to V1, the magnitude of L2 is calculated from

_ Vit
-

L2 (5.11)

For the above example, V; was a maximum of 330 V, f, was 0.3 us, and
It was 12.5 A. From Eq. 5.11, this yields L2 = 330 x 0.3/12.5 = 7.9 uH.

The purpose of R;, D, in Figure 5.154 is to ensure that at the start of
Q5 turn “on,” current in L2 truly is equal to I, and that it has reached
that value without overstressing Q5.

Consider, for the moment, that R;, D. were not present. As Q5
turned “off,” since current in L1 cannot change instantaneously, the
input end of L1 goes immediately negative to keep current constant.
If L2 were not present, D5 would clamp the frontend of L1 (and hence
the Q5 emitter) at common, and permit a voltage of only V1 across Q5.
But with L2 present, the impedance looking out of the D5 anode is the
high instantaneous impedance of L2. As Q5 turned “off,” I} would
be drawn through L2, pulling its top end far negative. This would put
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a large negative voltage at the Q5 emitter, and with its collector at V}
(370 V in this case), it would immediately fail.

Thus R; and D, are shunted around L2 to provide a path for I; at
the instant Q5 turns “off,” and R. is selected low enough so that the
voltage drop across it at a current I, plus V; is a voltage stress that Q5
can safely take. Thus

VQS(max) =W+ R (5.12)

In the preceding example, Vi(max) was 330 V. Assume that Q5 had a
Veeo rating of 450 V. With a t1- to t5-V reverse bias at its base at the
instant of turn “off,” it could safely sustain the Ve, rating of 650 V.
Then to provide a margin of safety, select R so that Vgs(mayx) is only
450 V. Then from Eq. 5.12, 450 = 330 + R x 12.5 or R, = 9.6Q.

5.6.6.6 Dissipation in Buck Transistor Snubber Resistor

Examination of Figure 5.15a shows that essentially the constant cur-
rent I, is charging the parallel combination of R; and L2. The Thevenin
equivalent of this is a voltage source of magnitude Iy R, charging a
series combination of R. and L2. It is well known that in charging a
series inductor L to a current I, or energy 14L(I,)?, an equal amount
of energy is delivered to the charging resistor. If L is charged to I,
once per period T, the dissipation in the resistor is 1L (I p)z /T.

In the preceding example where T = 2 us, L =79 uyH, and I, =
125 A

1/2)(7.9)(12.5)2
PDgnubber resistor = %

=31W

Thus, as mentioned above, this snubber has not reduced circuit dissi-
pation; it has only diverted it from the transistor Q5 to the snubbing
resistor.

5.6.6.7 Snubbing Inductor Charging Time

The snubbing inductor must be fully charged to I; during the “off”
time of the buck transistor. The charging time constant is L /R, which
in the above example is 7.9/6.4 = 1.23 ps. The inductor is 95% fully
charged in three time constants or 3.7 us.

In the preceding example, switching period T was 20 ps. To buck
down the input of 330 V to the preregulated 200 V, “on” time is Ton =
20(200/330) = 12 ps. This leaves a Q5 “off” time of 8 us, which is
sufficient, as the snubbing inductor is 95% fully charged in 3.7 ps.
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5.6.6.8 Lossless Turn “On” Snubber for Buck Transistor'¥-21.22

Losses in the snubbing resistor of Figure 5.152 can be avoided with
the circuit of Figure 5.16. Here, a small transformer T2 is added. Its
primary turns N, and gap are selected so that at a current Iy, its
inductance is the same as L2 of Figure 5.15a. The polarities at the
primary and secondary are as shown by the dots.

When Q5 turns “off,” the front end of L1 goes negative to keep I,
constant. I flows through D5 and N,, producing a negative voltage
Vi atthe dot end of N, and voltage stress across Q5 of V1 + V,,. Voltage
Vj, is chosen so that V; + V, is a voltage that Q5 can safely sustain. To
maintain the voltage across N, at V;, when Q5 has turned “off,” the
turns ratio Ns /N, is selected equal to V1 /V;,. When Q5 turns “off,” as
the dot end of N, goes down to V;, the no-dot end of N; goes positive
and is clamped to V1, holding the voltage across N, to V;,.

Prior to Q5 turn “on,” L1 current flows through N,, D5. As Q5
commences turning “on,” its emitter looks into the high impedance
of N, and immediately rises to within one volt of its collector. Thus,
current in Q5 rises with only one volt across it, and its dissipation is
negligible. All the energy stored in N, when Q5 was “off,” is returned
via L1 to the load with no dissipation. Q5 turn “off” dissipation can
be minimized with a turn “off” snubber (Chapter 11).

I ]

1_f_ mAAAS”

Bridge
inverter
V2

FIGURE 5.16 Non-dissipative turn “on” snubber. When Q5 turns “off,” L1
stores a current I; in N, of T1. The negative voltage at the dot end of

N, during this charging time is fixed by the turns ratio N;/N,. If the top
end of N, is to be permitted to go to only V,, negative when Q5 turns “off,”
the voltage stress on Q5 is Vi + V,,. When the dot end of N, has gone
negative to V,, the no-dot end of N; has been driven up to V1, D, clamps
to V1, clamping the voltage across N, to the preselected V;,. Thus N;/N,

is chosen as V1/V;,. The charging of N, is not limited by a resistor as in
Figure 5.14, so there is no snubber dissipation.
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5.6.6.9 Design Decisions In Buck Current-Fed Bridge

The first decision to be made on the buck current-fed bridge is when
to use it. It is primarily a high-output-power, high-output-voltage
topology.

In terms of cost, efficiency, and required space, it is a good choice
for output powers in the range of 1 to 10 or possibly 20 kW. For high-
output voltages—above about 200 V—and above about 5 A output
current—the absence of output inductors makes it a good choice. For
output powers above 1 kW, the added dissipation, volume, and cost of
the buck transistor is not a significant increase above what is required
in a competing topology such as a pulse-width-modulated full-wave
bridge.

It is an especially good choice for a multi-output supply consisting
of one or more high-output voltages (5000 to 30,000 V). In such appli-
cations, the absence of output inductors permits the use of capacitor-
diode voltage multiplier chains.®!3 Also, the absence of output
inductors in the associated lower-output voltages partly compensates
for the cost and volume of the buck transistor and its output inductor.

Thenext design decision is the selection of the bucked-down voltage
(V; of Figure 5.10). This is chosen at about 25% below the lowest ripple
trough of Vi (Figure 5.10) at the lowest specified AC input. Inductor
L1 is chosen for continuous operation at the calculated minimum
inductor current I;, corresponding to the minimum total output power
at the preselected value of V5. It is chosen as in Section 1.3.6 for a
conventional buck regulator.

The output capacitors are not chosen to provide storage or reduce
ripple directly at the output, because the overlapping conduction of
bridge transistors minimizes this requirement. Rather they are chosen
so that when reflected into the primary, the equivalent series resis-
tance R of all reflected capacitors is sufficiently low as to minimize
ripple at V5. Recall from Section 1.3.7, in calculating the magnitude of
the output capacitor, it was pointed out that output ripple in a buck
regulator Vi, is given by

Vbr = Al Resr

in which AI is the peak-to-peak ripple current in the buck inductor
and is usually set at twice the minimum DC current in it so that the
inductor is on the threshold of discontinuous operation at its mini-
mum DC current. Minimum DC current in this case is the current at
minimum specified output power at the preselected value of V5. Thus
with Res selected so as to yield the desired ripple at V, ripple at each
secondary is
N,

Vsr = Vbrﬁ:
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There is an interesting contrast in comparing a current- to a voltage-
fed bridge at the same bucked-down voltage (V> of Figures 5.9
and 5.10).

For the voltage-fed bridge, a maximum “on” time of 80% of a half
period must be established to ensure that there is no simultaneous
conduction in the two transistors positioned vertically one above an-
other. With the low impedance looking back into the buck regulator of
the voltage-fed circuit, such simultaneous conduction would subject
the bridge transistors to high voltage and high current and destroy
one or more of them.

In the current-fed circuit, such slightly overlapping simultaneous
conduction is essential to its operation and “on” time of alternate
transistor pairs is slightly more than a full half period at any DC
input voltage. In addition, since the “on” time of a voltage-fed bridge
(Figure 5.9) is only 80% of a half period, its peak current must be 20%
greater than that of the current-fed bridge at the same output power.

It should also be noted that the number of primary turns as calcu-
lated from Faraday’s law (Eq. 2.7) must be 20% greater in the current-
fed bridge, since the “on” time is 20% greater for a flux change equal
to that in a voltage-fed bridge at the same V5.

5.6.6.10 Operating Frequencies—Buck and Bridge Transistors

The buck transistor is usually synchronized to and operates at twice
the square-wave switching frequency of the bridge transistors. Recall
that it alone is pulse-width-modulated, and that the bridge devices
are operated at a 50-percent duty cycle with a slightly overlapping
“on” time.

Frequently, however, the scheme of Figure 5.17a with two buck tran-
sistors (Q5A and Q5B) is used to reduce dissipation. They are syn-
chronized to the bridge transistor frequency and are turned “on” and
pulse-width-modulated on alternate half cycles of the bridge square-
wave frequency. Thus the DC and switching losses are shared between
two transistors with a resulting increase in reliability.

5.6.6.11 Buck Current-Fed Push-Pull Topology

The buck current-fed circuit can also be used to drive a push-pull
circuit as in Figure 5.18 with the consequent saving of two transistors
over the buck current-fed bridge. Most of the advantages of the buck
current-fed bridge are realized and the only disadvantage is that the
push-pull circuit power transistors have greater voltage stress. This
voltage stress is twice V5, rather than V5 as in the bridge circuit. But 1,
is the pre-regulated and bucked-down input voltage—usually only
75% of the minimum V; input. This is usually about the same as the
maximum DC input of a competing topology—Tlike the pulse-width-
modulated full-wave bridge (Figure 5.8).
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FIGURE 5.17 (a) Buck transistor Q5 can be a single transistor operating at
twice the frequency of the bridge transistors and synchronized to them, or
more usually, it is two synchronized transistors that are both pulse-width-
modulated and are “on” during alternate half periods of the bridge
transistors. (b) To reduce dissipation in the buck transistor, it is usually
implemented as two transistors, each synchronized to the bridge transistors
and operated at the same square-wave frequency as the bridge devices.
Transistors Q5A, Q5B are pulse-width-modulated. Bridge transistors are not
and are operated with a small “on” overlap time.

However, the major advantages of the current-fed technique—no
output inductors and no possibility of flux imbalance—still exist.

The topology can be used to greatest advantage in supplies of 2 to
5 kW, especially if there are multiple outputs or at least one high-
voltage output.
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FIGURE 5.18 The current-fed topology can also be implemented as a buck
push-pull circuit. As in the buck current-fed bridge, the capacitor after the
buck inductor L1 is omitted, and Q1, Q2 are operated with a deliberately
overlapping “on” time. Only buck transistors Q5A, Q5B are pulse-width-
modulated. Output inductors are not used. All the advantages of the buck
current-fed bridge are retained. Although “off”-voltage stress is twice V2
(plus a leakage spike) instead of V2 as in the bridge, it is still significantly
less than twice V1 because V2 is bucked down to about 75% of the
minimum value of V1. This circuit is used at lower power levels than the
buck current-fed bridge and offers the savings of two transistors.

5.6.7 Flyback Current-Fed Push-Pull Topology
(Weinberg Circuit )

This topology?® is shown in Figure 5.19. Effectively it has a fly-
back transformer in series with a push-pull inverter. It has many of
the valuable attributes of the buck current-fed push-pull topology
(Figure 5.18), and since it requires no pulse-width-modulated input
transistor (Q5), it has lower dissipation, cost, and volume, and greater
reliability.

It might be puzzling at first glance to see how the output volt-
age is regulated against line and load changes, since there is no LC
voltage-averaging filter at the output. The diode-capacitor at the out-
put is a peak, rather than an averaging, circuit. The answer is that the
averaging or regulating is done at the push-pull center tap to keep
Vit relatively constant. The output voltage (or voltages) is (are) kept
constant by pulse-width-modulating the Q1, Q2 “on” time. Output
voltage is simply (N;/Np) Vet and a feedback loop sensing V, controls
the Q1, Q2 “on” times to keep Vi at the correct value to maintain
V, constant. The relation between the Q1, Q2 “on” times and output
voltage is shown below.

The circuit retains the major advantage of the current-fed
technique—a single-input inductor but no output inductors, which
makes it a good choice for a multi-output supply with one or more
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FIGURE 5.19 (a) Flyback current-fed push-pull topology (Weinberg
circuit®®). This is essentially a flyback transformer in series with a
pulse-width-modulated push-pull inverter. It is used primarily as a
multi-output supply with one or more high-voltage outputs, as it requires no
output inductors and only the one input flyback transformer T2. The high
impedance seen looking back into the primary of T2 makes it a “current-fed”
topology, with all the advantages shown in Figure 5.18. Here, the T2
secondary is shown clamped to V,. Transistors Q1, Q2 may be operated
either with a “dead time” between “on” times or with overlapping “on”
times. Its advantage over Figure 5.18 is that it requires no additional input
switching transistors. The usual output power level is 1 to 2 kW. (b) Shows
the same circuit as Figure 5.19a, but with the flyback secondary clamped to
Vin. This results in less input current ripple but more output voltage ripple.
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high-voltage outputs. Further, because of the high-source impedance
of the flyback transformer primary L1, the usual flux-imbalance prob-
lem of voltage-fed push-pulls does not result in transformer saturation
and consequent transistor failure. Its major usage is at the 1- to 2-kW
power level.

Two circuit configurations of the flyback current-fed push-pull
topology are shown in Figure 5.194 and 5.19b. Figure 5.192 shows
the flyback secondary returned to the output voltage through diode
D3; in Figure 5.19b, the diode is returned to the input voltage. When
the diode is returned to V;, output ripple voltage is minimized; when
it is returned to Vi, input ripple current is minimized. Consider first
the configuration of Figure 5.192, where the diode is returned to the
output.

The configuration of Figure 5.19a can operate in two significantly
different modes. In the first mode, Q1 and Q2 are never permitted to
have overlapping “on” times at any DC input voltage. In the second
mode, Q1 and Q2 may have overlapping “on” times throughout the
entire range of specified DC input voltage. The circuit can also be set
up to shift between the two modes under control of the feedback loop
as the input voltage varies.

It will be shown below that in the non-overlapping mode, power is
delivered to the secondaries at a center tap voltage Vi lower than the
DC input voltage (buck-like operation) and in the overlapping mode,
power is delivered to the secondaries at a center tap voltage V. higher
than the DC input voltage (boost-like operation). Since V,; is relatively
low in the non-overlapping mode, Q1, Q2 currents are relatively high
for a given output power. But with the lower V; voltage, “off”-voltage
stress in Q1, Q2 is relatively low. In the overlapping mode, since V¢ is
higher than Vi,, Q1, Q2 currents are lower for a given output power
but “off”-voltage stress in Q1, Q2 is higher than that for the non-
overlapping mode.

The circuit is usually designed not to remain in one mode through-
out the full range of input voltages. Rather, it is designed to operate in
the overlapping mode with an “on” duty cycle T,/ T greater than 0.5,
and in the non-overlapping mode with T,/ T less than 0.5 as the DC
input voltage shifts from its minimum to its maximum specified val-
ues. This permits proper operation throughout a larger range of DC
input voltages than if operation remained within one mode through-
out the entire range of DC input voltage.

5.6.7.1 Absence of Flux-Imbalance Problem

in Flyback Current-Fed Push-Pull Topology
Flux imbalance is not a serious problem in this topology because of
the high-impedance current-fed source that feeds the push-pull trans-
former center tap.
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The current-fed nature of the circuit arises from the flyback trans-
former, which is in series with the push-pull center tap. The high
impedance looking back from the push-pull center tap is the magne-
tizing inductance of the flyback primary.

In a conventional voltage-fed push-pull inverter, unequal volt-
second products across the two half primaries cause the flux-
imbalance problem (Section 2.2.5). The transformer core moves off
center of its hysteresis loop and toward saturation. Because of the low
impedance of a voltage source, current to the push-pull center tap is
unlimited and the voltage at that point (V;t) remains high. The core
then moves further into saturation, where its impedance eventually
vanishes and transistor currents increase drastically. With high current
and voltage, the transistors will fail.

With the high impedance looking back into the dot end of Nip
as shown in Figure 5.19, however, as the push-pull core moves into
saturation drawing more current, the high current causes a voltage
drop at V. This reduces the volt-second product on the half pri-
mary, which is moving toward saturation, and prevents complete core
saturation.

Thus the high source impedance of Nip does not fully prevent core
saturation. In the worst case, it keeps the core close to the knee of
the BH loop, which is sufficient to keep transistor currents from ris-
ing to disastrous levels. The major drawback of push-pull circuit flux
imbalance is thus not a problem with this inverter.

5.6.7.2 Decreased Push-Pull Transistor Current
in Flyback Current-Fed Topology

In a conventional pulse-width-modulated push-pull, driven at the
center tap from a low-impedance voltage source, it is essential to avoid
simultaneous conduction in the transistors by providing a dead time
of about 20% of a half period between turn “off” of one transistor and
turn “on” of the other. This results in higher peak transistor current for
the same output power, since output power is proportional to average
transistor current.

This dead time is essential in the voltage-fed push-pull, for if Q1, Q2
were simultaneously “on,” the half primaries could not sustain volt-
age. Then, the transistor collectors would rise to the supply voltage,
which would remain high, and with high voltage and high current,
the transistors would fail.

In the current-fed circuit, there is no problem if both transistors are
simultaneously “on” under transient or fault conditions, when the
DC input voltage is momentarily lower than specified or with storage
times greater than specified, because of the high impedance looking
back into the dot end of Ny p. Should both transistors turn “on” briefly
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at the same time, V¢ simply drops to zero and current drawn from the
input source is limited by the impedance of the input inductor.

Thus even in the “non-overlap” mode, no dead time need be pro-
vided between the turn “off” of one transistor and the turn “on” of
the other. If there is a momentary overlap because of storage time,
Vet simply collapses to zero and no harm results. Hence by eliminat-
ing the 20% dead time, the peak current required for a given output
power is decreased by 20% at the same value of V. Further, as dis-
cussed above, in the overlap mode, overlapping “on” time need not
be the small amount arising from transistor storage time but can be a
deliberately large fraction of a half period.

5.6.7.3 Non-Overlapping Mode in Flyback Current-Fed
Push-Pull Topology—Basic Operation

The circuit operation can be understood from examination of the sig-
nificant voltage and current waveforms shown in Figure 5.20.

Operation will be explained on the assumption that the “on” poten-
tials of transistors Q1, Q2 are negligibly small and can be neglected,
considering their actual “on” drop of about 1 V would complicate the
design equations and hamper understanding of important circuit be-
havior. Also, the forward drops V; of diodes D1, D2, D3 are assumed
equal.

In Figure 5.19a, when either Q1 or Q2 is “on,” the voltage across
the corresponding half secondary is clamped to V, + V;. Then the
voltage at the push-pull center tap V¢ is clamped to (N, /Ns)(V, + Vi),
as can be seen in Figure 5.20d. The ratio N,/N; is chosen so that Vi
is 25% lower than the bottom of the input ripple trough at the lowest
specified value of Vi,.

Thus when either transistor is “on,” the dot end of Nip is nega-
tive with respect to its no-dot end and current flows through to the
push-pull center tap, which is clamped to the voltage Vi;. The wave-
shapes of the currents that flow are shown in Figure 5.20¢ and 5.20h.
These currents have the ramp-on-a-step waveshape characteristic of
any buck regulator operating in the continuous conduction mode as
discussed in Section 1.3.2.

When the “on” transistor turns “off,” the dot end of Nip goes pos-
itive to maintain the L, current constant. The dot end of Nig also
goes positive until D3 is forward-biased and clamps to V,. The ratio
NLp/NLs is set equal to N,/ N; of the push-pull transformer (hereafter
these ratios will be designated as N). The reflected voltage on the fly-
back primary is N(V, + V). Thus, when either transistor turns “off,”
Vet rises to Ve + N(V, + V) and stays there until the opposite tran-
sistor turns “on,” as shown in Figure 5.20d. The waveshape of Figure
5.20d permits calculation of the relation between the output voltage
and “on” time as follows.
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FIGURE 5.20 The key voltage and current waveforms in flyback current-fed
topology when operating in non-overlapping conduction mode. Power is
delivered to the load only when either Q1 or Q2 is “on.” Power is delivered
at a supply voltage of (N,/N;)(V, + Vi), which is less than V.

5.6.7.4 Output Voltage vs. “On” Time in Non-Overlapping
Mode of Flyback Current-Fed Push-Pull Topology

In Figure 5.20d it can be seen that during fon, Vit is N(V, + Vi) and
during tof, it is Vgc + N(V, + V). The average of voltage Vit must be
equal to Vg, the DC voltage at the front end of L. This is because L
is assumed to have negligible DC resistance, so the voltage across it
averaged over a full or half period must equal zero. Another way of
expressing this is that in Figure 5.20d, the volt-second area Al must

213



24

Switching Power Supply Design

equal the volt-second area A2:
Al = [Vge = N(Vo + Vi) lfon
and
Vacton = NVoton — NViton = NVologt + NVitogs
or

T
Nvo(ton + toff) = Vdcton - Nvd(ton + toff) but fon + toft = E

Then
ZVdcton
Vo=|——— -V
0 ( NT > d
or
Ns \ fon
Vo=12Vge— | — -V, 1
0 ( dc Np) T d (5 3)

Thus the feedback loop regulates V, by width-modulating t,, just as
in all previous circuits, to keep the product Vycton constant.

5.6.7.5 Output Voltage Ripple and Input Current Ripple
in Non-Overlapping Mode

Choosing N p/Nis equal to N,/ N; in Figure 5.19a results in negligible
V, ripple, as can be seen in Figure 5.21. The voltages delivered to the
anodes of D1, D2, and D3 are all equal in amplitude. The currents
delivered through D1, D2 are Nl g1 and NI, which are equal. Further,
since NL.p/NLs = N,/N;, during f., the current delivered through D3
is also NIg;. Thus, there is no gap in time during which C, must
supply or absorb current. The total load current is at all times being
supplied through D1, D2, or D3 and C, serves no energy storage
function.

Output ripple is the product of the secondary ripple current am-
plitude A times the equivalent series resistance Resr of C,. Also,
Al; = NAI, where Al is set to twice the minimum current at the
center of the Q1, Q2 ramps at minimum output power; Al is set to
the desired value as discussed in Section 1.3.6 by choosing L, suf-
ficiently large that it does not go into the discontinuous conduction
mode above minimum output power. Then C, is chosen to minimize
Resr as discussed in Section 1.3.7.

There may be very narrow (<1 us) voltage spikes at each turn
“on”/turn “off” transition, as can be seen in Figure 5.21. These occur
if the voltage fall time at the anode of D1, D2, or D3 is slightly faster
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FIGURE 5.21 In Figure 5.194, peak voltages applied to the anodes of D1, D2,
D3 are all equal if N, /N; is chosen equal to Npp/Nis, but if fall time at one
anode is slightly faster than the rise time of the next “on”-coming anode,
there will be a narrow commutation spike at the output.

than the voltage rise time of the next “on”-turning diode. Such spikes
are easily eliminated with small LC integrators.

Current drawn from V;, is discontinuous. As seen in Figure 5.207,
although flyback secondary current flows during the “off” time, mak-
ing output current continuous, input current falls to zero during each
“off” time. Discontinuous input current requires the addition of a
space-consuming RF1 input filter to keep large transient current off
the inputlines. By returning the flyback secondary and D3 to the input
as in Figure 5.190, input current will never fall to zero but will ramp
up and down with the amplitude shown in Figure 5.20g and 5.20h.
This will reduce the size of the required RFI input filter greatly or may
even make it unnecessary.

5.6.7.6 Output Stage and Transformer Design
Example—Non-Overlapping Mode

It is instructive to run through a typical design example of the output

stage and transformer for the flyback current-fed push-pull topology

operating in the non-overlapping mode.
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Only a single master secondary will be considered. Additional sec-
ondaries may be added, and their required turns will be related to that
of the master in the ratios of their output voltages. Slave secondary
output voltages will track the master to within about 2%—much more
closely than is possible in supplies with output LC filters.

The design example will assume the following conditions:

Output power 2000 W

Output voltage 48V

Efficiency 80%

Switching frequency 50 kHz (T = 20 Us)

Diode voltage drops 1V

DC input voltage (from 115-V, £15% | Maximum, 184 V; nominal, 160 V;
AC line) minimum, 136 V

The first decision is to select Vit during the “on” time. As in Section
5.6.7.3, V is set at 75% of the minimum DC input voltage, or 0.75x
136 =102 V.

The turns ratio is now selected to yield 102 V during the “on” time.
From Figure 5.20d, V. during the “on” time is

N, 102

N
V=LV, +V, L _N= =
ct ]\]S(o“" d) or N 48+1

Transistor currentamplitudes I g1, Ig2 and “on” times are calculated to
permit prediction of primary and secondary RMS currents and hence
wire sizes. From the “on” times and preselected V¢, the number of pri-
mary turns will be calculated from Faraday’s law once a transformer
core area is selected for the specified output power.

From Eq. 5.13

fon _ (Vo + Vi)(Np/Ns)
T — 2Vie

From this, Table 5.1 can be constructed.

When either transistor is “on,” it delivers a current whose wave-
shape is shown in Figure 5.20g and 5.20h. This current is delivered
to the push-pull center tap at Vit of 102 V. When the transistor turns

Vae V. | ton/T ton, Us
200 0.245 4.9
184 0.266 5.3
160 0.306 6.12
136 0.360 7.2

TABLE 5.1
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“off,” the current shown in Figure 5.20i is delivered via D3 to the sec-
ondary load. This current (NIp) is delivered during the “off” time at
avoltage V;, + Vj; but is equivalent to current I delivered at a voltage
N(V, + Vi). Effectively, this current is being delivered at 100% duty
cycle at a voltage of N(V, + V) or at 102 V.

Assuming an efficiency of 80% downstream from the push-pull
center tap, input power at the center tap is 2000/0.8 or 2500 W. Average
current into the center tap is then 2500/102 = 24.5 A. This is very
close to the current at the center of the current ramp in Figure 5.20g
and 5.20h.

Current in each push-pull half primary is thus approximated by an
equivalent flat-topped pulse whose amplitude Iy is 24.5 A and whose
durationis given in Table 5.1. The RMS value of this is Ix/fon/ T . Since
the RMS input current is a maximum at minimum Vg, = 136 V, the
RMS current in each half secondary is Irms = 24.5+/0.36 = 14.7A. At
a current density of 500 circular mils per RMS ampere, the required
number of circular mils for each half primary is 500 x 14.7 = 7350
circular mils.

The transformer core will be selected from charts in the coming sec-
tion on magnetics design, which has been discussed in Section 2.2.9.1.
Jumping ahead, these charts will show that a Ferroxcube EC70 core
(an international standard type) with an area of 2.79 cm? can deliver
2536 W at 48 kHz, and can be used.

The number of turns per half primary is calculated from Faraday’s
law (Eq. 1.17) at the maximum “on” time (7.2 us in Table 5.1) and at a
primary voltage of 102 V. Losses are quite small using Ferroxcube core
material type 3F3 at 50 kHz, in the order of 60 mW /cm? at a peak flux
density of 1600 G. For a core volume of 40.1 cm?3, total core losses are
only 2.4 W. This is low enough so that copper losses of even twice that
much will still leave the transformer at a safely low temperature. From
Faraday’s law, N, = Vpton x 108/ A, AB = 102(7.2 x 10%)108/2.79 x
3200 = 8 turns, and for N, /N; = 2, each half secondary has 4 turns.

Finally, the secondary wire size must be calculated. Each half sec-
ondary delivers the characteristic ramp-on-a-step waveform shown in
Figure 5.20¢ and 5.20h. The current at the center of the ramp is the DC
output current. The maximum pulse width occurs at minimum DC
input of 136 V and is seen in Table 5.1 to be 7.2 us. To calculate RMS
secondary current, the pulse can be approximated by a rectangular
pulse of amplitude I4. and pulse width 7.2 us. For an output power of
2000 W, the DC output current is 2000/48 = 41.6 A. The RMS value of
this rectangular current pulse of 41.6 A, 7.2-us pulse width, once per
20 ps is 41.64/7.2/20 = 25 A.

At a current density of 500 circular mils per RMS ampere, the re-
quired wire area for the half secondaries is 500 x25 = 12, 500 circular
mils. For such a large area, the secondary would most likely be wound
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with metal foil of thickness and width to yield the required circular
mil area. The primary with a required 7350-circular-mil area would
be wound with a number of paralleled small diameter wires.

5.6.7.7 Flyback Transformer for Design Example of Section 5.6.7.6

The preceding design was based on the inductor L, operating in the
continuous mode (Section 1.3.6). It was shown there that discontinu-
ous mode operation occurs when AI, the peak-to-peak ramp ampli-
tude, is less than twice the minimum DC current, which is the current
in the center of the ramp at minimum output power.

In the design example above, assume that minimum output power
is one-tenth the nominal output power. At nominal output power,
current at the center of the ramp was calculated above as 25 A. Then
current at the center of the ramp at minimum output power is 2.5 A,
and the peak-to-peak ramp amplitude (A of Figure 5.20¢ and 5.20h)
is 5.0 A. But AI = VLton/L,, where V[ is the voltage across L, during
ton, and from Table 5.1 at V3. = 136 V, ton = 7.2 us. Then

_ (1836 —102)(7.2 x 1079)
N 5.0

Wire size for the flyback secondary must be calculated at high DC
input, foritis then thatits current pulse width #.¢ is greatest (Table 5.1).
Further, as above, the equivalent flat-topped pulse amplitude is Iqc.
Then from Table 5.1, its maximum width is 10—5.3 = 4.7 us. Maximum
RMS current in the flyback secondary is then

Ly

=49 uH

At 500 circular mills per RMS ampere, that winding requires a circular-
mil area of 500 x 28.5 = 14,260 circular mils.

Wire size for the flyback primary is calculated at minimum DC input
voltage, for it is then that primary current has greatest pulse width
and hence largest RMS value. Then from Table 5.1

t 7.2
Lims(primary) = 25 0 (;nT =25 0= 21.2 A

At 500 circular mils per RMS ampere, it requires 500 x21.2 = 10, 600
circular mils.

Both primary and secondary would most likely be wound with
metal foil rather than round wire for those large required areas.
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Since the flyback transformer has no secondary current flowing
when primary current flows, all the primary current drives the core
toward saturation. To maintain the required 49-uH primary induc-
tance at 25 A of primary current, the core must be a gapped ferrite,
powdered Permalloy, or powdered iron type (Section 4.3.3).

5.6.7.8 Overlapping Mode in Flyback Current-Fed
Push-Pull Topology—Basic Operation'*

In the non-overlapping mode of Figure 5.20 (fon/ T < 0.5), it is difficult
to accommodate a large ratio of maximum to minimum DC input
voltage. Since the maximum “on” time is 0.5T at minimum DC, then
at high DC inputs, “on” time will be a small fraction of a period and
may approach 1 to 3 s at a 100- to 50-kHz switching rate. But bipolar
transistors with their appreciable storage times cannot work reliably
down to such low “on” times.

By operating with overlapping “on” times (Ton/T > 0.5), as in Fig-
ure 5.22, however, a much larger range of maximum to minimum DC
input voltages is possible.

The usual integrated-circuit pulse-width-modulating chips cannot
be used for the overlapping mode because their two 180° out-of-
phase outputs have a maximum duty cycle D of only 0.5. A num-
ber of schemes using several discrete integrated-circuit packages and
capable of a duty cycle from 0 to 100% have been described in the
literature.'41?

Overlapping-mode operation is achieved using the same circuit as
shown in Figure 5.19, by proper choice of the turns ratios N,/ N; and
Nip/Nis (hereafter designated Nq, N, respectively). Circuit operation
will be described for the scheme of Figure 5.19a, where diode D3 is
returned to the output voltage rather than the input. It will be recalled
that this connection minimizes output voltage ripple rather than input
current ripple.

The circuit operation can be understood from the waveforms of
Figure 5.22 and the circuit of Figure 5.19a. For the overlapping mode,
Q1 and Q2 are simultaneously “on” during T; intervals, and only one
of these is “on” during Ty intervals (f, to 3 when Q2 is “off,” and 1,
to ts when Q1 is “off”). Power is delivered to the load only during the
Toff times.

When both transistors are “on,” the half primaries cannot support
voltage, and the push-pull center tap voltage falls to zero as seen in
Figure 5.22d. The full input voltage Vj. is applied across the flyback
primary inductance L, in which current ramps up linearly at a rate
dl/dT = Vy./Lp. The division of this current between Q1 and Q2 is
roughly even, and is seen as the upward-going ramps from f3 to t; and
t5 to fe. During Ty, D3 is reverse-biased, and there is no voltage across
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FIGURE 5.22 Typical voltage and current waveforms in flyback current-fed
topology when operating in overlapping mode (Ton > Tofr). This mode
permits a much larger range of input voltages. Power is delivered to the load
only in the interval when one transistor is “on” and one is “off.” It is
delivered at voltage Vi, which is higher than the DC input voltage (boost
operation). In the non-overlapping mode of Figure 5.20, it is delivered at a
voltage lower than the DC input (buck operation).

the push-pull secondaries. Hence all the output power is supplied
from the output filter capacitor C, during Ty intervals.

When Q2 turns “off” at t,, Q1 is still “on.” Now the Q1 half primary
can support voltage, and V; begins to rise, as does the D1 anode
voltage. The D1 anode rises until its cathode reaches V,, the secondary
is clamped to V, + V4, and V4 is clamped to Ni(V, + V;), as seen in
Figure 5.22d.

The turns ratio N p/Nps(= N,) is chosen large enough so that when
one transistor is on and one “off” (T intervals), with the maximum
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voltage across Nip, the voltage across Nis is insufficient to forward-
bias D3. This permits Vi to be clamped to Ni(V, + V;) during Tog.
Some of the current stored in L, during Ty intervals and current from
Ve is delivered via the push-pull primary to the load at a voltage
Ni1(V,+V;). It will soon be seen that D3 is forward-biased and delivers
load power at some sufficiently higher DC input voltage.

The current in Q1 at the instant #, is equal to the sum of the Q1
and Q2 currents at the instant just prior to Q2 turn “off,” since the
currentin L p cannot change instantly. During t; to f3, the current ramps
downward (Figure 5.22¢), because N; will be chosen high enough that
Ni(V, + V) is greater than V.. With the dot end of L, positive with
respect to its no-dot end, current in it and in Q1 ramps downward.

When Q2 turns “on” at f3, again both transistors are “on” and their
half primaries cannot support voltage; V; again drops to zero and
remains there until ¢4, when Q1 turns “off” (Figure 5.22d). From # to
t5, Vet is again clamped to Ni(V, + Vj).

From Figure 5.22d, the relation between output/input voltages and
“on” time can be calculated as follows.

5.6.7.9 Output/Input Voltages vs. “On” Time in Overlapping Mode

Refer to Figure 5.192. When both transistors were “on,” the dot end of
L, was negative with respect to the no-dot end. When one transistor
turned “off” (during Tof), the polarity across L, reversed to keep
current in it constant. The voltage at the dot end of L , rose until it was
clamped to Ni(V, + Vi) by the clamping action at the secondary.

Now since L, has negligible DC resistance, it cannot support a DC
voltage. Thus the voltage across it, averaged over a full or half period,
must equal zero. Since the input end of L, is at V., so must the output
end be averaged over a half period. Another way of stating this is that
in Figure 5.22d, the area Al must equal area A2. Or

VacTht = [Ni(Vo + Via) — Vel Tose
= N1 Vo Togt + N1 Vi Tott — Ve Tost
Vo N1 Togt = Vac(T1 + Toge) — N1V Toge

Since T1 + Togs = T/2

VacT
V, = -V d Tog=T — Ton
0 ( 2N1Toff) d an off of

Then for D = Ty, /T

_ Vic
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and from Eq. 5.144, the duty cycle for any DC input is

2NV + Vi) — Vi
2NL(Vo + Vi)

(5.14b)

5.6.7.10 Turns Ratio Selection in Overlapping Mode

Equation 5.144 gives the relation between output/input voltages and
“on” time for the overlapping mode for a preselected choice of push-
pull turns ratio Nj. A good choice for Nj is the value calculated from
Eq. 5.14a, which makes D = 0.5 at the nominal input voltage Vjcn.
Then for all DC input voltages less than Vg, there will be overlapping
“on” times (D > 0.5) and output voltage versus “on” time is given by
Eq. 5.14a for that calculated Nj.

For input voltages greater than Vyen, D is less than 0.5, there is no
overlapping “on” time, and Eq. 5.142 no longer holds. The output
voltage versus “on” time relation will now involve N;. It did not in-
volve N, for D greater than 0.5 in Eq. 5.144 because N, had been made
large enough that during T,¢r, D3 was reverse-biased and the peak
voltage at V; involved only Nj (see Figure 5.22d).

Thus, the first choice is the Nj from Eq. 5.14a, which makes D = 0.5
for nominal input voltage Vycn. From Eq. 5.14a

Vdcn Vdcn
Ny = = 5.15
S Ve T V(- 05) ~ Vo 4+ Vi 619

Next No(= Npp/Nis) must be selected so that during Ty in Figure
5.22d, the maximum voltage across Nis does not forward-bias
D3. The maximum Nis voltage occurs at the maximum voltage
across Npp, which is a maximum when Vj. is a minimum (see
Figure 5.22d). Maximum flyback secondary voltage is then [Ni(V, +
Vi) — Vac(min) 1/ N2. Further, since the D3 cathode is at V,, in order for
D3 not to be forward-biased:

Nl(vo + Vd) - Vdc(min)
N,

<Vo+ Vi

or

[N1(Vo + Vi) — Vie(min]
Vo+ Vi

N > (5.16a)

To avoid problems arising from push-pull transformer leakage induc-
tance spikes, N; is usually selected to be twice this minimum value.!*
Thus

_ 2[N1 (Vo + Vi) — Vide(miny ]

N;
2 Vo+ Vi

(5.16b)
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5.6.7.11 Output/Input Voltages vs. “On” Time for Overlap-Mode
Design at High DC Input Voltages, with Forced
Non-Overlap Operation

With Nj selected from Eq. 5.15, and N, from 5.16b, when V. is less

than the nominal, the relation between output voltage and “on” time

is given by Eq. 5.14a. At nominal input Vyen, D = Ton/T is 0.5, and

at DC input voltages greater than Ve, D is less than 0.5 and there is

no overlapping “on” time. Waveforms for this input voltage range are
shown in Figure 5.23.

| | l Switching frequency (a)

|Q1on L | Qioff ]Q1on[

Ton | Tere Ton

!
Q2 off Q2 on | Q2 off Q2 on )
Tott Ton | “Tote te
1 |

l ! | Ve +(Nl.p/le) (Vo +Vyg)

¢ |
|

Vet

Ve (d}
Al

o —(Np/Ns} (Vo + V)

| , | I ~— Vet (Np/Ng +Nyp /NighlVg +Vg)
Vee (Q1) a— 4~ —2{Np/Ns } {Vo + Vg)

( I ‘ (e)
| | i
! ] | ! | -0V
|
il l l_l | ‘ l | Ve + (Np/Ns + Nyp/Nyg ) (Vo + V)
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FIGURE 5.23 Circuit of Figure 5.20 in overlap mode when the DC input
voltage has risen sulfficiently to force it into non-overlap mode. There is a
smooth transition between overlap and non-overlap modes if turns ratios are
chosen correctly.
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For the conditions of Figure 5.23, whenever Q1 or Q2 is “on,” the
secondaries are clamped to (V, + V;) and the center tap is clamped
to Ni(V, + Vi), where Nj is calculated from Eq. 5.15. When either
transistor turns “off,” the dot end of L, rises to keep current in it
constant. As the dot end of L, rises, so does the dot end of Nis until
it clamps to V, + Vj; via D3. This clamps the dot end of L p (or V) to
Ve + Nao(V,, + Vi), as seen in Figure 5.234.

Againin Figure 5.23, since the DC voltage averaged over a half cycle
must equal zero, the area Al must equal area A2. Or

[Vac = Ni(Vo + Vi) [ Ton = [N2(Vo + Vi) I(T/2) — Tonl

From this, for Ton/T = D,

v — YacD — NoV(0.5 — D) — NiVaD
o N>(0.5— D) + Ni D

(5.17a)

In Eq. 5.17a, since the diode forward drops Vj; are about 1 V, the last
two terms in the numerator are small compared to V3.D and can be
neglected. The equation can then be rewritten as

Ve D

Vo = 5.17b
7 Ny(0.5— D)+ N D ( )
And from Eq. 5.17b, the duty cycle at any DC input is
SV N,
D= 0-5Vo Na (5.18)

Viae — Vo(N1 — Np)

When designing for overlap mode, Nj is calculated from Eq. 5.15 and
N, from 5.16b. At DC input voltages less than nominal Vycn, the feed-
back loop sets the duty cycle in accordance with Eq. 5.14a to maintain
V, constant. This duty cycle will be greater than 0.5.

When input voltage has risen to Vye,, the duty cycle has decreased
to 0.5 to keep Vj, at the same value. When DC input voltage has risen
above Vycn, the feedback loop sets the duty cycle in accordance with
Eq. 5.17b to maintain the output constant. This duty cycle will now be
less than 0.5.

The transition from D> 0.5 to D < 0.5 will be smooth and continuous
as Vg rises through Vyen. A much larger range of DC input voltage
can now be tolerated than if the design were restricted entirely to
non-overlap mode, as in Section 5.6.7.6.

5.6.7.12 Design Example—Overlap Mode

Using the overlap mode design, it is instructive to calculate “on” times
for a range of DC input voltages. This will be done for the design
example of Section 5.6.7.6, which restricts operation to non-overlap
mode. Recall in that design example that V, was 48 V, nominal input
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voltage Vien was 160 V, minimum input voltage Vic(min) was 100 V,
switching frequency was 50 kHz, and P, was 2000 W. From Eq. 5.15

1
Ny = Vden 160 57
Vo+Va 4841
and from Eq. 5.16b
N = 2[(3.2)(49) — 100]
2T 49
100
=2(327—-— ] =246
(7%

and for Vy. < Vyen, from Eq. 5.14b

_ 2Ni(V, + Vi) — Vgl
2N1(Vo + V)

(Ve
2% 327 x 49

_ Vdc
=1- (320.5) 619

and for Vy. > Vyen, from Eq. 5.17b

D— 0.5V, N2
Viae = Vo(N1 = N2)
05 x48x2.46
Vg —48(3.27 — 2.46)
59
= 5.20
Vae —38.9 (5-20)
and from Egs. 5.19 to 5.22, we can construct Table 5.2.
Ip/ A Iims, A
Vae, V D Ton S | Tofr, s | (Eq.5.21) (Eq. 5.22)
50 0.840 16.9 3.1 50.2 24.6
100 0.688 13.8 6.2 25.2 15.1
136 0.576 11.5 8.5 18.3 12.2
160 0.500 10.0 10.0 15.6 11.0
175 0.433 8.67 11.3 13.8
185 0.404 8.08 11.9 13.1
200 0.366 7.32 12.7 12.3

TABLE 5.2
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Comparing Table 5.2 to Table 5.1, in which operation is restricted
to non-overlap mode, it is seen that allowing both overlap and non-
overlap modes permits a larger range of DC input voltages and larger
“on” times at high input voltages. This permits the use of bipolar
transistors, which don’t operate reliably with short “on” times close
to their storage times.

5.6.7.13 Voltages, Currents, and Wire Size Selection
for Overlap Mode

Transistor currents and transformer RMS currents can be calculated
from the waveforms of Figures 5.22 and 5.23. Wire sizes will be se-
lected from the RMS currents at the rate of 500 circular mils per RMS
ampere.

First, consider operation at Vg less than nominal, so there will be
overlapping conduction with the waveforms of Figure 5.22. Assume
an efficiency of 80% as in the design example of Section 5.6.7.6. Input
power is then P,/0.8 = 2000/0.8 = 2500 W. Note that whether Vg,
is above or below nominal, power is supplied to the load through
the push-pull transformer at a center tap voltage of Ni(V, + V;). For
Vi less than nominal (Figure 5.22d), the center tap voltage is boosted
up to Ni(V, + V;). For supply voltages greater than nominal, center
tap voltage is bucked down (Figure 5.23d) to the same value. In this
design example, Ni(V, + V;) =3.27(48 + 1) = 160 V.

The equivalent flat-topped current pulse I, into the push-pull center
tap will be calculated. This is close to the current at the center of the
ramp in Figure 5.22¢. Power into the center tap is

2T, 156
off =" (5.21)

Tott

Pin = 2500 = 1601,

Peak currents for supply voltages less than nominal are calculated
from Eq. 5.23 and shown in Table 5.2. If Q1, Q2 are bipolar transis-
tors, the base drive current must be adequate to saturate them at that
peak current. The transistors are chosen for a maximum collector-
emitter voltage of Vic(max) + (N1 + N2)(V, + Vi) from Figure 5.23¢ and
5.23 f, since this is greater than 2N; (V, + V) of Figure 5.22¢ and 5.22 f .
Allowance should be made for a leakage inductance spike.

Although power is delivered to the load only during the two “off”
times per period (Figure 5.22¢ and 5.22h), each half secondary carries
I, during one “off” time but also I,,/2 during the two T; times per
period. Note in Figure 5.22, T = (T/2) — Togr. The RMS current carried
by each half secondary is

T \"/> (1 T — 2T\
Iems = I, (;ff) +<2”> <T°“> (5.22)
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These RMS currents are shown in Table 5.2. Wire size for each half
secondary will be selected at the rate of 500 circular mils per RMS
ampere, and it is seen in Table 5.2 that maximum RMS current occurs
at minimum DC input. RMS currents for supply voltages above Vycn
are lower than those below Vy.,, so the RMS currents of Table 5.2
dictate the wire sizes.

The flyback transformer secondary carries the pulses Ip3 shown
in Figure 5.23. As DC voltage goes up, the transistor “on” times de-
crease toward zero, and the I p3 pulses widen until they reach a full half
period each. All the output load current is then fully supplied by fly-
back action from the flyback secondary. Since the center of the ramp of
the D3 pulses is the DC output current, the flyback secondary winding
should be sized for the worst-case condition: to carry the DC output
current at 100-percent duty cycle.

Finally, wire size for the flyback primary must be chosen. Table 5.2
gives the RMS currents per half primary at supply voltages of less
than nominal. Since the flyback primary carries the currents of both
half primaries, its RMS current is twice that shown in the table.

Examination of Figure 5.22 shows that the astonishingly high cur-
rents at low DC input should be expected, for in Figure 5.22, as the
supply voltage goes lower, the T, times become shorter. Since power
is delivered to the load only during the T, times when voltage exists
at the push-pull center tap, the very short T times demand high peak
and RMS currents to supply the output power.
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CHAPTER6

Miscellaneous
Topologies

6.1 SCR Resonant Topologies—Introduction

The silicon controlled rectifier (SCR) has been used in DC/AC invert-
ers and DC/DC power supplies for over 25 years.'”?> They are used
because they are available with higher voltage and current ratings,
and at lower cost than bipolar or MOSFET transistors. Because SCRs
are normally higher voltage and current rated, they are used primarily
for supplies of over 1000 W. A significant feature of an SCR for high-
power inverters is that it does not suffer from secondary breakdown,
the most frequent failure mode of transistors.

The SCR is a solid-state switch that is easily turned “on” by a nar-
row pulse at its gate input terminal; it then latches and stays “on”
after the input is removed. Having been turned “on,” it must now be
turned “off” at some point. This is not so easy, as it cannot be done
from the gate. There are many schemes for turning an SCR “off” or
“commutating it off.” Essentially, all these schemes involve reducing
its “on” current to zero by diverting the current to an alternate path
for a minimum turn “off” period t;. SCR turn “off” will be discussed
below.

After Pressman A gate controlled switch, or gate turn off (GTO), a de-
vice similar to the SCR, can be turned “on” and “off” from the gate, providing
the correct operating conditions are maintained. ~K.B.

A major problem with early SCR type DC/AC or DC/DC supplies
is that they could not operate reliably at switching frequencies much
over 8 to 10 kHz. This was because even the fastest inverter-type SCRs
available at that time did not have a reliable high-impedance “off”
state until about 10 to 20 ps after they had been commutated “off” and
their internal currents had dropped to zero, due to the recombination
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time in the substrate. Thus they could not be subjected to high voltage
stress until the 10 to 20 ps recombination time had elapsed, after their
currents had been reduced to zero.

Further, early SCRs could not tolerate a large dV/dt across their
output terminals even after the recombination time had elapsed. Most
were specified at a maximum rate of change of output voltage of
200 V/us, and at a dV/dt faster than that, they would spontaneously
turn back “on” again, independent of the input control voltage.

Early inverter-type SCRs also could not tolerate a large rate of
change of output current dl/dt at the instant of turn “on.” Most were
specified in the range of 100 to 400 A/us. At dl/dt faster than speci-
fied, average junction temperatures would rise, local hot spots would
develop on the chips, and the SCRs would either fail immediately or
degrade to the failure point in a short period of time.

With switching frequencies thus limited to 10 kHz, transformers,
inductors, and capacitors were still relatively large, which made the
overall size of a DC/AC or DC/DC converter too large in many ap-
plications. Further, switching frequencies of 10 kHz and under are in
the middle of the audio range, and the audible noise emitted from
such converters made them unacceptable in an office or even factory
environment. To be acceptable in such environments, switching fre-
quencies must be above the highest audible frequency of about 20
kHz.

About 1977, RCA developed the asymmetrical silicon controlled
rectifier (ASCR), which solved most of these problems and made pos-
sible DC/AC and DC/DC converters operating up to 40 or 50 kHz.

Conventional SCRs can sustain (or block) reverse voltages across
their output terminals equal to their forward-voltage blocking capa-
bility. But in a large number of SCR circuits, reverse voltage at the
output terminals is clamped to one or two diode drops, or to a max-
imum of about 2 V, making large reverse-voltage blocking capability
unnecessary. By making certain changes on the SCR chip, RCA was
able to achieve turn “off” times ¢, of 4 ys. (#; is the time after SCR for-
ward current has dropped to zero until the full-rated forward voltage
can be reapplied.) The price paid for this reduction in t; is that the
reverse voltage blocking capability is reduced to 7 V, but this is more
than adequate in many inverter circuits.

Thus with £; times of 4 ps, this RCA device (S7310) made inverters
at switching frequencies of 40 to 50 kHz possible in a host of circuit
configurations. The S7310 had many other very useful features. Its
dV/dt and dl/dt ratings were 3000 V /us and 2000 A /us with only a 1-V
negative bias on the input terminal. Compare this with the 20 V/pus
and 400 A/us for conventional SCRs. Further, the device was avail-
able in voltage ratings of 800 V and RMS current ratings of 40 A.
These advances in voltage, current, and {; ratings made inverters and
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DC/DC power supplies possible with output power ratings of 4000 W
using only two ASCRs in a 40-kHz half-bridge circuit configuration.

In its first few years on the market the S7310 sold for about $5. No
other transistor circuit topology could even approach 4000 W with
only two switching devices costing $10. Unfortunately, the 57310 is
no longer manufactured by RCA, but equivalent asymmetrical SCRs
are made by other manufacturers. A similar Marconi ASCR, type
ACR25U, has a blocking time {; of 4 us, with voltage ratings of up
to 1200 V, and RMS current ratings of 40 A.

SCR and ASCR Basics

The SCR symbol is shown in Figure 6.1. Its input terminal 1 is desig-
nated the gate, terminal 2 is the anode, and 3 is the cathode. When it is
“on,” current flows from the anode to the cathode. When it is “off,”
the maximum voltage it can sustain or block from anode to cathode is
designated VprM. ASCR types are available with Vpry voltage ratings
ranging from 400 to 1200 V.

Once turned “on,” the anode current is determined by the supply
voltage and load impedance from anode to supply source. The anode-
to-cathode voltage versus anode current characteristics are given in
the data sheets for a specific device. For the Marconi ACR25U, a 40A
RMS device, anode-to-cathode voltage at 100-A anode current is typ-
ically 2.2V (see Figure 6.2).

The reason for this long anode voltage fall time is that it takes a long
time for the anode current carriers to spread uniformly throughout
the chip area. Initially, the current carriers are concentrated in only
a small fraction of the chip area and instantaneous anode-to-cathode
resistance is high, causing a high instantaneous “on” voltage. After a
time, the current carriers spread uniformly throughout the chip, and
the “on” voltage drops to the quiescent level given in Figure 6.2.

Thus, most of the dissipation in the SCR occurs during the turn “on”
time. This dissipation is the integral f I, V,dt. In most SCR circuits,
currents have the shape of a half sinusoid rather than a square wave,
which is helpful. As seen in Figure 6.5, if anode current pulses were
square waves, the front edge of the current pulse would flow at an

2

FIGURE 6.1 Silicon controlled rectifier and ASCR symbol.
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anode voltage in the vicinity of 25 V, and dissipation would be high.
Figure 6.5 also shows that if anode current pulses are half sinusoidal,
their base width should be longer than 2.5 ps to avoid an “on” anode
potential greater than 5 V throughout the entire half sinusoid.

Gate pulse duration should be greater than 400 ns for 100 A of anode
current. The gate-to-cathode voltage during the duration of the gate
current pulse is shown in Figure 6.4 and is in the range of 0.9 to 3 V for
a large range of gate currents. Once turned “on,” the anode will latch
“on” and stay conducting after the gate turn “on” pulse is gone. The
anode “on” potential ranges from 1.2 to 2.2 V for an anode current
range of 20 to 100 A, as seen in Figure 6.2.

The device is turned “on” by a gate-to-cathode current pulse whose
amplitude and duration are not well defined in the data sheets. Figure
6.3 shows anode current delay and rise time to 100 A as a function of
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gate trigger current. Gate current pulse width also determines current
rise time to some extent, but this is seldom given. Typically for the
ACR25U, gate current should be in the range of 90 to 200 mA for an
anode current of 100 A.

Anode current rise time shown in Figure 6.3 is not as important for
an SCR as is anode-to-cathode voltage fall time. This is obvious from
Figure 6.5, which shows that even with a 500-mA gate current pulse,
with a half-sinusoid 8-us anode current pulse 125 A in amplitude, the
anode-to-cathode voltage has fallen to only 5 V in 2.5 ps. This is still
twice the anode-to-cathode quiescent voltage at that current shown
in Figure 6.2. Figures 6.6 and 6.7 show maximum dV/dt and t; for the
Marconi ACR25U.
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SCR Turn “Off” by Resonant Sinusoidal
Anode Current—Single-Ended Resonant
Inverter Topology

It was pointed out above that an SCR is easily turned “on” with a
narrow pulse but stays latched “on” after the pulse has gone. To turn
it “off,” anode current must be reduced to zero for a time equal to at
least the specified ¢, time of the device. Further, after the ¢, time, the
reapplied anode voltage rise-time rate must be less than the specified
dV/dt rating of the SCR.

All this is easily achieved by forcing the SCR anode current to be
sinusoidal in shape, and this offers other significant advantages as
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well. The basic scheme and its advantages are most easily described
with a typical single-ended SCR resonant converter such as that shown
in Figure 6.8.38

The SCR, an inductor L, and a capacitor C are arranged in series.
Before the SCR is fired, capacitor C is charged to some positive voltage
through the larger constant-current inductor L.. When the SCR is
triggered “on” with a narrow gate pulse, the equivalent circuit is that
of a switch closure applying a step waveform to a series resonant LC
circuit. Current in the circuit is shocked into a resonant “ring” whose
period is t, = 27+/LC.

Current increases in the SCR sinusoidally, goes through its first
negative peak, and decreases sinusoidally to zero at the end of a half
period (= 7+/LC). As the sine wave of current in the SCR reaches
zero at 1, it reverses direction and flows sinusoidally for the next
half cycle through the anti-parallel diode D1. During this half cycle of
diode conduction time Ty, the SCR is clamped with a reverse voltage
of about 1 V by D1. This maximum reverse voltage is safely below the
7- to 10-V reverse-voltage specification of the asymmetrical SCR.



Chapter 6: Miscellaneous Topologies

If T; is greater than the specified t; time of the device, the SCR
has safely extinguished itself at the end of T; without the need for
any external “commutation” circuitry, and forward voltage may be
safely reapplied. The half sinusoids of current through the SCR and
anti-parallel diode both provide power to the load resistor R,.

After t;, when the D1 current has fallen back to zero, both Q1 and D1
are safely “off” and the constant current from L. commences charging
C back up with its left end positive. During the interval #; to t,, the
change in voltage on C corresponds to that fraction of its stored energy
(CV?/2) that is equal to the energy delivered to the load the next time
Q1 is triggered. After a time f; (the triggering period), Q1 can be
triggered “on” again and the cycle repeats.

As the load is increased (resistor R, is decreased), the amplitude of
the first half cycle increases and its duration increases somewhat. This
decreases the duration of the second half cycle T;, and care must be
taken that theload is not increased to the point where Tj is shorter than
t;, the SCR turn “off” time, or the SCR will not turn “off” successfully.

By choosing the triggering period # in the range of 1.5 to 2 times
the resonant period t, at minimum line input and maximum load, the
“off” time t; — t, shown in Figure 6.8 is not too large and the output
across R, is a fairly distortion-free sine wave over a large range of
load resistance. Capacitance across R, can reduce the distortion due
to the time gap # —t,. The circuit can thus be used as a DC/AC con-
verter. As the supply voltage Vj. is increased, output power increases
since the sine-wave peak amplitudes increase. To maintain constant
outputvoltageas Vg or R, goes up, the triggering frequency can be de-
creased (increases f;). This maintains a roughly constant peak AC volt-
age at the output, although distortion increases as the time gap (f; —t,)
increases.

The circuit is more useful as DC/DC converter with regulated and
isolated output as in Figure 6.9, where R, is replaced by the primary
of a power transformer with rectifying diodes and a capacitor filter
at the secondary. Line and load changes are regulated by varying the
triggering frequency f;.

As the line voltage or load resistance increases the sine-wave peaks
in Figure 6.8 increase, but their base widths remain roughly constant
and equal to 7+/LC. To regulate against line and load changes, the
rectified DC output is sensed with a voltage error amplifier that alters
the switching frequency to maintain constant output. If output voltage
rises because of an increase in line voltage or a decrease in DC load
current, the switching frequency is decreased so as to take less power
per unit time from the input. Similarly, a decrease in outputis corrected
by an increase in switching frequency.

This method of regulating the output voltage—by varying the
switching frequency—is common to most resonant power supplies,
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FIGURE 6.8 A single-ended SCR resonant converter. Inductor L. charges C
to a voltage higher than Vy.. When Q1 is fired, a sinusoidal current flows
through Q1, delivering power into R,. At #;, this sinusoidal current reverses
direction and flows through D1, delivering power to R,. If T; is greater than
t; time of Q1, the SCR self-extinguishes. During (t —t,) L. recharges C and
the cycle repeats.
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FIGURE 6.9 A transformer-coupled, series-loaded, single-ended SCR
resonant converter.

because the output current or voltage pulses are constant in width.
Nonresonant topologies are usually operated at a constant switching
frequency and regulated by varying pulse width to control the DC
output voltage.

In constant-frequency schemes, the power supply switching fre-
quency is generally synchronized to the horizontal line rate in an
associated display terminal or to the system’s clock rate. This makes
it easier to tolerate any RFI noise pickup on the display screen and
lessens the possibility of computer logic errors due to noise pickup.

Since this advantage is lost in variable-frequency resonant topolo-
gies, they are not acceptable in many applications. Although it can be
argued that RFI noise pickup, if it exists, is more troublesome with
variable-frequency switching supplies, it is less likely to exist. The
sinusoidal currents in resonant supplies have much lower di/dt than
the square-wave currents of fixed-frequency, adjustable pulse width
supplies, so they emit less RFL.

The SCR supply was originally made resonant to ensure turn “off”
of the SCR at the zero crossing of the current sinusoid. This added
a further significant advantage. It was seen in Section 1.2.4 that with
square waves of current, most of the losses in the switching device oc-
cur at turn “off” as a result of the overlap of falling current and rising
voltage. But with sinusoidal currents, turn “off” occurs at zero volt-
age across the device and these losses are almost nonexistent. How-
ever, the turn “on” losses due to the relatively slow voltage fall time
(Section 6.1 and Figure 6.5) can be high. If the sine-wave base
width 7+/LC is greater than about 8 us, these losses are also not
excessive (Figure 6.5).

The DC/DC converter of Figure 6.9, used with a single 800-V, 45-A
RMS SCR, can generate 1-kW of output power.* An inductor is not
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needed in the secondary output, because the SCR and diode currents
shown in Figure 6.8 are constant-current pulses whose magnitude is
close to the voltage applied across the series LC elements divided by
/L/C. These constant currents reflect into the secondary and flow
into the output resistor, producing constant-voltage pulses of similar
waveshape. The filter capacitor alone averages the pulses to obtain a
constant ripple-free output voltage. Not requiring an output inductor,
the circuit can be used as a high voltage supply.

A quantitative design example will be presented after the following
discussion of two widely used SCR resonant-bridge DC/DC inverters.

SCR Resonant Bridge

Topologies—Introduction

The resonant half bridge (Figure 6.10) and full bridge (Figure 6.11) are
the most useful SCR circuits. The half bridge, with two 800-V 45-A
RMS SCRs (Marconi ACR25UO8LG), can deliver up to 4 kW of AC or
rectified DC power from a rectified 220-V AC line. A 1200-V version of
the device can generate up to 8 kW in a full-bridge circuit. Full-bridge
operation is much the same as the half-bridge except that SCR voltage
stresses are twice and current levels are half those of the half bridge
for equal output power. Hence only the half bridge will be discussed
here in detail.

The half bridge can be operated series-loaded as in Figure 6.10, with
the secondary load reflected via transformer T1 in series with a series
resonant circuit (C3 with the series combination of L3 and L1 when
Q1 is “on” or with the series combination of L3 and L2 when Q2 is
“on”).

The secondary load in the series-loaded circuit, when reflected into
the primary, must not appear as too high an impedance or the resonant
circuit Q will be low and the “on” SCR may not be safely commutated
“off” by the above-described resonant current reversal. No output
inductor is required in the series-loaded configuration, so it can be
used for either high or low output DC voltages. The series-loaded
circuit can safely tolerate an output short circuit, since the normal load
impedance in series with the resonating LC is already small compared
to the impedance of the LC elements. As discussed below, however,
there is a problem when the output load is open-circuited.

Alternatively, the half bridge can be shunt-loaded as in Figure 6.12.
Here, the outputload reflected into the T'1 primary is connected across
the resonating capacitor C3. In this case, the output load reflected
across C3 must not be too low or the resonant circuit Q will be so low
as to prevent resonant turn “off” of the SCR. Thus, this configuration
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FIGURE 6.10 Series-loaded SCR resonant half bridge. SCRs Q1 and Q2 are
fired on alternate half cycles. Capacitor C3 resonates with L3 and L1 when
Q1lis “on” and with L3 and L2 when Q2 is “on.” After the firing of an SCR,
its current goes through a half sinusoid, reverses direction, and flows
through the associated anti-parallel diode. If the duration of the diode
current is greater than the £, time of the SCR, the SCR self-extinguishes.

can easily tolerate an open circuit at the output, but not a short
circuit.

The series-loaded configuration is analyzed as a current source driv-
ing the T1 primary whereas the shunt-loaded circuit is better analyzed
as a voltage source. The shunt-loaded circuit does require secondary
output inductors when DC output is required, although they may be
omitted if large output voltage ripple can be tolerated. For a DC/DC
converter, the series-loaded circuit is a better choice.

6.4.1 Series-Loaded SCR Half-Bridge
Resonant Converter—Basic
Operation®*°
The series-loaded SCR resonant half-bridge circuit is shown in

Figure 6.10, and its significant waveforms in Figure 6.13. In Figure
6.10, when Q1 is triggered “on,” the equivalent circuit is that of a
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FIGURE 6.11 SCR resonant full bridge. This can deliver twice the output
power of the half bridge.
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FIGURE 6.12 A shunt-loaded SCR resonant half bridge. Power is taken in
shunt across the resonant capacitor. The load resistance reflected into the
primary from the secondary must be high so as not to excessively lower the
resonant circuit Q, and prevent successful turn “off” of the SCR.
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FIGURE 6.13 Significant currents for series-loaded SCR half bridge of Figure
6.10 at minimum DC input voltage and maximum load output. As line
voltage or load resistance increases, the feedback loop decreases triggering
frequency so as to space the Q1, A2 sine waves farther apart and maintain
the average output current and voltage constant.

voltage step of magnitude Vdc/2 applied to a series combination of
L3 4 L1 resonating with C3. That resonant circuit is series-loaded
with the T'1 secondary resistance reflected into the primary, which is
shunted by the T1 magnetizing inductance.

If the Q of the equivalent circuit is sufficiently high, current in it
is shocked into a sinusoidal “ring” as shown in Figure 6.13a2. During
the first half cycle, a half sinusoid current pulse flows through Q1.
At the end of that half cycle at t;, the current reverses and continues
flowing through the anti-parallel diode D1. From t; to #,, current in
the SCR is zero, and if that time is greater than the specified #; time of
the device, the SCR extinguishes itself and can safely sustain forward
voltage again.

The resonant period is t, = 27 +/(L1 + L3)Cs. Atlight load, the SCR
and diode conduction times (¢ and ¢4, respectively) are almost equal.
As the secondary load increases (R, decreases), t and Ipq increase
and tg, I,q decrease. Load power must not be increased beyond the
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point where t; is less than the maximum specified value of #;, or the
SCR will not turn “off” successfully.

With Q1 safely “off” at the next half cycle of the triggering period
t;, Q2 is fired. The resonant period is now 27 /(L, + L3)Cs. Current
waveforms of Q2, D2 are similar to those of Q1, D1 and are shown in
Figure 6.13b. The Q1, D1 and Q2, D2 current waveforms, shown in
Figure 6.13c, are multiplied in T'1 by the turns ratio N,/ N;, rectified,
and summed by the output diodes.

The DC output voltage is the average of the Figure 6.13e current
waveform, multiplied by the secondary load resistor R,. The output
filter capacitor averages the output current waveforms to yield a con-
stant, ripple-free DC output voltage, without requiring an output in-
ductor. After # the entire cycle repeats.

The timing relations shown in Figure 6.13 hold at minimum DC
input voltage and minimum output load resistance (maximum out-
put power). The values of resonating inductance and capacitance are
chosen so that the current amplitudes and spacings shown in Figure
6.13 yield the correct average output current at the desired output
voltage, at minimum line and maximum load. Calculations to achieve
this are shown below. As line and load change, a feedback-loop that
senses output voltage adjusts SCR triggering frequency f; to keep
output voltage constant.

As DC input voltage and hence the peak currents in Figure 6.13
increase, the feedback loop decreases f; to maintain constant sec-
ondary average current and hence constant output voltage. Further,
at a fixed DC input voltage and with fixed L and C, peak currents
(Figure 6.13c, d) are constant, so as R, goes up, the feedback loop
decreases f; to maintain constant average output voltage. Secondary
current waveshape with DC input or output load higher than mini-
mum is shown in Figure 6.14.

J{Fire Q1 lFire Q2 \LFire Q1

! ¢ i

|

I Secondary
rectified currents

FIGURE 6.14 Bridge output current I, at higher input voltage. Peak current
is higher, forcing feedback loop to decrease triggering frequency to maintain
constant output voltage.
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6.4.2 Design Calculations—Series-Loaded

SCR Half-Bridge Resonant Converter®'°
The circuit configuration is shown in Figure 6.10, and its significant
waveforms in Figures 6.13 and 6.14. The discussion herein is based on
a paper by D. Chambers.’

The first choice to be made is the resonant frequency. Assume the
use of the Marconi ASCR type ACR25. Figure 6.7 shows its typical turn
“off” time t; as 5 us, from an “on” current of 50 A with a gate bias of
0 V. Assume the worst case is 20% higher or 6 us. Also assume desired
operation at minimum DC input and maximum output power at the
edge of the continuous mode (as in Figure 6.13 with no gap between
the zero crossing of the diode current and the start of the opposite SCR
current). Then the absolute minimum resonant period as in Figure 6.13
would be 12 ps, corresponding to a resonant frequency of 83 kHz.

However, it was noted in Section 6.3 that at high output power, the
diode conduction time #; shortens to a not easily calculable value. If
itis less than t;, the SCR might not turn “off” successfully. Thus there
should be more margin in the #; time.

Further, Figure 6.5 shows that the anode-to-cathode “on” voltage
does not fall very quickly to its quiescent value of 2 to 3 V. To keep
the high anode-to-cathode voltage time to a small fraction of SCR
conduction time f, the resonant half period should be increased to at
least four times 2.5 ps. As seen in Figure 6.5, this puts the anode-to-
cathode voltage at the peak of the sinusoidal anode current at about
3V, and is a reasonable compromise. Thus the resonant period is
chosen as 20 ps (fr = 50 kHz). Or

T, = 27+/(L3 + L1)(C3) =20 x 107° 6.1)

Next the peak voltage on the T1 primary (Figure 6.10) must be de-
termined. Following the suggestion in the Chambers paper,” this will
be chosen as 60% of the minimum voltage across one of the bridge
capacitors or

0.6 Vdc(min)

. (6.2)

Minimum primary voltage = Vp(min) =
Assuming a bridge output rectifier with a 1-V drop across each rectifier
diode, this fixes the T'1 turns ratio at

& _ 0-6Vdc(min) (63)
Ny 2(Vo+2)
At minimum line input and maximum output current, the secondary
currents are as shown in Figure 6.13e with no time gaps between the
termination of current in one anti-parallel diode and turn “on” of
current in the opposite SCR. Assume to a close approximation, that

205



246

Switching Power Supply Design

even at maximum DC current, SCR and diode currents have equal
widths of a half period. Also assume—as in the Chambers paper’—
that the diode peak current is one-fourth that of the SCR. Then the
average of these Figure 6.13e SCR plus diode currents is

2Ips T 2Ips T

Isecondary average — Io(dc) = T 2T 47 2T
1.2514

T

where Is is the peak primary SCR current after reflection into the
secondary. Then

Ips = O.SJTIo(dC) (64)
N N;
Lp = Ins— = 0.87 Iy(de) — (6.5)
PP ps o(de)
NP NP

where I,;, is the peak primary SCR current.

In Figure 6.10, Vap, the voltage applied to the series resonant ele-
ments when, say, Q1 turns “on” is the voltage across the bridge ca-
pacitor C1 plus the transformer voltage peak of 0.6 Vic(min) /2. Or

Vp = Vdc(zmin) n 0~6Vc12c(min)

=038 Vdc(min) (66)

It can be shown that, to a close approximation, when a step voltage
Vap is applied to a series LC circuit, the peak amplitude of the first
resonant current pulse is

Vi
Lop = —= (6.7)
JL/C
In this case, where L = (L1 + L3), C = Cgs:
Vi
V(L1 +L3)/Cs = 1+
pp
or
0~8Vdc(min)
v/ (L1+ L3)/C3 =
P 087 Lyfdemin)(Ne/Np)
_ Vdc(min)(Np/NS) (6 8)
7 Iodo)

The resonating elements (L3 + L1) = (L3 + L) and C3 are fixed for
specified values of Vyc(min) and maximum output current I,(4¢) using
Eq. 6.1, which gives their product, and Eq. 6.8, which gives their ratio.
The transformer turns ratio is fixed from Eq. 6.3.
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The ratio of L3/L; is chosen to minimize “off”-voltage stress on
the SCRs. A smaller ratio produces less “off” stress and less dV/dt
stress. The precise ratio is best determined empirically. Inductance
L3 comprises the transformer primary leakage inductance plus some
external inductance. It is best not to rely on the leakage inductance
alone as it varies widely, and that would result in large variability in
the resonant period.

6.4.3 Design Example—Series-Loaded SCR
Half-Bridge Resonant Converter

The preceding relations willnow be used in a design example. Assume
the circuit of Figure 6.10 with the following specifications:

Output power 2000 W
Output voltage 48V
Output current I;(4c) 417 A

Input DC voltage, nominal 310V

Input DC voltage, maximum | 370V

Input DC voltage, minimum | 270V

Then from Eq. 6.3 N,/N; = 0.6 x 270/2(48 + 2) = 1.62 and from
Eq. 6.1

27+/(L3 4+ L1)C3 =20 x 107

or
/(L3 + L1)C3 =3.18 x 107° (6.1a)
From Eq. 6.8
(L3 +L1) _ Vie(min) (Np/Ns)
Cs 7lo(do)
270 x 1.62
T o x 417
=3.34 (6.8q)

From Egs. 6.12 and 6.82C3 = 0.95 uF and L3 + L1 = 10.6 pH and from
Egs. 6.6 and 6.7

Iop = ———2
PP ML+ L)/Cs
_0.8x270

=64.7A
3.34
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Since the maximum duty cycle of this peak SCR current is £, /2t;(min) =
0.25 (Figure 6.13a and 6.13c), the SCR RMS current is Iimsscr) =
64.7 x /0.25/+/2 = 22.9 A. This is well within the maximum 40-A
RMS capability of the Marconi ACR25U. Also, as assumed above,
the anti-parallel diode peak current is one-fourth of the SCR current
or 34.7/4 = 16.2 A. With a 1.62 turns ratio, the peak rectifier diode
currents will be 104.8 and 26.2 A, corresponding to the peak SCR and
anti-parallel diode currents. With such high rectifier diode currents,
a full-wave rectifier with one series diode rather than a bridge with
two diodes is preferable.

6.4.4 Shunt-Loaded SCR Half-Bridge
Resonant Converter®*?

The ancestor of most practical SCR resonant bridge power supplies
is a shunt-loaded resonant half bridge used as a DC to AC inverter,
which is described in Neville Mapham's classic paper.® The circuit was
essentially that of Figure 6.12, with a resistive load at the transformer
secondary instead of the rectifier and output filter.

Mapham's paper described no attempt to regulate the output, but
showed that over a 10/1 range of output load currents with no feed-
back, the output AC voltage was constant to within 1% and gener-
ated a relatively distortion-free sine wave. A detailed and elegant
computer analysis showed that the peak sine-wave output could be
regulated against input line changes by changing the SCR triggering
frequency.

The computer analysis is presented in terms of normalized relations
Ro//L/C, Isce/L/C, Idiode/'L/C/E, V, / E, which permits a simplified
design of the circuit with a resistance loaded secondary. Despite the
LC filter at the output, it provides a good guide to that circuit.

In the shunt-loaded configuration of Figure 6.12, output regula-
tion is achieved by varying the SCR triggering frequency. Output
voltage waveshape at the cathodes of the rectifier in Figure 6.12 is
similar to the current waveshape of Figures 6.13 and 6.14 for the
series-loaded circuit. The output LC filter averages the voltage wave-
shape for the shunt-loaded circuit, whereas the output capacitor alone
is needed to average the current waveshape for the series-loaded
case.

Since the shunt-loaded circuit requires an output inductor, it has
no advantage over the series-loaded configuration. The shunt circuit
has only been touched on here to bring attention to the Mapham
paper with its useful computer analysis, which is basic to a full
understanding of the series-loaded circuit. The shunt-loaded circuit
has been used with MOSFETs as a much higher frequency DC/DC
converter.'?
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6.4.5 Single-Ended SCR Resonant Converter
Topology Design®*

The single-ended SCR resonant converter (Figure 6.8) was discussed
in qualitative terms in Section 6.3. A more quantitative analysis con-
taining some simplifying approximations is presented here, but it is
not accurate enough to permit a workable design. A more rigorous

discussion would require computer analysis of the circuit.

The circuit is shown again in Figure 6.15 in a more useful config-
uration, with the load coupled to the series resonant circuit through

Is
—> Vo
Ng ,
Ns COT 2 Ro
| | ] Fire SCR
f
o 4 1 t2 f3
«— 5 -— — _‘__Ipd
yARN ' AN
Ifd ’ | Resonant
: Torr | Q1, D1 currents
—f——-ol I
Rectified
secondary
currents

|
|
|
| Vscr (Maximum load)
|
|

0

I

!

I

|

|

l

l

{ | -——— - Vmax
l , / Vser (imtermediate load)
| *-— |- — - — — «4— —f Vmin
[

I

{

[

[

R —,

-— e Vmax» Vmin.
} Vacr (zero load)

——— .} -

(a)

(b)

(c)

(d)

(e)

(f)

FIGURE 6.15 Single-ended SCR resonant converter.
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an isolating transformer. The circuit is a series-loaded circuit with the
secondary load reflected into the primary in series with the resonating
elements (C; and L1 + Lj). The resonating inductance is the leakage
inductance L1 of T1 plus another discrete inductance L, to make up
the total inductance required for the desired resonant period. If L is
relatively large compared to L1, the unavoidable variation in L1 is not
significant.

Although in series with the resonating elements, the T1 magnetiz-
ing inductance does not affect the resonant period or circuit operation
in most circumstances, as it is shunted by the secondary load resis-
tance reflected into the primary. With an open-circuited secondary,
however, the high impedance of the magnetizing inductance can kill
the Q of the resonant circuit and prevent SCR turn “off.” By gap-
ping the T'1 core, the circuit can operate successfully with large values
of R,.

Recall the basic circuit operation. Assume that the left-hand side of
C1 has been charged up to some DC voltage Vinax higher than V4. (as
in the boost regulator of Section 1.4.1). When Q1 is fired with a narrow
trigger pulse, Q1 turns “on” and will stay “on” until its current falls
to zero. With Q1 “on,” a voltage step of amplitude Vinay is applied to
all the series elements to the right of Q1. This causes a half sine wave
of current of duration £, to flow through Q1 inloop L,. When the Q1
primary current falls to zero at ¢, it reverses and continues flowing as
a half sine wave of duration t; through D1.

Atlow loads, the durations of the Q1 and D1 half sine waves (.. and
ty) areclosetom+/(L1 + L2)Cy. Athigherloads, f.; increases somewhat
and #; decreases. If ¢; at its minimum is longer than the ¢, time of the
SCR, the SCR will automatically extinguish, and can safely sustain
forward voltage without falsely refiring. During the “off” time t,¢ =
(t3 — 1), current in L3, which is chosen at least 20 times (L1 + L»),
charges C1back to its original voltage Vinax, and Q1 can be fired again.
The cycle repeats with a triggering period

tr =t +toit = (2w /(L1 + L2)C1) + toft

The SCR and diode primary currents produce similarly shaped sinu-
soids in the secondary, N(= N;/N,) times as large. They are rectified
and summed by rectifier diodes D3, D4 as shown in Figure 6.15c. The
average of these secondary current pulses is produced by C, without
an output inductor, and is equal to the DC output current.

The output voltage is regulated by varying the triggering period to
maintain a constant average output current. As the DC input voltage
or output resistance R, increase, f; is increased by a feedback loop
to maintain constant output voltage. As the input voltage or output
resistance decrease, f; is decreased.
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6.4.5.1 Minimum Trigger Period Selection

The peak SCR and diode currents (Iper, Ipg) of Figure 6.15b are de-
termined by the peak voltage to which the resonating capacitor C1
is charged. These peak currents must be known in order to fix the
triggering period and hence the average output current and voltage.

SCR voltageVsr waveshapes are shown in Figure 6.15d—f for max-
imum, intermediate, and zero output power. At the instant of an SCR
trigger pulse, C1 has been charged up to a voltage Viyax and hence
has stored energy C1 (Vimax)?/2. At f, some of this energy has been
delivered to the load by the SCR and diode half sine waves.

At intermediate powers, there still is some energy left in the ca-
pacitor. When the diode current has fallen back to zero at #, the left
side of C1 is unclamped and current from L3 starts charging C1 up.
With some voltage still across C1, Vi first steps up by the amount
of that voltage Vinin and then starts rising more slowly as shown in
Figure 6.15e.

At maximum load, all the stored energy has been delivered to the
load by the end of an “off” time at #;, and hence at the start of the
next “off” time at t3, there is no remaining voltage on C1 and hence
no front-end step as shown in Figure 6.15d.

At zero DC load, all the energy stored in C1 at the end of an “off”
time still remains at the start of the next “off” time. Hence Vinax is
equal to Viin as in Figure 6.15 f. From the waveshapes in Figure 6.154
to 6.15f, the minimum triggering period # can be established. Since
the inductor L3 cannot support a DC voltage, the average voltage at
its output end must equal that at its input end, which is V.. Thus

Vmax + Vmin oiff

Vie =
dc ) h
or
2Vyct
Vinax + Vinin = = (69)
foff
And from Figure 6.15d, at maximum load Vpyin = 0 and
2Vt
Vinax = < ¥dct
foff
From Figure 6.15b, tof = t; — tr, sO
2Vie
Vinax = 6.10
max = T (6.10)

From Eq. 6.10, Vinax is calculated for various ratios of t, /t; for an off-
line converter. Maximum power occurs at minimum AC line input
and maximum DC output current, since those are the conditions for
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b/t | Vinax (@t Vie =138 V) | Vinax, V
0.7 6.6 Ve 911
0.6 5.0 Ve 690
0.5 4.0 Ve 552
04 3.3 Vye 455
0.3 2.9 Vye 393

TABLE 6.1

maximum SCR current. Assume that nominal and minimum line in-
puts are 115 and 98 V AC, respectively, giving approximately 160 and
138 V of rectified DC. For the minimum Vg, of 138 V from Eq. 6.10,
we can construct Table 6.1.

From Table 6.1, a good compromise choice for ¢, /# is 0.6. This still
permits using a reasonably inexpensive 800-V SCR. For t, = 16 s,
the resonant half period is 8 ps, which allows the “on”-turning SCR to
spend most of its “on” time at a low anode-to-cathode voltage (Figure
6.5). Then t;, the minimum trigger period, is 26.6 us (maximum trigger
frequency is 38 kHz). In regulating down to lower output power, the
minimum trigger frequency will be about one-third of that or about
13 kHz—not too far down into the audible range.

6.4.5.2 Peak SCR Current Choice and LC Component Selection

The peak SCR and diode D1 currents are shown in Figure 6.15b. Like
the half bridge (Section 6.4.2), assume that the peak diode current is
one-fourth the SCR current. Rectified secondary currents are as shown
in Figure 6.15c. The average of those currents for a T1 turns ratio N is

2IppN t | 2IppN fy
T 2ft 4 Ztt

Is(av):
b

=1.25I,, N— 6.11

PPN (6.11)

in which I, is the peak primary current (Figure 6.15b). This is equal
to the average or DC output current at minimum line input and max-
imum current output. The output voltage at minimum output load
resistance R, is

2
Vo = 1.25NIpp R, — (6.12)
ﬂtt

The transformer turns ratio must be chosen and the magnitudes of the
resonant LC components selected to yield the peak resonant currents
given above.
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Asin Section 6.4.2 per the suggestion in the Chambers paper,’ select
the T'1 primary voltage to be 60% of the voltage across the entire loop
(points A to B in Figure 6.15a). This is the 0.6 Vinax of Eq. 6.10, which
is clamped through the turns ratio N against the output voltage plus
one diode rectifier drop. Then

_ 0.6Vinax

N= 1
Vo+1 (6.13)

When the SCR is fired, the voltage applied to the series resonant
circuit elements is Vap = Vinax + 0.6Vinax = 1.6Vimax and the peak
amplitude of the half-sine-wave SCR current pulse is

Vap

Ipp = ——P
PP ML+ L)/G
V

= (6.14)

V(L1 + L2)/C
Since maximum DC output current in Eq. 6.11 is specified, and all
other terms in that relation are known (Eq. 6.13 and Table 6.1),
Eq. 6.14 gives the ratio (L1 + L2)/C1. Also since the resonant period

t was chosen in Section 6.4.5.1 as 16 us, we obtain

tr =2m+/(L1 + L3)C1 =16 x 107° (6.15)

Between Egs. 6.14 and 6.15, there are two unknowns and two equa-
tions and so both C1 and (L1 + L) are determined.

6.4.5.3 Design Example

Design a single-ended SCR resonant converter with the following
specifications:

Output power 1000 W
Output voltage 48V

Output current 208 A

AC input, nominal 115V AC RMS
AC input, minimum 98 V AC RMS
Rectified DC, nominal 160 V
Rectified DC, minimum | 138 V

From Table 6.1, chose t./t; = 0.6, giving Vimax = 690 V. From
Eq. 6.13
_ 0.6Vinax
Vo +1
0.6 x 690
49
=8.44
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From Eq. 6.11

£
Is@av) = Io(do) = 20.8 = 1.251ppN—r
JTtt

0.6
= 1.25I,p x 8.44 (n)

or I, = 10.3 A. Then, from Eq. 6.14

1.6 Vinax

VLi+L2)/Ci
1.6 x 690

V(L1 +L2)/Cy

Ipp = 10.3 =

or

(L1 4+ L)

=107.8 6.14
c (6.140)

From Eq. 6.15

t, =16 x 107% = 271/(L1 + L2)Cy

or
(L1 + Lp)C; =2.55 x 107° (6.15a)

and from Eqgs. 6.14a and 6.15a, C; = 0.024 pF, L1 + Lo =275 uH.

A lower value for t,/t;, would yield lower maximum SCR voltage
stress (Table 6.1) and possibly greater reliability. This would result
in larger #; (lower trigger frequency), and at low output power, the
resulting # (Eq. 6.12) would bring the trigger frequency down far into
the audible frequency range.

6.5 Cuk Converter Topology—Introduction'**

In its specialized area of application, this is a very imaginative and
valuable topology. Its major advantage is that both input and output
ripple currents are continuous, i.e., there is no time gap where the rip-
ple current falls to zero. In contrast, the buck regulator of Figure 1.4
has continuous output current if L, is made sufficiently large (Figure
1.4f), but input current is discontinuous (Figure 1.4d). In the boost
regulator (Figures 1.10 and 1.11), input current is continuous (Figure
1.11, I11) but the output current through the rectifier diode is discon-
tinuous (Figure 1.11, Ip1).
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In applications where very low input and output noise are essential,
it is important to have the input and output ripple currents ramp up
and down without switching to zero as in Figure 1.4 f. At the inputs
of most topologies (forward converters, push-pulls, bucks, flybacks,
and bridges), this is usually done by adding an RFI input filter, but
this adds cost and space.

6.5.1 Cuk Converter—Basic Operation

Both input and output current are continuous in the Cuk converter
(Figure 6.16a) as seen in Figure 16.6¢ and 6.16 f. By making L1 and
L2 sufficiently large, the amplitude of the current ramps can be made
extremely small. As discussed below, by winding L1 and L2 on the
same core, the ripple amplitude can be reduced to zero.

The circuit in its basic form is shown in Figure 6.16a with common
input and output DC return. Input and output returns can be DC
isolated by adding a transformer, as will be discussed below.

In its basic non-isolated version, the circuit works as follows (see
Figure 6.16a). When Q1 turns “on,” V1 goes steeply negative to ap-
proximately zero volts. Since the voltage across a capacitor cannot
change instantaneously, V2 goes negative an equal amount, reverse-
biasing D1 as seen in Figure 6.16c and 6.16d4. With V. across L1,
its current ramps up linearly, adding to its stored energy. Before Q1
turned “on,” the left-hand end of C1 was charged up to voltage V,,
and its right-hand end was clamped to common via D1. The stored
energy in C1 was Cy V§/2.

When Q1 turns “on,” C1 acts a battery delivering current down
through Q1, up through R,, and back through L2 into the right-hand
end of C1. Thus the stored energy in C1 and in L2 delivers power into
R,, and charges the output filter capacitor to a negative voltage —V}.

When Q1 turns “off,” V1 goes positive to some voltage V;,, and V,
follows it up but gets clamped to common by D1 as discussed above.
Now with the left-hand end of L2 at common and the right-hand end
at—Vo, the current in L2 flows down through D1, up through Ro, and
back into the right-hand end of L2.

When Q1 is “on,” current in L1 ramps up at a rate dI/dt = Vy./L1
(Figure 6.16¢). Since V2 has gone down by the same amount as V1
(Vp), the left-hand end of L2 is at =V}, and current in L2 ramps up at
arate dl/dt = (V, — V};)/L2 as seen in Figure 6.16 f .

When Q1 is “off,” V1 has risen to a voltage V), that is higher than
Vde,and currentin L1 ramps downward ataratedl/dt = (V,— Vyc)/L1
(Figure 6.16¢).

With Q1 “off,” the left-hand end of L2 is clamped to common
through D1 and with its right-hand end at -V}, current in L2 ramps
downward at a rate di/dt = V,/L2 as in Figure 6.16f. If L1, L2 are
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FIGURE 6.16 Basic Cuk converter with input and output not isolated, and
significant voltage and currents.

made large enough, these ramp currents average to a non-zero DC
level.

6.5.2 Relation Between Output and Input
Voltages, and Q1 “on” Time

Since L1 has close to zero DC resistance, it cannot support a DC volt-
age. Hence the voltage at its bottom end (V'1), averaged over one cycle,
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must equal the DC voltage at its top end (Vy.). This is equivalent to
stating that in Figure 6.16c, the area Al in volt-seconds is equal to the
area A2. Thus

Vo = Vae (6.16a)
or
T
Vy = Vie— (6.16b)

Since the voltage change at V2 equals the voltage change at V1, the
bottom end of the V2 voltage is at -V}, during ¢,,. During f.f, the top
end of V2 is clamped close to 0 V by diode D1.

Similarly, since L2 cannot support a DC voltage, the average over
one cycle at its left-hand end (V2) must equal the DC voltage at its
right-hand end (-V;). This is equivalent to stating that in Figure 6.16d,
the area A3 in volt-seconds is equal to the area A4. Thus

fotf

Vo = Vo (6.17a)
or
T
V, =V, — (6.17b)
fon

Equating relations 6.16b and 6.17b yields

Vo — Vdcton
foft

(6.18)

It is seen from Eq. 6.18 that the magnitude of the DC output volt-
age can be less than, equal to, or greater than the DC input voltage
depending on the ratio ton/ foff.

6.5.3 Rates of Change of Current in L1, L2

It is interesting to note that for L1 = L, the upslopes of current in
L1 and L2 during o, are equal and their downslopes during . are
also equal. This is shown in Figure 6.16e and 6.16 f. It is this fact that
makes it possible to reduce current ripple at the input completely to
zero and makes this Cuk converter an ultra-low-noise circuit.

Equality of upslope and downslope currents can be shown as fol-
lows. During t,,, the upslope of L1 current is

tdi _ Vae
dt _Ll
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and again during t,n, the upslope of L2 current is

+di2 _ Vp - Vo
dr Ly

From Egs. 6.16a and 6.18

At Lo \ tox foft
_ Ve
 Lotog
Vac

Ly

+dip 1 (VdCT B Vdct0n>

(T - ton)

and for L1 = L the upslopes of current in the inductors are equal
during ton.

Now consider the downslopes of current during to. In L2, —dip/
dt = V,/L2, and from Eq. 6.18

~diz _ Vacton

— = 1
dt Lo tog (6.192)

and in L1, —diy/dt = (V, — V4c)L1. But from Eq. 6.16b

—diy _ (VacT/toff) — Vac
dt Ly

& T — off

Ly togf

Vac fon

Ly tof

(6.19b)

Thus for L1 = L2, the downslopes of the inductor currents during
tof are equal, and of magnitude given by Eq. 6.19a2 and 6.19b. This is
seen in Figure 6.16e and 6.16 f.

6.5.4 Reducing Input Ripple Currents to Zero

The current ramps at the input and output can be reduced to zero
yielding pure DC in those lines, if L1 and L2 are wound on the same
core with the polarities as shown in Figure 6.17.

If L1, L2 are wound on the same core as in Figure 6.17, the assembly
is a transformer. During the “on” time, current flows from Vg into the
dotend of L1 in an upgoing ramp as seen in Figure 6.16e. Butin L2, its
dot end is positive with respect to its no-dot end, and by transformer
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» Vo

+ - Co —— ;Ro

Q1 c1
D1

FIGURE 6.17 If L1, L2 are wound on the same core, input and output
ripple currents are very close to zero. The ramp currents into the primary
are bucked out by an equal and oppositely directed ramp rate reflected into
the primary from the secondary. A similar cancellation occurs in the
secondary.

action, it forces a voltage across L1, making its dot end positive with
respect to its no-dot end. This forces a “secondary” current from the
dot end of L1 back into Vy.. This current is a positive-going ramp of
the same upslope as the upslope of current from V..

Since these two upslopes are of equal magnitude (as demonstrated
in Section 6.5.3) but with the currents flowing in opposite directions,
the net current change during t,, is zero; i.e., current flow in Vg is
pure DC. That current is P, E / Vg, where P, is the output power and
E is the efficiency.

A similar line of reasoning demonstrates that if the coupling be-
tween L1 and L2 is 100%, the current in the load is also pure DC with
no ripple component. That current is V, /R, .

Further, since it has been shown that the current downslopes in L1
and L2 during t.¢ are equal, similar reasoning indicates that there are
also no ripple currents in the input or output lines during f.s.

6.5.5 Isolated Outputs in the Cuk Converter

In most instances, output returns must be DC-isolated from input
returns. This can be done with the addition of a 1/1 isolating trans-
former as shown in Figure 6.18. Output voltage is still determined
by the ratio fon/toff, and the output polarity can be either positive
or negative, depending on which end of the secondary circuit is
common.

Thus, although the Cuk converter of Figure 6.18 is a very clever way
of producing pure DC input and output currents, the requirement for
two pieces of magnetics (the L1,L2 inductor core and T1) is a high
price to pay for the advantage.
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1

FIGURE 6.18 By adding a 1/1 isolating transformer, output return is
DC-isolated from input return. Either a positive or negative output is now
possible depending on which end of the secondary is common.

Low Output Power “Housekeeping” or

“Auxiliary” Topologies—Introduction*>"

These are not strictly “topologies” having a broad range of uses; rather,
they are specialized circuits for unique applications. Since they gen-
erate an output voltage that serves a vital function in any switching
power supply design, they are discussed here as separate topologies.

All the topologies discussed thus far require a low power (1 to
3 W) supply of about 10- to 45-V output. It is used to feed the usual
pulse-width-modulating (PWM) chip for the main “power train,” and
power the logic and sensing circuits that perform various housekeep-
ing functions. Such housekeeping functions may include overcurrent
sensing, overvoltage sensing and protection, remote signaling, and
correction of turn “on” and turn “off” sequencing for each output in
a multi-output supply.

These housekeeping supplies need not always be regulated, since
the usual loads can tolerate a relatively large range of supply voltage
(£ 15% maximum). But reliability is improved, and more predictable
operation of the main power train results, if the housekeeping supply
is regulated—usually £2% is adequate. The important objectives for
these supplies is that they be low in parts count and cost, and occupy
only a small fraction of the space that the main power train occupies,
with all its outputs.
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6.6.1 Housekeeping Power Supply—
on Output or Input Common?

In any new design, an initial major decision must be made as to
whether the housekeeping power supply with the PWM chip that
it powers should be located on output common, which in most cases
is DC-isolated from input common. The main switching power tran-
sistors are located on input common—one end of the rectified AC line
in off-line converters, or at one end of the DC prime power source in
battery-operated DC/DC converters.

To regulate the output voltage, a DC error amplifier must be located
on output common to sense output voltage, compare it to a reference
voltage, and produce an amplified error voltage. This error voltage
is the difference between the reference and a fraction of the output
voltage. The amplified error voltage is then used to control width of
the pulses that drive the main power transistor or transistors, which
are located on input common. A typical example of this is shown in
Figure 2.1.

Since output and input common are DC-isolated, and may be tens
or hundreds of volts apart, the width-modulated pulse cannot be DC-
coupled to the power transistor.

Thus if the error amplifier and pulse-width modulator are on out-
put common (usually in a PWM chip), the width-modulated pulse
is transferred across the output-input barrier, often by a pulse trans-
former. It is the function of the housekeeping supply, whose input
power comes from the prime power source at input common, to pro-
duce the usual 10 to 15 V for the 1 to 3 W of housekeeping power
referenced to output common.

Such a housekeeping supply is also often used when the PWM
chip is located on input common. Although power for the chip can
be derived from an auxiliary winding on the main transformer when
the main power transistor is being driven, if the drive is shut down,
(e.g., for overvoltage or overcurrent reasons), that power goes away
and it is no longer possible to energize remote indicators. Further, on
shutdown, as voltage from the auxiliary winding goes away, supply
voltage for the PWM chip decays. A race condition leading to excessive
pulse width can occur and may cause failures.

In general, it is far more reliable to have a housekeeping supply
that is always present, instead of deriving (“bootstrapping”) it from
an auxiliary winding on the main power transformer.

An alternative method of transmitting a measure of the output volt-
age across the output-input barrier is to width-modulate the power
transistor on input common via an optical coupler. This also re-
quires a housekeeping supply on input common if bootstrapping from
an auxiliary winding on the main power transformer is considered
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undesirable. Some schemes for implementing these housekeeping
supplies are discussed below.

6.6.2 Housekeeping Supply Alternatives

In an attempt to minimize the parts count of housekeeping supplies,
many designers have resorted to single- or two-transistor transformer
coupled, self-oscillating circuits. This saves the space and cost of a
PWM chip or a stable multivibrator for generating the required AC
drive frequency to some kind of a driven converter. Further, by using
a transformer coupled feedback oscillator, adding a separate winding
on the transformer provides output power referenced to any desired
DC voltage. The feedback from a collector to a base winding that
keeps the circuit oscillating also provides sufficient drive to deliver
the required power from the output winding.

Such self-oscillating housekeeping converters are very well covered
in Keith Billings’ handbook.'®

These self-oscillating converters appear at first glance to be very at-
tractive because of their simple circuits and low parts counts. Without
additional circuitry, most do not produce regulated DC output volt-
age and have various other shortcomings. Adding circuitry to regulate
the output and overcome any other shortcomings increases internal
dissipation, parts count, and complexity.

At some point it becomes debatable whether these self-oscillating
converters are a better choice than a conventional single-transistor,
low-power, low-component-count driven converter such as a flyback,
fed from its own PWM chip.

With the increasingly lower price of PWM chips, no need for an
output inductor, and regulating output voltage by sensing a slave
winding voltage on input common, the flyback is a viable alternative
to a self-oscillating circuit.

Nevertheless, two of the most frequently considered self-oscillating
types—the Royer and Jensen oscillating converters—are considered
below and compared to a simple flyback.

6.6.3 Specific Housekeeping Supply
Block Diagrams
Figures 6.19 to 6.21 show the block diagrams of three reasonable ap-

proaches to a housekeeping supply where the error amplifier and
pulse width modulator are in a PWM chip on output common.

6.6.3.1 Housekeeping Supply for AC Prime Power

Figure 6.19 shows the simplest and most frequently used scheme
when the prime power is AC. A small (usually 2- to 6-W) 50/60-Hz
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FIGURE 6.19 For an off-line converter, the simplest housekeeping supply is
a small (2-W) 60-Hz isolating transformer with its secondary generating a
rectified 15 V, referenced to output common. This is followed by an
inexpensive linear regulator (12-V output) that is referenced to output.

transformer is powered from the AC input and has its secondary ref-
erenced to output common. Such transformers are available from a
large number of manufacturers and have tapped primaries so that
they can be fed from either 115 or 220 V AC—either 50 or 60 Hz.

Typical sizes are 1.88 x 1.56 x 0.85 in for a 6VA unit or 1.88 x 1.56 x
0.65 in for a 2VA unit. They come with a large range of standard sec-
ondary voltages and usually have two secondaries that can be wired
in series for a full-wave center-tapped output rectifier or in parallel for
a bridge output rectifier. The secondary is rectified and filtered with
a capacitor input filter, and the rectified DC is returned to output or
input common as desired.

isolating pulse transformer

Linear Lo —e e

regulator [ ' ]
Simplest self-
oscillating

Vde DC/DC converter Mai
(Royer or . pfv‘fér
Jensen type) PWM chip transistor
Q1
T l
input ground % -__I_— Qutput ground </ nput ground

FIGURE 6.20 A housekeeping supply for DC input voltage. When AC
voltage is not present to provide a rectified DC at output common, a simple
magnetically coupled feedback oscillator fed from the DC at input common
is used as a DC/DC converter to provide output voltage to a PWM chip on
output common. The housekeeping supply output is proportional to the
input voltage. A regulator may be unnecessary if the main PWM chip can
tolerate £10% input voltage variation.
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FIGURE 6.21 A minimum-parts-count flyback as a housekeeping supply.
Although this approach may have more parts than Figure 6.20, it generates a
regulated output V2 without requiring any linear regulators, and at the 2- to
3-W power level, may require less input power than that shown in Figures
6.19 and 6.20.

The rectified DC will have the same tolerance as the AC input—
usually +10%. Since most PWM chips can accept DC inputs ranging
from 8 to 40V, it is not essential to regulate the output. But in general,
safer and more predictable performance results if the output is regu-
lated. Thus, the transformer secondary voltage frequently is chosen to
yield a rectified DC voltage of about 3 V above the desired regulated
DC voltage and an inexpensive integrated-circuit linear regulator in a
TO-220 package is added in series after the filter capacitor as shown in
Figure 6.19. The configuration is usually designed to yield a regulated
=+ 12-V output and achieves an efficiency of about 55% at 3-W output
at a 10% high-line input.

6.6.3.2 Oscillator-Type Housekeeping Supply for AC Prime Power

When the prime input power is DC, there is no AC voltage easily
available to produce a rectified DC at output common. Figure 6.20
shows a configuration often used in this case.l” A simple magnetically
coupled feedback oscillator fed from the DC input produces high-
frequency square-wave output in a secondary referenced to output
common.

The secondary is rectified and filtered with a capacitor input fil-
ter, and the resultant DC is returned to output common. Because
of the high-frequency square wave, the filter capacitor after sec-
ondary rectification is far smaller than for the 60-Hz rectifier-filter of
Figure 6.19.

The rectified DC output in such a scheme is most often proportional
to DC input voltage. Thus, if DC output voltage variation of about
+10% is acceptable, this is a very efficient and low-component-count
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scheme if an efficient oscillator is available. There are a number of
oscillator configurations that can achieve efficiencies of 75 to 80% at
an output power level of 3 W.1® One particularly useful oscillator, the
Royer circuit, will be discussed below.

If regulated DC output is required, the oscillator is preceded by an
integrated-circuit linear regulator as shown in Figure 6.20. Adding
the linear preregulator would drop the worst case total efficiency
down to about 44%, assuming a telephone industry supply where the
maximum DC input is 60 V and the linear preregulator drops that to
35 V—just below the minimum specification for a telephone industry
supply.

By replacing the linear regulator of Figure 6.20 with a simple buck
regulator at a small increase in parts count and cost, efficiency can be
brought up to 70 and possibly 75% at the 3-W output power level.

6.6.3.3 Flyback-Type Housekeeping Supplies for DC Prime Power

With the added cost and component count needed to produce regu-
lated DC in the scheme of Figure 6.20, simple self-oscillator schemes
begin to lose their attractiveness. Figure 6.21 shows a third alternative
for the housekeeping supply. It is a simply flyback driven from one of
the many inexpensive current PWM chips. It is powered from the DC
prime power at input common and a secondary winding W1 delivers
DC voltage referenced to output common.

In Figure 6.21, the PWM chip is powered via emitter-follower Q3
atinitial turn “on.” The Q3 output voltage is one base-emitter voltage
drop less than the 10-V zener diode Z1. The resulting 9-V output at the
(3 emitter is enough to power the PWM chip (U1) that commences
driving flyback transistor Q1 and delivers, via W1, output power to
the main PWM chip (U2) on output common.

As U1 is now powered via Q3, a bootstrap winding W¢ on the
flyback transformer starts generating output voltage. The number of
turns on Wy is chosen to produce about 12 V at filter capacitor C1,
which is higher than the 9 V at that point when it is being fed from
the Q3 emitter. With the emitter of Q3 at 12 V and its base at 10V, its
base is reversed-biased and it turns “off.” The auxiliary PWM chip on
input common now continues to be powered from Wy, and the main
PWM chip on output common continues to be powered via W1.

Resistor R2 is chosen small enough to deliver the current required
by U1 during the initial turn “on” interval. Dissipation in R2 is neg-
ligible as that interval lasts only a few tens of microseconds. Resistor
R1 carries current continuously but dissipates very little power as it
carries only the Q3 base current, which needs to be only about 1 mA
to supply the initial startup current of about 10 to 20 mA for U1.

The error amplifier in U1 senses its own bootstrapped supply volt-
age V1 and keeps it constant as a “master.” The output voltage V, from
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W1 is a “slave” and is also quite constant (within 1 to 2%) as slaves
track the master very well in a flyback topology.

6.6.4 Royer Oscillator Housekeeping

Supply—Basic Operation'”®
This configuration is shown in Figure 6.22a. It was one of the earliest
applications of transistors to power electronics and was conceived in
1955, only a few years after transistors were invented.!

It was used to generate square-wave AC and with rectification, as
a DC/DC converter up to a power level of a few hundred watts.
In its original form, it had two significant drawbacks that limited its
usefulness and in some cases made it unreliable, but with the addition
of three small changes and with more modern components, it has
become a valuable circuit at power levels as low as 10 W and up to
300 W.

The original basic Royer oscillator shown in Figure 6.22a works
as follows. It is a push-pull circuit with positive feedback from the
collectors to the base windings to keep it oscillating. The positive
feedback can be seen from the dots on the collector and base windings.

Assume that Q1 is “on” and is in saturation. The no-dot end of the
primary Ny is positive, and hence the no-dot end of the base winding
Np1 is also positive. Voltage across Ny is V4. (assuming negligible
Vee drop). Np1 delivers output current to the load via N;; and also
enough current to the Q1 base via Nj1 and R1 to keep Q1 “on” and in
saturation at the maximum current reflected into the primary by the
minimum R,.

The T1 transformer core is made of material with a square hystere-
sis loop, as seen in Figure 6.22b. Assume that when Q1 turned “on”
initially, the core was at point C on its hysteresis loop. With a voltage
Vie across Ny1, the rate of change of flux density in the core is given
by Faraday’s law as

dB _ Vdc x 1078

T NaA (6.20)

The core moves up the hysteresis loop from negative saturation — B
to positive saturation + B along the path CDE. The time required for
this is given by Eq. 6.20 as

T  dBNpA x 1078
2 Vic

_ 2B;Nyi A x 1078
Vdc

Tl =

(6.21)
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FIGURE 6.22 (a) Basic Royer oscillator. (b) Square hysteresis loop of T'1 core.
(c) Characteristic high current spikes at end of “on” time. These spikes are a
major drawback in Royer oscillators. As long as the core is on the vertical
part of its hysteresis loop, the positive feedback from N, to N, windings
keeps a transistor “on” and in saturation. When the core has moved to either
the top or the bottom of its hysteresis loop, coupling between the collector
and base windings immediately drops to zero as the core permeability in
such a square loop material is unity. The “on” transistor’s base voltage and
current drop to zero, and its collector voltage starts to rise. Some small
residual air coupling couples this rising collector voltage into the opposite
base, and by positive feedback, the opposite transistor turns “on.” In one half
period, the core moves along the path CDEF, then in the next half period
along the path FEGHBA.
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When the core has reached point E, it is saturated, its permeability
is close to unity, and coupling between the Q1 collector and base
windings suddenly drops to zero. The Q1 base current quickly drops
to zero and Q1 collector voltage starts rising.

A small residual air coupling from the dot end of N, to the dot end
of Ny starts turning Q2 “on.” As it commences turning “on,” positive
feedback from the N, to the Ny> winding speeds up the turn “on”
process until Q2 is fully “on.” When Q1 was “on,” the no-dot end of
N1 was positive and the core moved up the hysteresis loop. With Q2
“on,” the dot end of N2 is positive and the core is driven back down
the hysteresis loop along the path EGHBA.

It requires the same T /2 given by Eq. 6.21 to move back down the
hysteresis loop. The preceding cycles repeat and the circuit oscillates
at a frequency given by

P 1 Vg x 1078
T  4BsN,A

(6.22)

In Figure 6.22a, the function of resistor R3 is to start the circuit
oscillating. When Vy. is first applied, neither Q1 nor Q2 is “on” and
the above cycles cannot commence. Current from Vg, flows down
through R3 to the base windings center tap, the half base windings,
the base resistor, and then the bases, and the cycle can now start.

In general, the transistor with the highest gain will be the one to turn
“on” first. Once the circuit is oscillating, base current flows from the
base winding, through its base resistor, its base, out of the transistor
emitter, through D1, and back into the base winding center tap.

The circuit of Figure 6.22a shows only one of many possible base
drive configurations. The base resistors shown serve to limit base cur-
rent that may be excessive at high temperature and cause long tran-
sistor storage delay. Collector current may be limited with emitter
resistors. Baker clamps (to be discussed in a later chapter on bipolar
base drives) may be used to make the circuit less sensitive to load
changes, production spread in transistor gain, and temperature.

6.6.4.1 Royer Oscillator Drawbacks'’

The basic Royer oscillator has two major drawbacks, but these can be
corrected by quite simple means. The effect of the first drawback can
be seen in Figure 6.22¢ as an ultra-high-current spike at the end of a
transistor “on” time. This spike may last only 1 to 2 ps but may be
three to five times the current prior to the spike.

The spike occurs at a collector voltage about equal to the supply
voltage and thus adds significantly to the transistor dissipation. Since
it comes at simultaneously high current and voltage, it may exceed the
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safe operating area (SOA) boundary and cause failure by “secondary
breakdown” even if the average dissipation is low.

The spike is inherent to the very nature of the Royer oscillator, and it
canbe explained as follows. During the time—say—Q1is “on,” Q2 has
areverse bias and isheld “off” (observe the dots at the base windings).
When the core has moved up—say, to the top of its hysteresis loop—it
saturates, the windings can no longer support voltage, and the Q1
collector voltage rises.

However, its base voltage does not immediately go negative to
turn “off” collector current. It goes negative only after the stored base
charges drain away and Q2 has turned “on” sufficiently to produce
a solidly negative voltage at the no-dot end of N,» and hence at the
no-dot end of Ny1. During this delay between core saturation at the
end of one “on” time and the flopover to the opposite transistor turn
“on,” the “off”-turning transistor operates with high collector voltage
and a high-current spike and may fail.

The second drawback is really a partial cause of the first. It is the
long delay between core saturation on one side and turn “on” of the
opposite transistor. During this delay, voltage at the base of the “off”-
turning transistor hangs on at about 0.5 V, and drifts slowly negative
before being pulled down abruptly by the opposite transistor turning
solidly “on.”

While the “off”-turning base is drifting slowly down from the 0.5-V
level, the transistor is still partially “on” at a high collector-to-emitter
voltage. While the base hangs on thus, the partially “on” transistor will
often oscillate at a very high frequency. This can easily be corrected
with small capacitors—empirically chosen between 100 and 500 pF—
cross-coupled from the collectors to the opposite bases.

There is a further drawback in that the oscillator square-wave fre-
quency is directly proportional to supply voltage (Eq. 6.22). There
are many systems-related objections to a variable-frequency switch-
ing power supply. They all relate to the fact that any RFI generated
will cover a wider and more continuous frequency spectrum with a
variable frequency, as opposed to a fixed-frequency switching power
supply.

Figure 6.23 shows the schematic and critical waveforms for a typical
Royer oscillator DC/DC converter for 2.4-W output operating from
38 V DC—the minimum specified input for a telephone industry
power supply.

The Royer oscillator is clearly low in parts count, but the waveform
on the bottom-right of Figure 6.23 shows the aforementioned spikes
at the end of turn “on” and also in this case at the start of turn “on.”
Collector voltages are shown in the waveform on the left. The low
efficiency of only 50.6% is a consequence of the dissipation due to the
current spikes at turn “on” and turn “off.”
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FIGURE 6.23 A typical Royer oscillator using a square hysteresis loop core,
frequently used as a low-power “housekeeping supply” to power a PWM
chip on output common, with its own power derived from the power source
on input common. The high-current spikes at the end of “on” time and often
at start of turn “on” make it unreliable and undesirable despite its low parts

count.
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6.6.4.2 Current-Fed Royer Oscillator'®

By simply adding an inductor in series with Royer transformer center
tap, the aforementioned current spikes at turn “off” and turn “on” are
eliminated and efficiency is greatly increased.

The addition of the series inductor makes the circuit constant-
current-fed as opposed to voltage-fed, and achieves all the advantages
of current-fed topologies discussed in Section 5.6. The series inductor
helps in the following way. When the core has saturated on one side,
the associated transistor commences having a large current spike with
a large di/dt. Since the current in an inductor cannot change instan-
taneously, the voltage at the transformer center tap drops down to
common and the collector current is limited to the value it had just
prior to core saturation.

The start current from R3 turns “on” the opposite transistor and
both transistors are “on” simultaneously for at least the duration of
the storage time in the “off”-turning transistor. This transistor turns
“off” at zero collector-to-emitter voltage—the condition for minimum
transient turn “off” dissipation (Section 2.2.12.1). The “on”-turning
transistor turns “on” at zero collector-to-emitter voltage, which also
minimizes transient turn “on” losses.

The benefits of this current-fed Royer can be seen in Figure 6.24.
There the Royer circuit of Figure 6.23 was fed from an adjustable
voltage power supply through a series 630-uH inductor (50 turns on
a 1408-3C8 ferrite core with a total 2-mil air gap).

The transistor currents shown in Figure 6.24 show no sign of an end
of “on”-time spike. The numerical data of Figure 6.24 are summarized
in Table 6.2.

It is seen from Table 6.2 that efficiency averages about 71% with a
constant load over the 38- to 60-V range of telephone industry speci-
fications for power supplies. This compares favorably with the 50.6%
efficiency for the same Royer and 49.8-Q2 load resistor, but without the
series input inductor (Figure 6.23).

The voltage drop down to zero at the transformer center tap due to
the input inductor is clearly seen in Figures 6.24 and 6.25.

If output voltage variations of 11 to 18 V for input changes of 38
to 60 V were acceptable, the unregulated, current-fed Royer DC/DC
converter would be a good choice because of its very low parts count.

6.6.4.3 Buck Preregulated Current-Fed Royer Converter

In many applications, regulated output voltage is required. Output
voltage regulation can be achieved with very little more complexity
and cost by preceding the Royer with a buck regulator as in Figures
6.26 and 6.27. Since buck regulators can quite easily be built with effi-
ciencies of 90%, total efficiency does not suffer too much even though
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FIGURE 6.24 Waveform in a current-fed Royer oscillator. By adding an
inductor in series between V. and the transformer center tap, the
high-current spikes at the start and end of the transistor “on” time

(Figure 6.22c) are eliminated and efficiency improves greatly. This occurs
because the center tap voltage drops to zero when both transistors are
simultaneously “on” for a brief instant at each transition. Waveforms are for
the circuit of Figure 6.22a with an inductor of 630 uH in series with V. at 38,

50, and 60 V.
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Efficiency,
Vdc(in)r A% Idc(in)/ mA Pil'll W Voutr A% Rg, Q Poutl W Y%
38.0 96 3.65 1124 | 4938 2.54 69.6
50.0 127 6.37 15.05 | 49.8 4.55 714
60.0 151 9.03 18.08 | 49.8 6.56 727

TABLE 6.2

the power is handled twice—in the buck and in the Royer. Figure
6.27 shows the composite efficiency ranges from 57.9 to 69.5% over an
input voltage range of 38 to 60 V and an output power range of 2.3 to
5.7 W.

In Figure 6.27, the buck regulator loop senses the output of the buck
itself, keeping it constant and running the Royer open loop. This is
often good enough, since the Royer output voltage is constant for
constant input voltage and has quite good open-loop load regulation.

V=50V V,=1504V

lu=1255mA R ,=4970Q

P, =628W | ,=303mA
P,=4.55W
Efficiency = 72.5%

Vg, 50 V or 178 mA, 5 us/cm

Vg 5V or 178 mA, 5 pus/em

V(T1 center tap) 50 V, 5 pus/cm

V(R2) 5V or 178 mA, 5 us/cm

FIGURE 6.25 (a) Voltage across the emitter resistors in Figure 6.22 with a
1630 uH inductor in series with T1 center tap. (b) Circuit as in Figure 6.24,
showing T1 center tap voltage dropping to zero at each transmission.
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FIGURE 6.26 A buck regulator driving a current-fed Royer DC/DC
converter for constant V, load. Feedback can be taken from the buck
output, with the Royer DC/DC-converter operated open loop. This yields
regulation of better than 0.5% with an input change from 38 to 60 V, but
load regulation of only +5%. For better load regulation, feedback is taken
from the bootstrapped slave output, which is referenced to input common
as shown.

In Figure 6.27 it is seen that output voltage change over the above-
mentioned line and load changes was only from 9.79 to 10.74 V—
adequate for a housekeeping power supply.

If better load regulation is desired, the error amplifier in the buck can
sense a bootstrapped slave secondary off the main power transformer
as described in Section 6.6.3.3 and Figure 6.21.

The circuit details for the data of Figure 6.27 are shown in Figure
6.26.

6.6.4.4 Square Hysteresis Loop Materials for Royer Oscillators

The transformer core for a Royer oscillator must have a square hys-
teresis loop. If the loop is not square, turn “on” flipover from one
transistor to the other will be sluggish, and in the worst case may not
occur.

The “on” transistor may push the core to the top of the hysteresis
loop and hang up there, delivering sufficient base drive to keep itself
“on,” yet not turning the opposite transistor “on.” If this occurs, the
partially “on” transistor will fail in a few tens of microseconds.

Most ferrite core materials do not have a sufficiently square hys-
teresis loop, but there are various other materials that do. The earliest
material was an alloy of 79% nickel, 17% iron, and 4% molybdenum
available from a number of manufacturers under various trade names.
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All photos- 50 V 10 ps/em

Photo 1
V,=380V,R =497 0

Photo 3

V, =380V,R, = 1680

Photo 2
V=599V R,=49.70Q

Photo 4

Vv, =59.9V,R,=16.8Q

o4 A
Ty " R,
Buck regulator —_
Q|
Vi w353V Va4 E
—ﬁ_
9 9
v Photo | V., V|1, mA|P_ W|V_ VR, Q|l,mA| P, W] Efficiency, % | =
1 38.0 9B.0 | 3.72 [ 10.74 | 49.7 | 2161 | 2.32 62.4
2 |s59.9 67.4 | 4.04 |10.78 | 49.7 |216.9 | 2.34 57.9
3 |30 | 216 | 821 | 979|168 | 5827 | 571 69.5
4 |59.9 | 146 |875 | 9.82 | 168 |584.5 | 5.74 65.6

FIGURE 6.27 Waveforms and data on the current-fed Royer of Figure 6.26
driven from a buck regulator. Feedback is from the buck output.
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Magnetics Inc. has probably the largest selection of standard core sizes
made from its material called Square Permalloy 80. Other manufac-
turers’ trade names for roughly the same material are 4-79 Permalloy,
Square Mu 79, and Square Permalloy. The material has a saturation
flux density ranging between 6600 and 8200 G.

The material is produced in a thin tape, wound into a toroidal core,
and then encased in aluminum or a nonmetallic case. The tape is
available in 1- or 15-mil thickness. Core losses increase rapidly with
frequency, and just as with power transformers, in which higher fre-
quencies require thinner laminations to minimize losses, the 1/4-mil
tape cores should be used beyond 50 kHz. Beyond 100 kHz, losses in
even the 15-mil cores become prohibitive.

In the 1980s, “amorphous” magnetic material with low losses at
high frequencies for flux swings between + B; and — Bs became avail-
able. It permits building Royer oscillators of up to 200 kHz with ac-
ceptably low losses and core temperature rise.

After Pressman Be careful when designing single transformer Royer
self-oscillating circuits using the very square loop “amorphous” magnetic
material. Oscillation requires flyback action from the core and some of these
materials have a flux remnants value (Br) very near the saturation value, so
the core will latch in the saturated state and will not oscillate. ~K.B.

Amorphous cores are manufactured in the United States under the
trade name Metglas by Allied Corporation and Magnetics Inc., and by
Toshiba under the trade name Amorphous-MB. These core materials
have saturation flux densities ranging between 5700 and 6200 G.

Since they are made of thin tapes, all of these square-loop cores
have relatively low iron area compared to ferrite cores. Thus at the
same frequency, they require more turns than would a ferrite core, if
a square-loop ferrite core were available.

However, the number of turns for a Royer is no problem with the
small-area tape-wound cores, as can be seen from Eq. 6.22, which
shows that the required number of turns is inversely proportional to
saturation flux density, frequency, and iron area. Although the iron
area of the tape-wound cores is small, their saturation flux density
is close to twice that of any available square hysteresis loop ferrite.
Since Royers with tape-wound cores can be built at 50 to 200 kHz
where fewer turns are necessary, there is no problem with excessive
turns.

Nevertheless, if a ferrite core is desired because of its larger iron
area, there are a few sources of a square hysteresis loop ferrite core.
One such is material Type 83 from the Fair-rite Corporation (Wallkill,
New York). It has a saturation flux density of 4000 G, but its losses
operating at 4000 G are sufficiently high that the maximum operating
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Saturation flux | Core losses* | W/cm®
Core material density, G 50 kHz 100 kHz
Toshiba MB 6000 0.49 1.54
Metglas 2714A 6000 0.62 1.72
Square Permalloy 80 (1 mil) 7800 0.98 2.26
Square Permalloy 80 (1 mil) 7800 42 9.6
Fair-rite Type 83 4000 4.0f 30.0

*For flux excursions between positive and negative saturation
1 W/cmd at 25 kHz

TABLE 6.3

frequency is 50 kHz. Available square hysteresis core materials are
listed in Table 6.3.

It should be noted that most of these tape-wound cores have rela-
tively small radiating surface area and hence high thermal resistance
(in the range of 40 to 100°C/W). Unless bound to a heat sink, total
losses should be kept under 1 W.

Hysteresis loops for the above materials are shown in Figure 6.28.

6.6.4.5 Future Potential for Current-Fed Royer
and Buck Preregulated Current-Fed Royer

It may seem surprising in a text on modern power supply design
to devote much space to the Royer circuit, which was cast aside 30
years ago, but the Royer, operated in the current-fed mode, with small
collector-to-opposite-base flipover capacitors, and with the new low-
loss amorphous cores, is very attractive in many applications.

If line regulation is not required, it is extremely low in parts count
(Figures 6.23 and 6.24). Its major fields of application are where
prime input is low-voltage DC—e.g., 48 V for telephone industry
supplies, 28 V for aircraft supplies, and 12 or 24 V for automotive
supplies.

With the new available cores, they can generate up to 200 or possibly
300 W. Since they require no output inductors, they can easily generate
high voltage—with a multi-turn secondary or an output voltage mul-
tiplier. If regulated output voltage is required, they can be preceded
by a high efficiency buck regulator (Figures 6.26 and 6.27).

It appears at this writing that in the coming years, there will
be widespread renewed interest in the current-fed Royer oscillator
DC/DC converter.
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FIGURE 6.28 A low-power flyback housekeeping power supply with
isolated output V.

6.6.5 Minimum-Parts-Count Flyback

as a Housekeeping Supply
The low-power flyback scheme of Figure 6.21 as a housekeeping sup-
ply is detailed in Figure 6.28.

The circuit was designed as discontinuous-mode flyback from the
design relations presented in Chapter 4. It was designed for 6 W of out-
put power at a switching frequency of 50 kHz from a supply voltage
of 38 to 60 V—the usual range for a telephone industry power supply.
The circuit as is can easily deliver twice the output power without
overstressing any components. Beyond 6 W at less than 38 V input, it
will enter the continuous mode and oscillate unless the feedback loop
is changed (Section 4.3).

In Figure 6.28, the regulated output is a master secondary Vom re-
ferred to input common. The housekeeping output V, is a slave re-
turned to output common where it can drive the PWM chip for the
main power supply. As discussed in Section 4.2, because flybacks have
no output inductors, slaves track the master very closely. Thus regu-
lating Vom on input common keeps V, on output common sufficiently
constant for a housekeeping supply.

In Figure 6.28, Q1 supplies voltage to the PWM chip during startup.
After the supply is up and delivering its output voltages, Vom takes
over and supplies the chip via diode D4. The voltage at the D4 cathode
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is about 11 V. Since the base of Q1 is kept at 9.1 V by Z1, it is biased
“off” as soon as its emitter rises to about 9 V via D4.

Significant waveforms and performance data for the circuit are
shown in Figure 6.294, 6.29b, and 6.29¢ for input voltages of 38, 50, and
60 V, respectively. Efficiencies are about 70%. This is not spectacular,
and no effort has been made to optimize circuit efficiency.

It was intended here only to show the significant classic waveforms
of an actual operating, discontinuous-mode flyback. Figure 6.29a, for

V., (Q2) 50 V, 5 psfem

1, (Q2) 500 mA, 5 psiem

h 1{N,,) 2 A, 5 usicm
V, =38V

MNote no dead time from end of
off time to start of next on
time; operation is just at end
of discontinuous mode

V., (Q2) 50V, 5 psfem

I, (Q2) 500 mA, 5 ps/om

1(N,,) 2 A, 5 psfem

V., (Q2) 50 V, 5 usfem

I, (Q2) 500 mA, 5 ps/om

1(N,,) 2 A, 5 psfem

V=60V

FIGURE 6.29 Significant waveforms for low-power flyback of Figure 6.28.
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a DC input voltage of 38 V, shows the circuit to be just at the threshold
of discontinuous mode (Section 4.4.1 and Figure 4.8). Primary current
starts ramping up with no dead time the instant after the previous
secondary current has ramped down to zero. Figure 6.29b and 6.29¢
show the same waveforms at 50 and 60 V, respectively, in which there
isnow a dead time between the instant secondary current has ramped
down to zero and the start of the next turn “on.”

The flyback has fewer components than the buck-current-fed Royer
of Figure 6.26, but it is seen in Figure 6.29 that at 6 W of output power,
peak secondary current for the flyback is 3 A. This compares unfa-
vorably to 0.36 A for the buck-current-fed Royer (Figure 6.25a). The
higher flyback secondary current can produce a greater RFI problem
that requires a larger output filter, and possibly a small LC filter after
the main filter capacitor to eliminate the output spike at the instant of
turn “off,” due to ESR in the main capacitor.

6.6.6 Buck Regulator with DC-Isolated
Output as a Housekeeping Supply

Figure 1.9 shows another possible inexpensive, low-parts-count
scheme for generating a DC-isolated power supply. It is described in
Section 1.3.8. Care must be taken in this scheme that the current drawn
from the secondary is not sufficient to cause the primary current to go
into the discontinuous mode, or regulation will suffer.
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7.1

CHAPTER7

Transformers and
Magnetic Design

Introduction

In Part 1, we considered the characteristics of most of the more fre-
quently used topologies in sufficient depth to allow us to make a
suitable choice of topologies that best meets the power supply speci-
fications. Frequently, the topology is selected to minimize the power
transistor’s off-voltage stress at high line and the pea